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PREFACE 



There have been many advances in communication circuits since the publica- 
tion of the first edition of this book. Yet most of the communication circuit funda- 
mentals remain intact. Amplifiers, oscillators, tuned circuits, transformers, mixers, 
and power amplifiers are still among the fundamental building blocks of communi- 
cation circuits. There is a shift toward the use of more broadband circuitry, but a few 
narrowband circuits are still required, particularly in oscillators. It is still not possi- 
ble to realize an inductor in an integrated circuit, and inductors remain a necessary 
component of many communication circuits. The many new integrated circuits 
have markedly expanded the frequency range over which the material in this book 
is applicable. "While the approach of file first edition has not changed, the second 
edition incorporates changes suggested by the advances in technology as well the 
tremendous improvements in, and availability of, computer simulation, particularly 
SPICE. Computer projects have been added to every chapter. 

This book presents fundamental analysis and design techniques for modem 
communication circuits covering the frequency range up to several hundred mega- 
hertz. The coverage reflects the practice of modem communication systems design 
to use integrated circuits, to minimize tuning operations by using broadband cir- 
cuits, and to use more field-effect transistors in high-frequency circuits. Much of the 
information presented here appears in book form for the first time. Some of it is 
original, much of it has been gathered from a diverse literature on communication 
electronics, and some has been adapted from early publications on vacuum-tube 
electronics. Practical approximations are emphasized rather than theoretical deriva- 
tions based on complex circuit models. The approximations provide more insight 
into the design process than do lengthy derivations. Computer simulation is fre- 
quently used to establish the accuracy of the approximations. 

The ‘book is intended for use as a textbook in senior-level and beginning 
graduate-level courses in electrical engineering and as a reference book for practi- 
cing engineers. It is assumed that the reader has the basic background in linear tran- 
sistor circuit theory obtained from a junior-level electrical engineering course, but 
not necessarily in the subjects which are becoming restricted to specialized courses 
in high-frequency electronics, such as tuned-circuit analysis. Chapter 2 presents a 
review of the necessary electronic circuit background. 

A characteristic of almost all realistic communication circuits is that they are 
too complex for a complete analysis, and approximations must be made. The 
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judicious use of approximations is also required in the design process. A goal of 
this book is to illustrate many of the approximations convenient and effective 
for the analysis and design of communication circuits. The circuit models are 
often incomplete, but more accurate and complex models are usually best treated 
with computer-aided analysis methods available to most electrical engineering stu- 
dents and electrical engineers. Computer-aided analysis is frequently used in the 
examples. 

Most, if not all, communication circuits are available as integrated circuits, but 
there are several reasons why designers must still be familiar with the discrete cir- 
cuit techniques. First, there are many communication systems that cannot yet be 
realized in integrated-circuit form, because circuit flexibility is compromised and an 
inductor-capacitor tuned circuit cannot be fabricated on a chip. Second, the perfor- 
mance of discrete communication circuits is superior. It is necessary for the com- 
munication circuit designer to consider the tradeoffs among size, cost, output 
power, power consumption, noise, and distortion. Third, even when integrated cir- 
cuits are used, a basic understanding of communication circuitry is required. Also, 
monolithic power amplifiers create many additional problems, which result in the 
complete amplifier’s occupying more space than would be required of a discrete 
power amplifier. This book incorporates the impact that integrated circuits are hav- 
ing on the design of communication systems. Two chapters are devoted to the 
phase-locked loop. The importance of this device in modem systems is largely due 
to its realization as an integrated circuit. Phase-locked loop applications are dis- 
cussed in Chap. 8, and the analysis of phase-locked loops is presented in detail in 
Chap. 9. 

It is not possible to completely cover a subject as broad as communication elec- 
tronics in a single text. Much of the methodology presented here is applicable to 
communication systems in all frequency ranges, but distributed-parameter circuit 
analysis techniques, not covered in this book, are usually more accurate at frequen- 
cies above 100 MHz. Digital circuits are playing an increasingly important role in 
communication systems. Many applications of digital circuits are described in this 
text, but conventional logic circuits are not considered, as the subject is well cov- 
ered in many texts. 

Chapter 1 presents an introduction to communication circuits and discusses 
recent trends in receiver design. Chapter 2 reviews linear small-signal analysis of 
bipolar and fieldxeffect transistor amplifiers. Operational amplifiers are included, 
since there are now devices available with gain-bandwidth products sufficiently 
largq that they can be used in high-frequency communication circuits. Chapter 3 
defines the noise and distortion specifications used to describe communication sys- 
tems. The fundamentals of low-noise amplifier design are included in this chapter. 
The simple parallel and series tuned circuits still so important in modem communi- 
cation systems are discussed in Chap. 4. Methods for analyzing the high-frequency 
performance of transistor amplifiers are given in Chap. 5, together with models for 
automatic gain control systems. The transformers, which are widely used in modem 
communication systems, are discussed in Chap. 6. The transmission-line trans- 
former is still a suitable lumped impedance-matching network for the realization of 
untuned, broadband, interstage, and output-matching networks. Chapter 7 contains 
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an in-depth treatment of the analysis and design of high-performance transistor 
oscillator circuits, including crystal and voltage-controlled oscillators. Chapter 8 is 
devoted to applications of the phase-locked loop, and Chap. 9 to its analysis. The 
phase-locked loop is one of the most versatile and widely applied circuits in com- 
munication systems. Its availability as an inexpensive integrated circuit implies 
that it will continue to find application in virtually all communication systems. Inte- 
grated circuits have also resulted in the design of frequency synthesizers, which 
have altered the design of most new communication systems using frequency tun- 
ing. The frequency synthesizer has also allowed the practical implementation of 
modem communication techniques such as frequency hopping. Chapter 10 provides 
a detailed treatment of frequency synthesizers. Methods for frequency shifting, 
modulation, and demodulation are discussed in Chap. 11, including methods for 
frequency- and phase-shift keying and other methods for handling digital signals. 
Chapter 12 discusses the design and analysis of power amplifiers and includes 
several curves useful for the design of class C power amplifiers. 

The book contains enough material for a two-semester course, provided it is 
supplemented with articles from the current literature. Chapters 1, 3 through 8, and 
10 have been used for a one-semester course at the University of Florida. Each 
chapter contains problems that emphasize particular points; several chapters in- 
clude problems that extend the material covered. Component and integrated spec- 
ification sheets contained in the appendixes are used in some of the problems. 

The writing of the first edition of this book resulted from many discussions with 
my friend Dr. Ulrich Rohde, president of Compact Software. Rob Bruckner, now of 
Intel Corporation, assisted with the writing of this editipn. The suggestions, correc- 
tions, and circuit designs of my students have also markedly improved the quality 
of this book. 



Jack Smith 
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Introduction to Radio 
Communication Systems 



■ 1.1 

INTRODUCTION 

Communication systems transmit information from one place to another by means 
of electric energy. The frequency used for the information transmission varies from 
the very low frequencies used in direct telephone communication to optical fre- 
quencies, also used for telephone communication. This book describes the analysis 
and design of electronic circuits used in radio-frequency communication systems 
covering the frequency range up through several hundred megahertz. The actual 
frequency limit depends upon whether the circuit is realized with discrete compo- 
nents or as an integrated circuit. The material is directly applicable to many other 
systems, including television and spectrum analyzers where the design of low- 
noise, high frequency receivers is of paramount importance. For very high fre- 
quency circuits, different circuit models, particularly distributed-parameter circuits, 
are more accurate. Low-frequency circuitry is discussed, but the emphasis here is 
on the radio-frequency circuits. 

The following chapters treat the analysis and design of fundamental circuits of 
communication receivers and transmitters. Integrated circuits have simplified the 
system design, but the communication system designer still needs to be familiar 
with many circuit techniques arid the simplifying approximations which apply in 
this frequency rarige. The designer is often faced with a choice between using an 
integiated circuit (IC) or a discrete component version of the same circuit. The deci- 
sion is based on many factors, including cost, size, power consumption, noise, and 
distortion. Chapter 3 presents quantitative criteria for evaluating a circuit’s noise 
and distortion performance. The application of integrated circuits in a communica- 
tion system requires a knowledge of electronic circuit theory to properly interface 
the IC with the rest of the system. We will study the electronic circuits of the vari- 
ous subsystems, including oscillators, amplifiers, transformers, modulators, and 
demodulators, which make up a communication system. The mathematical analysis 
of the many modulation methods is not considered, as it is well described in the 
many good texts on communications theory. 
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m i.2 

NETWORK THEORY 



This section briefly reviews the concepts of network theory that are applied in the 
following chapters. The usual variables in an electronic circuit are the voltages and 
currents measured at various points in the circuit. The excitation and response can 
be described in the time domain, but determining the response in the time domain 
involves the solution of integrodifferential equations and rarely provides insight 
into the design process. For linear time-invariant systems, it is usually easier to 
obtain the system response using the Laplace transform. The Laplace transform of 
the time variable v(t) is 



V(s) = 




v(t)e st dt 



(U) 



where j has the dimensions of frequency and is known as the complex-frequency 
variable . A linear system transfer function H(s) is defined as 



H(s) = 



R(s) 

V(s) 



( 1 . 2 ) 



where R(s ) is the Laplace transform of the response to an excitation V(s). Linear 
circuit transfer functions can easily be obtained by interpreting an inductor as hav- 
ing a complex impedance sL and a capacitor as having a complex impedance 
(sC)~ l . The method is illustrated by the following example. 

example l.i. Determine the transfer function V 0 (s)/ V)(.r) of the circuit shown in 
Fig. 1.1. 

Solution. In this circuit the inductor has been modeled as a complex impedance s L and 
the capacitor as a complex impedance (s'C) -1 . By using the voltage-divider rule of cir- 
cuit analysis, we find that the transfer function H(s ) is 



H(s) = 



R 



_ VJy) _ R/(RsC + 1) 

V,(s) “ R/(/?5C+l)+rL ~~ s 2 RLC + sL + R 



(13) 



For simplicity, the excitation and response are often written as V Q and V h res- 
pectively, when there is no possibility of confusion. 

Another advantage of describing the system response by the linear transfer 
function H (s) is that the frequency response of the network can be obtained by set- 
ting jo). That is, if the linear system is stable and time-invariant and the exci- 
tation is a sinusoid, the steady-state response (after the transients have decayed to a 



sL 

o ''HRftP- 






FIGURE 1.1 
A low- pass filter. 
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negligible value) will also be a sinusoid of the same frequency. If 

Vi(t ) = V sintuf 



the steady-state response is 

r(t) — R sin (art + <p) 

V 

where \H(jco)\ = — and arg H(ja>) = <p 

R 



example 1 . 2 . Determine the frequency response of the network shown in Fig. 1.1 for 



L — 0.5 H, C = 2 F, and R = 1 Q. 

Solution. The frequency response is obtained by substituting s = jco in the transfer 
function. In this case, Eq. (1.3) becomes 

HUa>) = [(ja>) 2 + 0.5 jco+l]-' 



The magnitude of the response is the frequency-dependent function 

-l 



I H(ja>)\ = 



( 1 — ¥ + (!) 



T 1/2 



and the phase shift is also frequency-dependent 



arg H(j(o) = — tan 



0.5o> 

1 —A) 2 



A linear transfer function without ideal delay elements will have the form 



H(s) = 



Ms) 

B(s) 



( 1 . 4 ) 



where A(j) and B(s) are polynomials in s. The zeros of A(j) are referred to as 
zeros of the transfer junction, and the zeros of B(s) are referred to as poles of the 
transfer function. The poles are the values of s for which the magnitude of the trans- 
fer function is infinite. In order for the transfer function to be stable, all the poles 
must lie in the left half of the s plane (the real part of the pole must be negative). The 
stability problem is considered in detail in Chap. 9. 

example 1.3. Calculate the poles and zeros of the transfer function given in 
Example 1.2: 

H(s) = (s 2 + 0.5s + I)" 1 



Solution. The transfer function has no finite zeros. Since the order of the denominator 
polynomial is 2 higher than that of the numerator, the transfer function has two zeros at 
infinity. The poles 



si , $2 = —0.25 ± 



.(3.75) 1 ' 2 



are located in the left half -plane. The real part of each pole is —0.25 , and the imaginary 
parts are ±y(3.75) 1/2 /2. 
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■ 1.3 

MODULATION 

For a signal to contain information, some feature of the signal must be varied in 
accordance with the information to be transmitted. Early radio communications 
conveyed information by the presence, or absence, of the signal. This method was 
soon surpassed by amplitude modulation of the radio wave by an audio signal. The 
amplitude modulation process provides a means of transmitting voice communica- 
tions, and its development led to the rapid establishment of the radio broadcasting 
industry. 

Angle modulation is another method of transmitting information widely used in 
high-frequency communication systems. An angle-modulated signal is described by 
the equation 

S(t) = A sin(<w 0 r -f 4>) 

The amplitude remains constant, and the angle <f> is varied in response to the mod- 
ulating signal. Both phase and frequency modulation can be used. One function of 
the receiver is to recover (demodulate) the original from the modulated signal. The 
circuitry for implementing the various types of modulation and demodulation is 
described in greater detail in Chap. 12. Today digital modulation techniques are 
being more frequently employed, particularly in satellite and telephone communi- 
cation systems. Digital modulation implies that a parameter of the signal is varied 
in response to a digital signal. Amplitude, phase, or frequency modulation can be 
varied in response to a digital signal. That is, digital-modulation is an extension of 
one or more of the conventional amplitude or angle modulation methods. 

Figure 1.2 illustrates a simplified block diagram of a digital single-channel-per- 
carrier (SCPC) satellite communications channel. Each voice channel is sampled 
and then converted to a digitally encoded signal that modulates a low-frequency 
(baseband) carrier signal. The modulated signal uses a different carrier frequency 
sufficiently separated so that the signals can be combined without frequency over- 
lay. This process is known as frequency multiplexing. The frequency-multiplexed 
signal is shifted up in frequency by mixing with a local oscillator signal, then ampli- 
fied and transmitted. The transmission Channel contains several voice channels. 
This illustration is only one of many possible methods of simultaneously transmit- 
ting several data channels. It is the function of the receiver to recover the original 
voice channels from the received signal. 

r 

■ 1.4 

RECEIVERS 

The modulated signal is transmitted to a receiver where the signal is amplified and 
the information extracted. It is usually the case that many different signals are 
simultaneously present at the receiver input, and it is necessary for the receiver 
to be able to select the desired signal. This selection is made on the basis of the 
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A satellite communications channel. 
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FIGURE 1.3 

Schematic diagram of an 
early regenerative receiver. 



frequency of the incident signals — the receiver’s ability to discriminate between 
signals of different frequencies is called receiver selectivity. Other functions of the 
receiver are to detect (demodulate) the information contained in the signal and per- 
haps to reconstruct and amplify the original waveform. Receivers vary in kind from 
telephone, radio, television, radar, and navigation to satellite communications 
models. The complexity of each type varies with the complexity of the transmitted 
signal, the frequency of operation, and the number and amplitude of the unwanted 
signals in the same frequency band. All receivers have the common problems of 
selectivity, rejecting input noise, and detecting the desired signal. 

The name “radio” originated around 1910 to distinguish receivers that received 
voice transmission from the earlier receivers which received only code (pulse 
transmission). The first receivers did not have the capability of signal amplifica- 
tion, but this deficiency was soon overcome with the Invention of the vacuum tube 
(triode). The first vacuum-tube circuits did not provide much gain, but E. H. Arm- 
strong soon invented the “regenerative receiver,” which used positive feedback 
from the output to the input. A simplified schematic of a regenerative receiver is 
illustrated in Fig. 1.3. A vacuum tube in the circuit serves as both an amplifier and 
a detector. A demodulator which recovers (detects) the modulating signal is known 
as a detector. The ac output signal is fed back in phase with the input signal 
(regenerated), increasing the loop gain. The regenerative receiver was probably 
the first application of electronic feedback; it quickly led to the invention of the 
electronic oscillator, since the circuit was susceptible to oscillations. The electron- 
ic oscillator greatly improved transmitter design. 

The regenerative receiver was soon replaced by the tuned radio-frequency 
(TRF) receiver. A block diagram of a typical TRF receiver is illustrated in Fig. 1.4; 
it consists of three tuned RF amplifiers in cascade followed by a detector and power 
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FIGURE 1.4 

Block diagram of an early tuned radio-frequency receiver. 
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amplifier. This receiver was hard to operate because of the difficulty of tuning all the 
RF amplifiers to the same frequency. The TRF receiver became obsolete with the 
invention of the superheterodyne receiver by E. H. Armstrong. The “superhet” elim- 
inates the need for tuning all the RF amplifiers to the frequency of the input signal 
by shifting the input signal frequency to that of the fixed frequency of the receiver 
filter. It is possible to build fixed-frequency filters and amplifiers that are far superi- 
or to variable-frequency filters. The superheterodyne principle is still used in virtu- 
ally all receivers. It consists of multiplying, or beating (heterodyne is from the 
Greek heteros, “other,” and dynamis, “force”), the input signal with a signal gener- 
ated in the local oscillator. If a sine wave of frequency u> c is multiplied by a sine 
wave of frequency a> Ly the resultant signal consists of the sinusoids of frequencies 
(D c ± a) L . That is, 

cos ( o) c — a> L )t — cos (co c + COi)t 
sin c o c t sin co L t = 

A simplified block diagram of a superheterodyne receiver is shown in Fig. 1.5. In 
this type of receiver, the incoming signal is converted to an intermediate frequency 
by the first local oscillator and then is reduced to a low-frequency signal by the sec- 
ond mixer and low-pass filter. If the input signal consists of a carrier f c and an audio 
component f a and the first local oscillator frequency is f 0 , the output of the first 
mixer consists of the two frequencies f c + f a + fo and fc + fa — fa- The local 
oscillator frequency f 0 is selected so that one of these frequencies is equal to the 
center frequency of the intermediate-frequency (IF) filter (/ if ). Since f a is usually 
much less than / c , for all practical purposes 

fo = I /if — fc I or f 0 = /if + f c 

in order that the mixer output frequency be at the center of the IF filter bandwidth. 

One advantage of this form of detection is that the same high-quality filter can 
be used for all input frequencies. The frequency selection is obtained by varying the 
local oscillator frequency f 0 . The IF filter output f w + f a is then reduced to f a in the 
second mixer, which mixes the IF output with the second oscillator frequency 
(which is fixed at / if ). A problem with this form of detection occurs when there are 
a large number of signals of different frequencies present at the input. Consider, for 




Local oscillator 



Baseband 



FIGURE 1.5 

A superheterodyne receiver. 
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example, the receiver designed to select the difference frequency at the output of the 
first mixer. That is, 

/if = I fo — fc I down conversion 
or /if = fo + f c up conversion. 

There exists another signal frequency /im, referred to as the image frequency, which 
when mixed with the local oscillator frequency f 0 will produce a signal at the IF fre- 
quency. If /if = I fo ~ fc I , then /i M = f 0 + /if, or 

fm = /if — fo = 2/if + fc 

exam pl e 1.4. Consider a receiver with the IF filter centered at 455 kHz. If it is desired 
to receive a 1-MHz input signal, the local oscillator is tuned to 1.455 MHz. Then an 
image frequency 

/im = /if + fo or /im = fo + 2/if = 1-91 MHz 
if present at the input, would also pass through the IF filter. 

There is no way to separate the desired signal from a signal at the image fre- 
quency after they have entered the mixer. The image frequency signal must be 
removed before it arrives at the mixer. This can be accomplished by adding an 
image suppression filter (called a preselector) before the mixer. For a receiver 
designed to cover a band of frequencies, the preselector must be tunable. Tunable 
filters tend to be complex and represent a significant portion of the cost of receiver 
construction. The majority of receivers do include a preselector. 

In Example 1.4, the filter center intermediate frequency was lower than the 
input signal frequency, and the input frequency was shifted down to the intermedi- 
ate frequency. The intermediate center frequency can also be selected above the 
input signal frequency (up conversion). The following example illustrates the ad- 
vantages of up conversion. 

example 1.5. Consider again the receiver that is designed to cover the frequency 
band of 1 to 30 MHz, but which uses an IF filter centered at 40 MHz. For an input 
signal frequency f s of 1 MHz, there are two local oscillator frequencies f 0 (41 and 
39 MHz) that will result in a mixer product at 40 MHz. If the local oscillator fre- 
quency is 41 MHz, the image frequency will be 81 MHz; and if the local oscillator 
frequency is 39 ,MHz, the image frequency will be 79 MHz. Table 1 . 1 lists the local 
oscillator frequency and corresponding image frequency for several input frequencies 
spanning the frequency band to be covered. Either set of local oscillator frequencies 

tl TABLE 1.1 

Local oscillator frequency and corresponding 
image frequency, MHz 



fs fo /lM f 0 flM 



1 


41 


81 


39 


79 


2 


42 


82 


38 


78 


10 


50 


90 


30 


70 


30 


70 


110 


10 


50 
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could be selected, but normally the first set, f 0 , would be used, since the ratio of the 
highest to the lowest frequency, 70 : 41 , is lower than that used for f' a , which is 39:10. 
In the design and construction of variable-frequency oscillators, the ratio of highest to 
lowest frequencies is an important factor (the lower the ratio, the simpler the design). 

One important feature of the up conversion technique is that all image frequen- 
cies lie above the frequency band to be covered. This implies that all image fre- 
quencies can be suppressed by adding a low-pass filter to the input (30-MHz band- 
width); a tunable bandpass filter is not needed with up conversion. Until recently it 
was not possible to use up conversion in this frequency range because high-quality 
bandpass filters were not readily available in the 30- to 50-MHz region; however, 
recent improvements in the manufacturing technology now provide for high- 
quality crystal filters in this frequency range. 

Another advantage of up conversion is that the oscillator-tuning ratio / max //min 
is less than that for down conversion. If a down conversion receiver with a 455-kHz 
IF is used to cover the same frequency band, the local oscillator frequency will need 
to vary from = 1.455 MHz to / max = 30.455 MHz, a tuning range of 20.93 : 1 . 



A Modern Communications Receiver 

A block diagram of the high-frequency section of a modem radio receiver is essen- 
tially the same as that of the superheterodyne receiver illustrated in Fig. 1.5, but the 
circuits differ from the earlier models. One difference is that up conversion is often 
used in high-quality receivers so that the input filter can remain a relatively simple 
low-pass filter that need not be tuned. Whether an amplifier is required before the 
mixer depends on the particular application and the receiver specifications. It will 
be shown in Chap. 3 that the absence of this amplifier can actually improve receiv- 
er performance in many applications. 

Modem receivers differ from older receivers in many ways. A main difference 
is the frequency synthesizer used to generate the frequencies needed from the 
variable-frequency oscillator. The frequency synthesizer is capable of generating a 
large number of relatively precise frequencies from a single reference frequency. 
Although the receiver does contain at leasttwo oscillators, it has less frequency drift 
and noise than the older, conventional variable-frequency oscillators. Today the out- 
put frequency of frequency synthesizers can be precisely controlled using digital 
circuitry. This makes possible the microprocessor control of radio receivers and 
spectrum analyzers. Frequency synthesizers are described in detail in Chap. 10. 
Since most synthesizers now incorporate a phase-locked loop, a thorough under- 
standing of phase-locked loop characteristics is important for frequency synthesiz- 
er design. This information is presented in Chaps. 8 and 9. 



Direct Conversion Receivers 

An immediate extension of the superheterodyne receiver is the direct conversion 
receiver in which the IF section is eliminated by converting the input signal directly 
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Mixer 




Detector 



FIGURE 1.6 

A phase-coherent direct conversion receiver. 

to direct current baseband. Such a receiver is shown in Fig. 1.6. The local oscillator 
is set at the same frequency as the input carrier frequency. The mixer output then 
contains the baseband signal and a signal at twice the carrier frequency. The higher- 
frequency signal is then removed with a low-pass filter. An advantage of the direct 
conversion receiver is that it is much easier to build a low-pass filter than a narrow- 
band intermediate-frequency filter. Narrowband IF filters require more components 
and consume more power than do low-pass filters. The elimination of the interme- 
diate frequency results in the direct conversion receiver’s frequently being referred 
to as a zero IF or ZIFF receiver. One of the problems limiting the application of 
direct conversion receivers is local oscillator drift. And dc offsets are another prob- 
lem. A problem for direct conversion receivers is local oscillator leakage back into 
the input stage from which it again mixes with the local oscillator output, creating 
an erroneous dc output. These problems are being reduced with improvements in 
modem components, and the direct conversion receiver is finding application in 
many battery-operated systems. 

A major problem with the direct conversion method is created by the phase 
uncertainty © between the received signal and the local oscillator. (The phase dif- 
ference is known in coherent detection schemes, but this requires some means of 
alerting the receiver of this phase difference.) If a constant-amplitude signal is sent, 
the dc component at the mixer output will be K cos 0, where 9 is the phase differ- 
ence. This phase difference creates an error in the estimation of the input waveform 
amplitude. If the local oscillator is in phase synchronization with the input signal, 
the receiver is known. as a homodyne receiver. 

Figure 1.7 shows a modem direct conversion receiver used for the more com- 
mon application in which the local oscillator is not phase-synchronized to the 
input signal. The phase uncertainty problem is solved by using an in-phase and a 
quadrature channel created by using the local oscillator signal and the local oscil- 
lator signal shifted by 90°. The outputs of the two quadrature channels are then 
combined to recover the input signal (another problem). This topology is rather 
easily implemented in integrated circuits, and the ZIFF receiver is being used in 
many battery-operated applications, particularly those using some variant of digi- 
tal modulation such as QPSK. The integrated-circuit realization minimizes the 
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Preselector Mixer 




Mixer 



ZIFF Receiver 

FIGURE 1.7 

A modem direct conversion receiver. 

problems associated with amplitude and phase imbalances between the two re- 
ceiver sections. It is relatively easy to build such a phase shifter at a particular fre- 
quency, but most receivers must cover a band of frequencies. It is difficult to real- 
ize a 90° phase shifter over a wide bandwidth. An oscillator that does generate the 
in-phase and quadrature components of the oscillator signal is referred to as a 
quadrature oscillator. Quadrature oscillators are an important topic in contempo- 
rary receiver research and development. Any components of the ZIFF receiver, 
particularly the sections after the mixers, are easily implemented using a digital 
signal processor. A digital receiver usually refers not to a receiver of digital sig- 
nals, but to one in which a significant part of the reception and signal extraction is 
done digitally. 

There is no image frequency in the direct conversion receiver, and this is per- 
haps the major advantage of this receiver topology. AM receivers have an interme- 
diate frequency of 455 kHz; broadcast FM uses a frequency of 10.7 MHz. This 
intermediate frequency is selected so that the image frequencies lie outside the 
broadcast band; NTSC television uses a 43.5-MHz intermediate frequency, and 
analog cellular telephones use a 90-MHz intermediate frequency. 



An Integrated-Circuit FM Receiver 

Integrated-circuit technology has made it possible to design a radio with a minimum 
of external components. Figure 1.8 contains a simplified block diagram of the Sie- 
mans 5469, a high-frequency integrated circuit with a high level of system integra- 
tion for FM communication. This bipolar device contains a complete FM receiver 
for input frequencies up to 50 MHz. The device includes (1) an RF input amplifier. 
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FIGURE 1.8 

Block diagram of an integrated-circuit FM receiver. 



(2) an oscillator, (3) a mixer, (4) an intermediate-frequency (IF) amplifier and lim- 
iter, (5) a coincidence demodulator, and (6) audio-frequency (AF) amplifiers with 
mute and volume control. 

A complete FM system can be constructed with this one integrated circuit plus 
a crystal, a minimum of two inductors, and several resistors and capacitors used for 
frequency trimming and gain adjustment. The external resistors and capacitors pro- 
vide the circuit with additional flexibility. Although the resistors and capacitors 
could be included in the IC, an inductor-capacitor tuned circuit cannot be fabricat- 
ed in an IC chip; so a complete, self-contained IC receiver or transceiver (combined 
transceiver and receiver) is not possible with the current IC technology. 



m 1.5 

TRANSMITTERS 

The transmitter modulates the information to be communicated onto a carrier, 
amplifies the waveform to the desired power level, and delivers it to the transmit- 
ting antenna. The elements of a transmitter are illustrated in Fig. 1.9. The transmit- 
ter includes a radio-frequency oscillator that is modulated by the message signal. 
The modulated signal is then multiplied in frequency up to the desired transmitting 
frequency and is amplified to the desired power level in the power amplifier. The 
first radio transmitters worked by charging two electrodes separated by a gap. When 
the charge became sufficiently large, a spark was created across the gap and electric 
energy was radiated. However, the spark-gap transmitter was slow, and it was diffi- 
cult to accurately control the waveform and frequency of oscillation. The spark-gap 
transmitter became obsolete with the development of the electronic oscillator and 
vacuum tubes that could handle large amounts of power. 

The transmitter topology illustrated in Fig. 1.9 is only one of many types. The 
modulation can actually take place in the power amplifier. Transmitter topology 
depends on the type of modulation used and the necessary power level. Narrowband 
transmitters usually employ pulse, amplitude, or frequency modulation. Wideband 
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FIGURE 1.9 

Block diagram of a transmitter. 

transmitters use single-sided or multimode modulation and are used for long-range 
military, marine, aircraft, and amateur communications. Many transmitters and 
receiver circuits are similar; both require low-noise amplifiers and oscillators. 
Receivers are designed for the minimum detectable signal, while output power is 
of prime importance in the transmission of signals. The RF power amplifier is 
described in Chap. 11. 



■ 1.6 

PROBLEMS 

1.1 Determine the transfer function V„(s)/I(s) of the circuit shown in Fig. Pl.l. 




FIGURE Pl.l 

A bandpass filter. 



1.2 Calculate the poles and zeros of. the circuit in Fig. Pl.l for L = 1 H, C = 15 F, and 

r = i a ' . * 



1.3 A receiver is to be designed to cover the frequencies of 20 to 40 MHz using an IF filter 
centered at 10 MHz. Specify two different local oscillator frequencies for each input 
frequency, and determine the corresponding image frequency for each input frequency. 

1.4 Select the local oscillator frequencies and specify the preselector frequency response for 
an up conversion receiver covering the 2- to 30-MHz frequency range. The center fre- 
quency of the IF filter is 50 MHz. 

1.5 Figure PI. 5 illustrates a direct conversion receiver in which the input signal is con- 
verted directly to an audio signal. Specify the local oscillator frequencies and the 








14 



chapter 1: Introduction to Radio Communication Systems 



corresponding image frequencies for a direct conversion receiver covering the 2- to 
30-MHz range. 




To baseband 



FIGURE P1.5 

A direct conversion receiver. 



1.6 The double-conversion receiver in Fig. PI. 6 employs two IF filters. Specify the 
required local oscillator frequencies (/i and / 2 ) for a receiver covering the 2- to 
30-MHz range. The center frequency of the first IF filter is 50 MHz, and that of the 
second IF filter is 10 MHz. 



\ Amplifier IF filter /C~>S 

RfN- and -(XK * nd 

/ filter Vy amplifier VV 



Second 
IF filter 
and 

amplifier 



© © 



Local oscillator /| 



Local oscillator f 2 



Detector 



Baseband 



FIGURE PI. 6 



1.7 NTSC television uses a 4 1.25 -MHz intermediate frequency for the sound carrier and 
45.75 MHz fin; the picture carrier. The local oscillator operates at 45.75 MHz above 
the desired incoming picture frequency. The VHF band has channels 2 to 6 covering 
54 to 88 MHz and channels 7 to 13 covering 174 to 216 MHz. Determine the local 
^ dscillator frequency and image frequency for each VHF channel. The bandwidth of 
each channel is 6 MHz. 

*1.8 For the circuit shown in Fig. 1.1 plot the input impedance and voltage transfer func- 
tion as a function of frequency for L = 10 mH, C = 0.01 ixF, and R = 1 k£2. What 
is the circuit’s — 3-dB bandwidth? Determine the circuit’s rise time and peak over- 
shoot to a unit step input of voltage. 



♦Problems with an asterisk are intended for solution using computer simulation (SPICE or PSPICE). 
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Small-Signal Amplifiers 



■ 2.1 

INTRODUCTION 

Most amplifiers used in communications circuits can be considered small-signal 
amplifiers. These are amplifiers in which the input and output signals are sufficiently 
small so that the amplifier performance is described with linear equations. In this 
chapter we first discuss the low-frequency small-signal models for bipolar and field- 
effect transistor (FET) amplifiers. The hybrid - tt model is used to describe the 
bipolar transistor since it is the easiest to analyze. It will be shown that the same 
small-signal model can be used for the FET. (It will be shown in Chap. 5 that this 
model can be readily extended for the evaluation of high-frequency amplifier per- 
formance.) The importance of push-pull and operational amplifiers will be outlined 
here, as will the importance of the versatile differential amplifier used in the major- 
ity of linear integrated circuits. Operational-amplifier circuits will be discussed, and 
we will look at recent advances in integrated-circuit fabrication that have extended 
the gain-bandwidth product (a term defined in this chapter) of the operational ampli- 
fier to the extent that operational amplifiers now find many applications in high- 
frequency circuits. 



m 22 

s 

BIPOLAR TRANSISTOR AMPLIFIERS 
Equivalent Circuits 

In the hybrid - n low-frequency equivalent circuit for the bipolar transistor (Fig. 2.1), 
terminal b' represents the base junction and b, the base terminal. The resistor r' b 
connected between these two terminals is usually considered a constant in the range 
of 10 to 50ft. The resistor r n is the base-emitter junction resistance and is usually 
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FIGURE 2.1 

A small-signal, midfrequency equivalent-circuit model of a 
bipolar transistor. 



much larger than r' b . A useful estimate of r n is given by the expression 1 

kT ft 0.026ft 

r n = 7 “ — 7 

q *c *c 



( 2 . 1 ) 



where ft — transistor base-to-collector current gain 
I c = dc bias in collector 
q — charge on an electron 
k = Boltzmann’s constant 
T = the temperature 

At room temperature T = 290 K, and kT/q = 0.026 V. The base-emitter resis- 
tance r n is inversely proportional to the collector bias current. 

example 2 . 1 . A 2N3904 transistor has a current gain ft of 100 and is biased so that 
the quiescent collector current is KT 3 A. What is the transistor base-emitter resistance? 



Solution. From Eq. (2.1) 



^ 7 r 



0.026(100) 

ItF 3 



= 2600 Q 



The collector-to-emitter resistance r 0 and the collector-to-base resistance r u 
are also inversely proportional to the collector direct current. A typical value for r 0 
is 15 k£2. And r u is a large resistance, on the order of megohms, used to model 
basewidth modulation effects in the transistor. Here r u is assumed to be an open cir- 
cuit in all cases considered in this text. (It is of considerable importance in high- 
voltage-gain amplifiers with very large values of load impedance, but these appli- 
cations^ are not normally found in high-frequency circuits.) 

'fhe transistor transconductance g m is determined from the formula 



gm? n — ft 



( 2 . 2 ) 



or g m = % 40/c (2.3) 

kT 

The transconductance g m is directly proportional to the collector direct current. 

Although the circuit appears rather complicated, under most conditions the resis- 
tor r' b can also be neglected. The equivalent circuit is then as shown in Fig. 2.2. The 
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FIGURE 2.2 

A simplified small-signal, midfrequency equivalent-circuit 
model of a bipolar transistor. 



model now consists of three independent parameters g m , r n , and r 0 . And g m and r n 
are determined by the collector direct current and the current gain ft of the transistor. 



Common-Emitter Amplifier 



In order to analyze the small-signal behavior of a linear amplifier such as the 
common-emitter amplifier illustrated in Fig. 23a , the transistor is replaced by 
the small-signal model, and the complete equivalent circuit becomes as shown in 
Fig. 23b. If the coupling capacitor is assumed to be a short circuit, the base volt- 
age V is given by 



V = 



R 



Vi 



/? + /?. 

where R is the equivalent resistance of R u R 2 , and connected in parallel, or 

R i Rir* 



(2.4) 



R = — 

R\Rj +r„R\ + r n R 2 

The output voltage is given as 

-gm^LroV —g m RL r o RVi 



V 0 



r Q + Ri r Q -f- Ri R + R s 
and the midffequency voltage gain is given as 

, Vo gmRL r o R 
A v~T7 = 



(2.5) 



( 2 . 6 ) 



(2.7) 



Vi r 0 - j- R l R -{- R s 

The phase shift of. the’ midfrequency voltage gain of the common-emitter amplifier 
is 180°. The input impedance of the amplifier is by definition 

7 A Vi 

2 ‘ = A H ™ 



An increment of voltage is applied, and the change in input current is measured 
(assuming that all other independent sources remain constant) as shown in Fig. 2.4. 
In this figure, the source resistance is not included in determining the input imped- 
ance of the amplifier. For this circuit 



Zi = Ri = 



RiRi r Jt 

^1^2 + R\ r n *F R2^n 



(2.9) 




20 



chapter 2: Small-Signal Amplifiers 



Since r n depends on the bias direct current, the input impedance will depend on it 
also. The current gain is the load current I L divided by the input current, or 



h __ V q /R l R s + R t 
h ViKRi + Rs) ~ Rl 



( 2 . 10 ) 



The current gain from the base to the output is provided that r 0 » R L . The 
midfrequency current gain also has a 180° phase shift. 

Amplifier output impedance is determined by applying a voltage across the out- 
put terminals and measuring the change in the output current (with all other inde- 
pendent sources held constant). This is the Thevenin equivalent impedance seen by 
the load impedance: 



Z 0 = 



A Vo 

A l 0 



The load resistance is usually excluded from the definition, so 



Z 0 — T 0 

for the common-emitter amplifier. 



( 2 . 11 ) 

( 2 . 12 ) 



Common-Base Amplifier 

The same small-signal equivalent circuit can also be used for the common-base and 
common-collector amplifiers. Figure 2.5a shows a common-base amplifier, and 
Fig. 2.5 b shows the midffequency small- signal circuit. The direction of the depen- 
dent current source is now from emitter to collector, since the dependent voltage V 




FIGURE 2.5 

(a) A common-base amplifier; ( b ) a small-signal, midffequency equivalent circuit of the 
common-base amplifier. 
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has been taken from emitter to base rather than from base to emitter. Since the sum 
of the currents leaving the emitter junction is zero, 



V - Vi V v-v 0 

— - — “ H b 

R$ ^ 71 



+ gmV 



0 



(2.13) 



V — V v„ 

Also — +g m V — ~jr (2-14) 

r 0 Rl 

If the dependent voltage V is eliminated from these two equations, we obtain an 
expression for the voltage gain of the common-base amplifier. This equation is 
rather complicated, and usually little accuracy is sacrificed by assuming that r 0 is 
large compared with R s , and R L . The voltage gain is then 

. V Q 8m Rl r n ft Rl ^2 j«j\ 

v Vi “ R s + r n + g m R s r n r n + R s (\ + 

(Note that there is no phase inversion in the voltage gain of the common-base 
amplifier.) If the source impedance is small, r T R s (l -h /3) , the magnitude of the 
voltage gain will be the same as that of the common-emitter amplifier. 

The input impedance of the common-base amplifier is determined using the 
simplified circuit of Fig. 2.6. Since 



then 



// = F gm Vi 

r-rr 



Zi = 



1 +gmr* 1+/8 




(2.16) 

(2.17) 



The input impedance of the common-base amplifier is smaller than that of the 
common-emitter amplifier. Since it is inversely proportional to g m , it is inversely 
proportional to the collector direct current. This property is found useful in setting 
the amplifier impedance to a desired level for impedance matching. Also, since 



— gm Vi — gmliZi 



(2.18) 



the current gain is 

A gmfjt ^ ft 

. ' “ \+g m r, ~ T+P 



(2.19) 




FIGURE 2.6 

The input impedance of this common-base ampli- 
fier equivalent circuits is V, //;. 
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FIGURE 2.7 

A simplified circuit model for calculat- 
ing the output impedance of the 
common-base amplifier. 



which is slightly less than 1 . The output impedance can be determined from the two 
node equations (see Fig. 2.7) 





-Io = g m V + - 

r a 


(2.20) 


and 


V V — V 0 

- + -+g m V = 0 

R r 0 


(2.21) 


where 


r r 7l Rs 

fjl + Rs 


(2.22) 


Therefore, the output impedance is 






Z 0 = r 0 + R(\+ g m r 0 ) 


(2.23) 



which is larger than that of the common-emitter amplifier. 

example 2 . 2 . Calculate the midband voltage gain, the current gain, and the input 
impedance of the common-base amplifier shown in Fig. 2.8. The collector bias current 
is 10~ 3 A, and the transistor fi = 100. 

Solution. The small-signal, midfrequency model is shown in Fig. 2.9. The collector- 
emitter resistance is assumed to be infinite. Since Ic = 1 mA, 

g m = 40/ c = 40 x 10- 3 S 



✓ * c 




FIGURE 2.8 

A common-base amplifier. 
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FIGURE 2.9 

A small-signal equivalent cir- 
cuit of the amplifier illustrated 
in Fig. 2.8. 



and 




8m 



= 2500 Q 



Therefore, from Eq. (2.15), the voltage gain is given by 



A v 



100(4 x 10 3 ) 

2.5 x 10 3 +50(101) 



52.98 



and the current gain is [using Eq. (2.19)] 



_ 100 
“ To! 



0.99 



The input impedance is calculated using Eq. (2.17): 

1 

Zj % — = 25 Q - 

8m 

The common-base amplifier has a voltage gain, but the current gain is less than 
unity. This amplifier is used in applications in which it is desired to build a non- 
inverting amplifier or an amplifier with a low-input or a high-output impedance. It 
does have much better high-frequency response than the common-emitter amplifier 
and is often used in high-frequency circuits. An application of this amplifier is 
described in the section on multistage amplifiers, and additional examples are pro- 
vided in Chap. 5. 



Emitter-FoUower * 

The gammon-collector amplifier, better known as an emitter-follower, has various 
applications. It will be shown that this amplifier has a noninverting voltage gain of 
less than 1, and a current gain approximately equal to the of the transistor used. 
Although it has a voltage gain less than 1, it can be combined with another amplifi- 
er stage, such as a common-emitter stage, to realize a greater combined voltage gain 
than could be achieved from the use of a common-emitter stage alone. This is par- 
ticularly useful when a low-impedance load is used. 

An emitter-follower amplifier is illustrated in Fig. 2.10, and the small-signal, 
midfrequency equivalent circuit is given in Fig. 2.11. It is normally the case that 
the base-biasing resistor R b is much larger than the source resistance R s and can 
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FIGURE 2.10 

An emitter-follower 

(common-collector 

amplifier). 



FIGURE 2.11 

A small-signal equivalent cir- 
cuit of the emitter-follower 
illustrated in Fig. 2.10. 



therefore be neglected. If this is the case, the equivalent circuit is as shown in 
Fig. 2. 12. The voltage gain is determined from three equations: 



Vi = /,.(*, +r„) + V 0 


(2.24) 


V = I t r, 


(2.25) 


“d V 0 = (I l+gm V)-^- 

r 0 + Rl 


(2.26) 


If V and /, are eliminated, the voltage gain is found to be 




\ - V °- (1 + £)£ r o R L /{r 0 + R l )] 


(2.27) 


’ Vi Hs+r, + 0+fi)lr 0 R L /(.r„ + R L )] 


The voltage gain is noninverting (positive) and less than 1 . As R L increases, the 
gain approaches I. The emitter-follower input impedance can be found from 
Eqs. (2.24) and (2.27) by eliminating V 0 and setting R s = 0. The input impedance is 


7 _ r , 0 +P)r 0 R L 

' ” + r c + R L 


(2.28) 



If r 0 is very large, Z, » r„ + (1 + p)R L . 

The input impedance of the emitter-follower is the largest of the three transistor 
amplifier configurations. Actually, it is the same as that of the common-emitter ampli- 
fier if the same value of emitter resistance is used for both, but the additional resis- 
tance used for the common-emitter amplifier will create additional power dissipation. 
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FIGURE 2.12 

A simplified small-signal 
equivalent circuit of the 
emitter-follower. 



The output impedance is determined by applying a voltage to the output ter- 
minals and measuring the current I 0 . The output current is determined from the 
equation 




71 

r n + Rs 



v* + 



Rs + r n 



The output impedance is 

_ Vo _ r 0 (r„ + R s ) 

I 0 R s + r a (\ 



Then 



r n + Rs 

1+0 



(2.29) 



(2.30a) 

(2.306) 



The output impedance of the emitter-follower is the lowest of the three transis- 
tor amplifier configurations. Low output impedance is a requirement in many 
amplifier applications. The emitter-follower is used when a low output impedance 
is needed. 

The emitter-follower current gain is 

II Vq/ Rl _ Vo R s + Zi (2 31) 

' " h “ h ~ Vi Rl 

and by using Eqs. (2.27) and (2.28), the current gain is found to be 

A, = (l+g ’" r ’ )r S k1 + /3 (2.32) 

r o + Rl 



Although the emitter-follower has a voltage gain less than 1, it has a large current 
gain. It is also frequently used as a power amplifier for low-impedance loads. 

example 2.3. Calculate the power gain of the common-collector amplifier shown in 
Fig. 2.13a. The transistor is a 2N5901 with p = 40. The transistor output impedance is 
large and can be neglected. The collector direct current is 40 mA. 

Solution. The small-signal, midfrequency equivalent circuit is shown in Fig. 2.136 
( r 0 has been neglected). Since the 100- Q resistor, which is used for biasing, is in series 
with the dependent current source, it has no effect on the output signal. The collector 
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FIGURE 2.13 
(a) An emitter-follower; ( b ) a 
simplified equivalent circuit 
of the emitter-follower. 



(«) 




(&) 





Ai « £ + 1 = 41 

The input and load impedances are real, so the voltages and currents are in phase and 
the power gain is 

A p = AjA v = 38.54 

The amplifier output impedance as seen by the 50- £2 resistor is 




27 



2.3 Field-Effect Transistor Amplifiers 

m 2.3 

FIELD-EFFECT TRANSISTOR AMPLIFIERS 
Equivalent Circuits 

Symbolic representations of three types of field-effect transistors (FETs) are given 
in Fig. 2.14. Figure 2.14# illustrates a JFET (junction field-effect transistor). The 
off-center location of the arrow is used if the drain-to-source channel of the partic- 
ular device is asymmetric so that the drain and source cannot be interchanged. 
Many JFETs do have a symmetric channel. A depletion-type MOSFET (insulated- 
gate FET) is illustrated in Fig. 2.14 b, and an enhancement-type MOSFET is illus- 
trated in Fig. 2.14c. The additional terminal U refers to the substrate (body) of the 
device and is usually connected to the source. If the gate arrow points toward 
the device, it is an n-channel device, while in p-channel FETs the arrow points out. 
The important signals are the gate, source, and drain currents ( I g , I s , and I d , respec- 
tively); the gate- to- source voltage V gs ; and the drain-to-source voltage V ds . The 
small-signal, midfrequency model of this device (ignoring the dc components) is 
shown in Fig. 2.15. 

For all practical purposes, the input impedance of an FET is so large that the 
input can be considered an open circuit in the midfrequency range, and the gate 
current I g = 0. The small-signal model then consists only of a voltage-dependent 
current source whose value is proportional to the difference between the gate and 




FIGURE 2.14 

Circuit models for field-effect transistors: (a) a JFET; ( b ) a depletion- type 
MOSFET; (c) an enhancement-type MOSFET. 
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FIGURE 2.15 

A small-signal low-frequency equiv- 
alent circuit for a field-effect 
transistor. 



source small-signal voltages and a drain-to-source resistance r d . The same model is 
used for both junction and insulated-gate FETs. Only the relation between g m and 
the dc biasing varies for the different devices. By definition, the transistor’s trans- 
conductance relates the change in drain current to the change in gate-to-source volt- 
age. That is. 



_ dl d 
8m ~ dV 

u v gs 

For JFETs it is really shown that 




(2.33) 



(2.34) 



where g mo is the transconductance when gate-to-source bias voltage is zero. 2 I D is 
the drain direct current, and I D ss is the drain current when the gate-to-source volt- 
age is zero. The transconductance g m is often referred to by the y parameter symbol 
y/ s on data sheets. For an MOS transistor, g m is given by 



8m — 8mR 




(2.35) 



where g mR is the transconductance at some specified drain bias current I DR . In both 
transistor types, the drain current varies proportionally to the square root of the bias 
direct current. 



Common-Source Amplifier 

The common- sourte amplifier is similar to the common-emitter amplifier. The mid- 
frequency equivalent circuit of the common-source amplifier shown in Fig. 2.16a is 
givqnfin Fig. 2.16£. Normally R g /?, so V, % V g . The dependent current source 
gm Vgs depends on both the gate and the source voltages. The gate voltage is known 
(V g = V;), but the source voltage must be determined from the following equa- 
tions: 



v 0 - v s v 0 

- JL - JL + 1 r+8 m v 8 s=o 

r d Kl 



v v — v 

y s ^ Y s v o 

Rs r d 



— 8m Vgs 



(2.36) 



and 



(2.37) 
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FIGURE 2.16 

(i a ) A common-source 
amplifier; ( b ) an equivalent 
circuit for the common- 
source amplifier. 




The source voltage, in terms of the output voltage, is 



-V 0 R S 



(2.38) 



and the voltage gain is v 

Yl — RiJd ^2 39 ) 

Vi R l + r d + /? s (l + g m r d ) 

If the transistor output resistance r d is much larger than R s and Rl, as it nor- 
mally will be, the voltage-gain expression simplifies to 

— = (2.40) 

Vi 1 + g m R, 

and if g m R s » 1, 

Vo = -Rl 

Vi R s 



(2.40) 



(2.41) 
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The common-source amplifier with a source resistance can be used to design an in- 
verting amplifier whose gain is independent of the transistor (provided g m R s > 1). 
This is a particularly valuable design procedure since it eliminates the costly pro- 
cess of having to carefully select a transistor. 

Since the input impedance of the amplifier is very large, the current gain is also 
very large (for practical purposes, it is infinite). If R s = 0, the output impedance is 
given by 

Zo = (2.42) 

It is left as an exercise to calculate the output impedance for a nonzero R s . 

EXAMPLE 2.4. Figure 2.17a contains an FET amplifier, and Fig. 2.17t is the small- 
signal, midfrequency equivalent-circuit model. The coupling and bypass capacitors are 
assumed to act as short circuits in this frequency range. The manufacturer’s data sheet 
for the 2N5486 gives the following minimum parameter values for Vos = 15 V: 
I DSS = 8 mA, g mo — 4 x 10 -3 S, and r d — 13 k£2. And R s is selected so that the 
amplifier is biased with I D = 2.0 mA. What is the midband voltage gain of the 
amplifier? 

Solution. From the equivalent circuit we see that 

10 6 

V = V = V; 

8 ' 10 6 + 5 x 10 3 





FIGURE 2.17 

(a) A common-source amplifier; (ft) an equivalent circuit for the 
amplifier shown in (a). 



2.3 Field-Effect Transistor Amplifiers 



31 



Since the source is grounded, V s = 0 and 

v gs = V g -V s = V i 

The equivalent load resistance is 



t , _ 2kfi x 13 kS 2 
L ~ 2kfi + 13kfi 



1.73 kft 



and the output voltage is 

Vo = -g m V gs R' L = -g m V l R , L 

To determine the voltage gain, the transconductance must first be determined. From Eq. 
(2.34) the transconductance is 

© 1/2 

= 2 x 1CT 3 S 

Therefore, the voltage gain is 

y = -g«R'L = -3.46 



Source-Follower 

The same equivalent circuit is used for the FET whether it is used in the common- 
source, common-gate, or common-drain configuration. Figure 2.18a illustrates a 
common-drain or source-follower circuit, and the small-signal, midfrequency equi- 
valent circuit is given in Fig. 2.186. If, as will usually be the case, Rb^> R s , then 





II 




and 


! 

5* 

1! 


(2.43) 


Also 


y — o v rd ^ L 
° 8mVss r d +R L 


(2.44) 


so that 


^ V 0 g m [r d R L /(r d + /? L )] 

U “ Vj- “ \+g m [r d R L /(r d + R L )} 


(2.45) 



which is a noninverting voltage gain less than 1. Another important parameter of 
this amplifier is the output impedance Z 0 . By definition, from Eq. (2.11). 




with all over independent voltage and current sources held constant. For this ampli- 
fier, the output impedance can be determined by calculating the response I 0 to a 
voltage V 0 , as illustrated in Fig. 2.19. Since Vg = °> — V a , and 
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FIGURE 2.18 

(a) A MOSFET source-follower; 

(b) a low-frequency equivalent 
circuit of the amplifier shown in (a), 



(«> 




(b) 



Rs 





1 



FIGURE 2.19 

A simplified equivalent circuit for 
measuring the output impedance of a 
source-follower. 



The output impedance is then 

r 



Zo 



rd 

1 + g m rd 



(2.47) 



The output impedance of the source-follower, like that of the emitter-follower, 
is much smaller than those of the other two FET amplifier configurations. This is the 
principal reason for using this amplifier configuration. 

example 2 .s. The circuit shown in Fig. 2.20 is used as an active antenna. Calculate 
the voltage gain for a 1-MHz input signal. The transconductance g m = 60 x 10 -3 S. 
The antenna source impedance is 50 ft . 
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FIGURE 2.20 

A source-follower used as an active antenna. 



Solution. The midfrequency small-signal equivalent circuit for this amplifier is shown 
in Fig. 2.21. Since the source resistance is much smaller than the parallel combination 
of the two bias resistors shunting the gate, the gate voltage is 



v t = v, 

and Kf* = VI — V 0 

A typical value for is 2.5 kft, in which case the output impedance is 

-a 25x109 =, 8 . 6n 

1 +gmr<t 1+60(2.5) 



If the 200- ft load is considered part of the amplifier, then the output impedance of the 
active antenna is 



Z 0 



200(16.6) 

216.6 



= 15.3 Q 



The voltage gain is found from Eq. (2.45) to be 

(60 x 10^ 3 )(185) 
u “ 1 + (60 x 10“ 3 )(185) 



0.92 




FIGURE 2.21 
A small-signal equivalent 
circuit of the source- 
follower shown in 
Fig. 2.20. 
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Common-Gate Amplifier 

The common-gate amplifier is often used in high-frequency applications. It will be 
shown in Chap. 5 that its bandwidth is much greater than that of the common-source 
amplifier. Another reason for its use is that the circuit configuration offers low input 
impedance, which is convenient for matching to transmission lines and other low- 
impedance sources. The basic circuit configuration is shown in Fig. 2.22a, and the 
small-signal, midfrequency equivalent circuit is given in Fig. 2.22 b. Since the gate 
is grounded, 



= -V s (2.48) 

and the circuit can be redrawn as in Fig. 2.22c. If the currents are summed at the out- 
put node so that 




(c) 



FIGURE 2,22 

(a) A common-gate amplifier; ( b ) a simplified equivalent circuit for the common-gate 
amplifier; (c) another amplified circuit for the same amplifier. 
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we find that 



and 



Vo _ + gm r d ) 

V s r d + Rl 




(2.50) 

(2.51) 



for large r d » R L . 

The voltage gain is noninverting, and for load resistances much less than the 
dynamic drain resistance, the magnitude of the voltage gain is approximately the 
same as that of the common-source amplifier. The current gain is close to 1. 



Input Impedance 



The input impedance at the source can be found by solving for the source current: 

V, - V 0 



— &m Vs ~t"" 



r<t 



After Eq. (2.50) is used to eliminate V„, we obtain 

7 _ Vs _ fd + Rl 
Z; — — — 



If r d » R l , 



A 1 "b 8m^d 



Zi ~ (gm) ' 



(2.52) 



(2.53) 



(2.54) 



The common-gate amplifier has a low input impedance which is inversely pro- 
portional to the square root of the drain direct current. 



Voltage Gain 

Since 



Vs = 



VjZj 

Zi + R 



the voltage gain is determined by combining Eqs. (2.50) and (2.53): 

' = V* = Rl 

” V R + {r d + **.)/(! +g m r d ) 



(2.55) 



(2.56) 



Output Impedance 



The output impedance can be found by applying a voltage to the output terminals 
and determining the output current, as shown in Fig. 2.23: 



Io = 



V — V 

v o Y s 



r d 



8m Vs 



(2.57) 
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l a FIGURE 2.23 

~ A circuit for determining the output impedance of 
the common-gate amplifier. 

K> 

1 

but I 0 must also be the current through the source resistance R, so 

V s 

= (2.58) 

A 

Combining these two equations, we find that 

Z„ = y=r d + (\+ g m r d )R (2.59) 

The common-gate amplifier has the largest output impedance of the three FET 
amplifier configurations. 



MULTISTAGE AMPLIFIERS 

It is often necessary to use more than one amplifier stage for impedance matching 
or to obtain additional amplification. Power transistors possess a smaller gain- 
bandwidth product than low-power transistors; hence, the power amplification 
stage is often operated near unity voltage gain in order to maximize the bandwidth. 
The voltage amplification is carried out in the stages preceding the power amplifi- 
cation stage. The following example illustrates the use of an additional stage, with 
a voltage gain less than unity, to increase the overall voltage gain. 

example 2.6. Design an amplifier using 2N3904 transistors to realize a voltage-gain 
magnitude of at least 10. The source resistance is 500 £2 , and the load resistance is 50 £2. 

Solution . The $mall value of the load resistance creates a design problem. If the tran- 
sistor iriput impedance is large, the voltage gain will be 

f * A v —gm^L 

Since Ri = 50, a voltage gain of 10 can be realized with a common-emitter amplifier, 
provided g m > 0.2 S. The transistor input resistance (assuming = 100) will be 

r„ = — < 500 £2 

8m 

Therefore, with a 500- £2 source resistance and a 500- £2 amplifier input resistance, only 
one-half of the signal voltage will appear across the base and the overall amplification 
will be equal to 5. If g m is doubled, the transistor input impedance will be reduced to 
250 £2, and only one-third of the applied signal will appear across the base. The over- 



2.4 Multistage Amplifiers 



37 



all gain will then be about 20/3, but the gain specification cannot be met by increasing 
I c . However, the problem of low load resistance can be solved by adding another stage, 
which simply increases the load impedance seen by the first stage. The input impedance 
of the second stage serves as the load impedance for the first stage. Since the input 
impedance of an emitter-follower from Eq. (2.28) is 

Z; ^ r„ + (1 + ($)Rl 



it is a logical choice for the second stage. For this transistor, ^ is at least 100, so the 
input impedance will be more than 5 kfi . It is not a problem to realize a voltage gain of 
10 with this large (5k £2) a load resistance. A complete two-stage amplifier is shown in 
Fig. 2.24. The resistors R Ll , /?/,, , and are selected to complete the biasing. Typical 
values for use with a 12-V supply are 



/?£,, = 2 kS2 R bl = 500 k£2 and R ^ = 4.5 k£2 

With these values Ic x *=» 2 mA and Ic 2 * 120 mA. The load resistance seen by the first 
stage will be the 2-k£2 resistor in parallel with R^ and the input impedance of the sec- 
ond stage (approximately 5 k£J). That is, 

R' Li = 1.05 kfi 



The voltage gain of the second stage will be close to unity, and the voltage gain of the 
first stage will be 



A vi ^ Smi R^ ' 



+ Rs 



Since 



g mi ~ 40/cj = 0.08 S 



and 



r n i 



— = 1250 Q 

8mi 



A 






-84(1250) 
1250 + 500 




FIGURE 2.24 

A two-stage amplifier consisting of a common-emitter amplifier 
followed by an emitter-follower. 
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Gate 2 
Gate 1 



Drain 




FIGURE 2.25 

The circuit symbol for a dual-gate FET. 



6 

Source 



If less gain is desired, the gain can readily be reduced by adding a potentiome- 
ter in series with the source resistance. 

M 2.5 

DUAL-GATE FET 

The FET cascode circuit has so many applications in high-frequency amplifiers 
that two FETs are often fabricated as a single transistor with two gates. The source 
of the one transistor is continuous with the drain of the other, so the device has 
one source, one drain, and two gates; it is referred to as a dual- gate FET The 
schematic representation of a dual-gate MOSFET is shown in Fig. 2.25. The dual- 
gate MOSFET offers low noise and high gain in radio-frequency applications. It is 
a versatile device which can be used as a mixer or automatic gain control (AGC) 
amplifier, as described in Chap. 5. The construction is such that the capacitance 
from gate 2 to the drain is very small (approximately 1 percent of that of a single- 
gate MOSFET). This accounts for the excellent high-frequency performance of 
the device. 

A linear amplifier circuit is shown in Fig. 2.26a, and the small-signal equivalent 
circuit is shown in Fig. 2.26 b (where the dynamic drain resistances have been 
ignored). Drain 1 and source 2 are shown only as aids in understanding the circuit. 
Here gate 2 and the source are grounded for medium-frequency signals. 

Fd, = 8m i F gJ] /?£,, 

The load resistance ,of the first stage is the input resistance of the second stage, and 
the second stage is a common-gate amplifier. Therefore, 

✓ * 1 

F D\ — 8m i F, 

since the input impedance of a common-gate amplifier is — g m i. Since both transis- 
tors have the same drain current, 

8m[ — gm 2 and Fo, — Fi 

Also, since gate 2 is grounded, 

F gJ2 - -F S2 = -V 0l = V t 
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(a) An amplifier utilizing a dual-gate FET; ( b ) a simplified 
equivalent circuit of the amplifier shown in Fig. 2.26a. 



and the output voltage is 

V 0 = -g m V gS2 R l = -g m R l Vi (2.60) 

The small-signal gain of the dual-gate MOSFET is equivalent to that of a single- 
gate MOSFET. The advantage of the dual-gate device for small-signal operation is 
that the much- smaller gate-to-drain capacitance provides a much larger bandwidth 
than does the standard MOSFET. Also, the transconductance g m , and hence the 
voltage gain, can be controlled by the bias voltage applied to gate 2. 

■ 2.6 

PUSH-PULL AMPLIFIERS 

Transistors all exhibit a nonlinear characteristic that causes distortion of the input 
signal even at small-signal levels. Much of the distortion can be eliminated by an 
amplifier configuration known as the push-pull amplifier. An example of such an 
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amplifier is illustrated in Fig. 2.27. This particular circuit uses two center-tapped 
transformers, one for separating the input signal into two signals 1 80° out of phase 
and one for summing the output currents of the two transistors. Circuit characteris- 
tics of center-tapped transformers are discussed in Chap. 6. Here it suffices to say 
that they are wound so that 

V, = K v Vi = -V 2 (2.61) 

and I 0 = K,(I\ ~ h) (2.62) 

Thus when the signal on the drain of Q\ is positive, the signal on the drain of Q 2 is 
of equal magnitude but of opposite sign. The two drain signals are 180° out of 
phase. If the input signal is sinusoidal 

Vt = A cos cot 

then the output currents of the two transistors are also periodic, and they can be 
expressed in a Fourier series: 

/j = Bo + By cos cot + B 2 cos 2 o)t + B cos 3 o>t + - - • (2.63) 

The higher-frequency components are created by the transistor nonlinearities. If the 
two transistors and associated components are identical, then I 2 and I\ are identical 
except that I 2 lags ly by 180°. That is, 

I 2 ((ot) = + ;r) 



Therefore, 

I 2 = Bq — By cos (ot + B 2 cos 2 (ot — 7?3 cost 3ojt (2.64) 

and the output current is 

l 0 = 2Kj(B\ cos (ot + #3 cos 3 cot H ) (2.65) 

The output does not contain any even harmonics since the even harmonics of the two 
transistors have been canceled by the push-pull arrangement. This is particularly 



c 





FIGURE 2.27 

A balanced push-pull amplifier employing two common-gate amplifiers. 
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beneficial with FET amplifiers because they have a square-law characteristic that 
generates a relatively large second harmonic. Push-pull amplifiers are also used in 
power amplifiers. Several applications of their use in power amplifiers are provided 
in Chap. 11. 



■ 2.7 

DIFFERENTIAL AMPLIFIER 



A differential amplifier provides an output proportional to the difference between the 
signals present at the two input terminals; neither input need be grounded. Ideally, the 
output will be zero in response to a signal common to the two input terminals. A dif- 
ferential amplifier can be applied where it is desired to measure the voltage difference 
between two points, neither of which is grounded. Recent advances in transistor fab- 
rication now make it possible to manufacture two transistors with closely matched 
characteristics on the same wafer. This has made the differential amplifier one of the 
most versatile building blocks at the designer’s disposal, allowing for the relatively 
easy design of low-noise, low-drift, dc coupled amplifiers. Today the majority of ana- 
log integrated circuits use a differential amplifier input stage. 

Consider the differential amplifier illustrated in Fig. 2.28. The positive terminal 
is referred to as the noninverting terminal since any voltage at this terminal will be 
amplified and will appear at the output without phase inversion, whereas any volt- 
age on the negative (inverting) terminal will be amplified and will appear at the out- 
put with 180° phase shift (at least at low frequencies). The output may be either 
single-ended (one terminal grounded) or floating (neither output terminal ground- 
ed). Any combination of input signals can be decomposed into differential and com- 
mon input signals. It will be shown that this decomposition greatly simplifies the 
analysis of differential amplifiers. The differential input voltage is defined as the 
difference between the two input signals, that is, 

e d = V 1 - V 2 (2.66) 



and the common input voltage is defined as 

V, + V 2 

*c= 



(2.67) 



Any two differential amplifier input signals, then, consist of a component in which 
the signals on the two input terminals are equal in magnitude and 180° out of phase 
and a component in which the two input terminal signals are equal in magnitude and 
in phase. 




FIGURE 2.28 

The circuit symbol for a differential amplifier. 
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example 2.7. Determine the differential and common input voltages of the two 
signals 

Vi = 5 + 3 sin cot and = 3 — sin cot 

Solution. The differential signal is 

e d = V\ — V 2 = 2 + 4 sina>f 

and the common signal is 



V, +V 2 . , . 

e c = — = 4 + sinatf 



The amplification of a differential amplifier is characterized by its differential 



gain: 



A d = — 
e d 



The common-mode gain is defined as 

Vi 



( 2 . 68 ) 



(2.69) 



Vi=V 2 



In an ideal differential amplifier, the common-mode gain is zero, but an actual dif- 
ferential amplifier always has a finite common-mode gain. 



Common-Mode Rejection Ratio 

The ratio of differential gain to common-mode gain is known as the common-mode 
rejection ratio (CMRR): 

CMRR = — (2.70) 

The actual amplifier output to any input signal is 

Ad 

Vo — A d e d + A c e c = A d e d + e c (2.71) 

The term • 

r *. ‘ A d 

CMRR ^ 

is an error term caused by the finite CMRR. It is not possible to determine whether 
the output signal is due to a differential signal or a common signal. The larger the 
CMRR, the smaller the error term and the greater the amplifier accuracy. 

example 2 . 8 . Consider the problem of measuring the voltage across the 5- Q resistor 
of the circuit shown in Fig. 2.29. This is a common problem in biomedical engineering 
and telemetry applications where the large impedances in series with the small resistors 
might represent the impedance of transducers or probe interfaces. 
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FIGURE 2.29 

An application of a differential 
amplifier. 
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Solution. The voltage on the positive terminal is 



(5 + 10 6 )V, 
5 + 2 x 10 6 



and the voltage on the inverting terminal is 



V 2 



10 6 V, 

5 + 2 x 10 6 



So the differential voltage is 



e d = V x - V 2 



5V, 

2 x 10 6 



and the common-mode voltage is 

_ V 1 + V 2 _ (5 + 2x 10 6 )V, _ Vi 
€c ~ 2 ~ 2(5 + 2 x 10 6 ) “ 2 

If the differential amplifier has a differential gain of 2 X 1 0 3 and a common-mode 
rejection ratio of 1 million (120 dB), the output voltage will be 



r 5 .1 V t 10 3 

V »4^W (2Xl0 T' + 2 (2, HF 

= (5 x 10 -3 + 1 x 10~ 3 )Vi 



The second term represents a 20 percent error due to the finite CMRR. To realize a one 
percent measurement accuracy for this problem requires a differential amplifier with a 
minimum CMRR of 2 x 10 7 (146 dB). 



FET Differential Amplifier 

Consider the differential amplifier connection shown in Fig. 2.30. We will assume 
that the transistors are identical and at the same temperature. The small-signal, mid- 
frequency equivalent circuit is then as shown in Fig. 2.31. Although this circuit can 
be readily analyzed for arbitrary input voltages, we will first calculate the differen- 
tial gain and then the common-mode gain, as this greatly simplifies the analysis. 

Assume first that V n = — V i2 . If V,, increases by A V, then V i2 will decrease by 
the same amount; so the changes in the two dependent current sources in Fig. 2.31 
will be equal in magnitude but opposite in sign. In this case it is readily shown that 
the voltage at the source terminal does not change, and so the current through R s 
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FIGURE 2.30 

A differential amplifier realized 
with two field-effect transistors. 





fier shown in Fig. 2.30. 



does not change. Therefore, the small-signal equivalent circuit for differential 
inputs cqn be simplified to that shown in Fig. 2.32. The output voltage is 

r 



~ Vi 2 ) _ -tdgmrdRL 

r d + Rl fd 4” Rl 



(2.72) 



and 



v _ e d g m r d R L 
02 ~ 2 r d + R L 



(2.73) 



The single-ended output differential gain is one-half of the differential output gain. 
Also with the single-ended output as shown, input terminal 1 would be the non- 
inverting input terminal. 
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FIGURE 2.32 

The small-signal equivalent circuit for determining the differential gain 
of the FET differential amplifier. 



To calculate the common-mode signal, we assume (with no loss of generality) 
that the two input signals are the same, that is, 

Vu = V h 

and the single-ended output voltage can be determined from an analysis of the cir- 
cuit shown in Fig. 2.33a. Because of the circuit symmetry, the output can be derived 
from the simplified circuit shown in Fig. 2.33d. Here 

V = V — V 

Y gs Y l Y s 



The sum of the current at the source node is zero, so 



v, | Vs -Vo, 
2 R s r d 



— 8m Vgs 



and the sum of the currents at the output node is zero, so 



V V — V 

v 02 V <>2 V S 



"t“ §m — 0 



If Vjis eliminated from these equations, we obtain the common-mode gain 
expression 




% — 

' . 1 + 2 g m R s 



Sm^dR-L 

(1 + g m r d )2R s + r d + R L 
for r d » R l 



(2.74) 



The common-mode gain should ideally be zero. We see that the larger the 
source resistance, the smaller the common-mode gain. Also, the differential gain 
does not depend on R s . Since an ideal current source has infinite impedance, the 
source resistance can be replaced by a current source (which also provides a path 
for the bias current). A current-source-biased differential amplifier is shown in 
Fig. 2.34. 



example 2.9. Calculate the output voltage of the circuit shown in Fig. 2.35 in res- 
ponse to an input signal V* = 5 x 10 -3 V. The equivalent output impedance of the 
current source is 150 k£2. Assume that the SU2366 dual JFET is used. For the SU2366 
dual JFET, g m = 1 .5 x 10~ 3 S and r d = 500 k£2. 
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FIGURE 233 

(a) A simplified circuit for calcu- 
lating the common-mode gain of 
the FET differential amplifier 
shown in Fig. 2.30; ( b ) one-half 
of the symmetric equivalent cir- 
cuit shown in Fig. 2.33a. 



FIGURE 234 

An FET differential amplifier 
with current-source biasing. 
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FIGURE 2.35 

The amplifier discussed in 

Example 2.9. 



Solution. Although it is possible to directly calculate the response to the single 5-mV 
input, it is far easier to consider the circuit to be a differential amplifier and to calculate 
the response to the differential and common-mode inputs. The differential input is 

e* = V it ~V i2 =5 mV 

and the common-mode input is 

^ = v^ = 25mV 
2 

(Note that this is equivalent to assuming V;, = 2.5 mV — — V} 2 for the differential 
input and Vf, = V, 2 = 2.5 mV for the common-mode input.) Then by superposition 

V 0 = e c A c 4- e d A d 

The common-mode gain is obtained using Eq. (2.74) (since r d R L ): 

1.5 x 10“ 3 x 10 4 

c ~ 1 + 2(1.5 x 10-3)(150 x 10 3 ) ‘ 
and the differential gain is [from Eq. (2.73)] 

' \ g m R L 1.5 x lO- 3 xlO 4 

A d = — - — = = 7.5 

4 2 2 

so that the output to the applied signal is 

V 0 = -0.033(2.5) + 7.5(5) = 37.42 mV 



BJT Differential Amplifier 

A bipolar junction transistor (BJT) differential amplifier is shown in Fig. 2.36a, 
and the small-signal equivalent circuit is shown in Fig. 2.36 b (with r 0 and r' h 
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The differential output gain is 



Vo\ &m R L r 7i 

€d R-s ""b 



(2.76) 



For common-mode input signals, the circuit is equivalent to two identical circuits in 
parallel, and 



1^02 %m Rl^tz 

e c R s + r n + 2(£ + !)/?£• 



(2.77) 



The common-mode gain can be reduced by increasing R E , so BJT differential ampli- 
fiers usually use emitter-current source biasing to achieve a large resistance to the 
emitters of the two transistors of the differential amplifier. 



■ 2.8 

OPERATIONAL AMPLIFIER 

An operational amplifier (op amp) is a direct-coupled differential amplifier with 
high gain and large input impedance. The device is used with large amounts of 
negative feedback to obtain the desired gain-versus-frequency characteristic. It has 
been used mainly in low-frequency circuits, but integrated-circuit op amps are 
now available with gain-bandwidth products in the gigahertz (10 9 Hz) region. Op 
amps are currently being used in communication circuits as wideband or video 
amplifiers. 



Op-Amp Characteristics 

The ideal operational amplifier is a differential amplifier with infinite gain, infinite 
input impedance, and infinite bandwidth. A n actual operational amplifier has none 
of these characteristics, but the ideal characteristics are approximated over a limit- 
ed frequency range. We will evaluate the accuracy of these approximations after 
considering the ideal case. Figure 2.37a contains a circuit representation of an op 
amp, and Fig. 2.37 b contains a simplified small-signal equivalent circuit. The dif- 
ferential input impedance is represented by Z, , which can be greater than 10 12 ft 
for some op amps with FET input stages, but can be as low as 10 kft for op amps 
with high gain-bandwidth products such as the HA5 190. The output circuit contains 
a dependent voltage source where the dependent voltage is the differential input 
voltage V 2 — Vi multiplied by A a . The op-amp gain A a is often referred to as the 
open-loop gain. The output resistance Z D is on the order of 100 ft, and it usually 
has a negligible effect on circuit operation, although it is a limiting factor in an op- 
amp’s ability to drive capacitive loads. 
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FIGURE 2.37 

(a) A circuit symbol for an operational amplifier; ( b ) a small-signal equivalent circuit of 
the operational amplifier. 



Ideal Inverting Amplifier 

Figure 2.38 illustrates the most commonly used operational-amplifier configura- 
tion, the inverting amplifier. Here the noninverting input terminal is grounded, and 
the output voltage is fed back to the inverting input terminal through the impedance 
Zf. For the ideal operational amplifier, the circuit analysis is simple. It is based on 
the fact that no current will flow into the input terminals, and for any ideal op-amp 
circuit the voltage on the positive terminal is equal to the voltage on the negative 
input terminal: 

Vi = V 2 

That the two voltages are equal follows from the fact that the output voltage is 

V 0 = A a (V 2 -V l ) (2.78) 

In the ideal op amp, A a is infinite; therefore, the only way for the output voltage to 
be finite is for V\ to equal V 2 . The two voltages are made equal through the feed- 
back network connected around the op amp. It is, of course, possible that the feed- 
back is such that the amplifier will be unstable, but it is assumed here that the 
circuit configuration is such that the amplifier is stable. In the inverting amplifier 




FIGURE 2.38 

An inverting op-amp circuit. 
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shown in Fig. 2.38, if the amplifier is ideal, the voltage at the inverting terminal V € 
must be zero, since the positive terminal voltage V 2 = 0 and V\ = V 2 in the ideal 
op-amp circuit. Also, in the ideal op amp, the input current I f = 0, so 



Zi 



= h = If = 




That is, the transfer function of the inverting amplifier configuration, using an ideal 
op amp, is 




(2.79) 



The closed-loop transfer function is independent of the operational amplifier and 
depends only on the two impedances used in the feedback network. 

example 2.10. Design an amplifier with a voltage gain equal to —50. 

Solution. If an ideal operational amplifier is used, the circuit configuration of Fig. 2.38 
can be used, provided that ZfjZ\ =50. Here one of the impedances can be arbitrarily 
chosen. For example, if Z\ — 1 k£2, then Zj =50 kfi will give the desired voltage 
gain. 

The inverting amplifier configuration can also be used to realize a frequency- 
dependent transfer function. This concept is illustrated in the following example. 



example 2.11. Design a low-pass amplifier with a dc voltage gain equal to —50 and 
a — 3-dB bandwidth of 10 6 rad/s. 

Solution. Again there are many networks which can be'used to meet the specifications, 
but one of the simplest is to select one such that 



Zf = — and Z| = R\ 

1 sR f C + l 

The voltage transfer function is then 



A„ = 



-*//*! 
sCRf + 1 



(2.80) 



which is a low-pass transfer function with" a low-frequency gain equal to —Rf/R\ and 
a — 3-dB frequency: 

"" = £ (281) 

Therefore, we arbitrarily select R\ = 1 k£2. Then Rf = 50 k ft and C — (10 6 
x 5 x 10 4 )” 1 = 20 pF. The complete circuit is shown in Fig. 2.39. 



An almost limitless number of different frequency-dependent transfer functions 
can be constructed using the inverting configuration. 

Since the inverting terminal is also at ground potential, the input impedance of 
the amplifier shown in Fig. 2.38 is 



Zi 




= Z 1 



(2.82) 
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20 pF 




FIGURE 2.39 

The low-pass amplifier discussed 
in Example 2.11. 



z f 




FIGURE 2.40 

An equivalent circuit of the inverting 
amplifier with finite open-loop gain 
(A a ). 



The impedance is easily controlled by the selection of Z\. The output impedance, 
assuming an ideal op amp, is zero. 

Nonideal Inverting Amplifier: The Effect of Finite Loop Gain 

The gain of an actual operational amplifier is never infinite and, in fact, is only large 
over a limited frequency range. The effects of finite loop gain on the transfer func- 
tion can be determined by analyzing Fig. 2.40, which is the small-signal equivalent 
circuit for the operational amplifier with finite open-loop gain A a . Since the ampli- 
fier input impedance is assumed to be infinite, 

Vi-V* = K ~ Vo 
Z, Z f 

and if the op-amp output impedance is neglected, 

Vo = -A a V € 

If V ( is eliminated from these two equations, the transfer function is 

V 0 _ —ZffZj 

Vi 1 + (Z,- + Z f )(A a Zi) 



A 



(2.83) 
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If the operational-amplifier gain is known, the deviation of the ideal transfer func- 
tion from its actual value can be calculated. 



example 2 . 12 . An inverting amplifier with a gain of 100 is designed by using an 
operational amplifier with an open-loop gain A a — 10 4 . The feedback resistor Rf = 
10 4 , and the input resistance R\ = 100. What is the actual loop gain? 

Solution. The actual gain is calculated by using Eq. (2.83): 



-100 

1 + (100 + ll/io 4 



-100 

1.01 



-99.0 



The finite op-amp gain resulted in a 1 percent deviation in the closed-loop gain from the 
ideal value. 



Gain-Bandwidth Product 



In addition to being finite, the amplifier gain A a is frequency-dependent. The major- 
ity of operational amplifiers are internally compensated so that the frequency 
dependence is of the form 



A 0 

1 + j(O/(0 o 



(2.84) 



where A 0 is the low-frequency open-loop gain and co 0 is the — 3-dB frequency. This 
particular form of frequency dependence is selected because it enhances the stabil- 
ity characteristics of the closed-loop system. The magnitude of A a as a function of 
frequency is plotted in Fig. 2.41. The gain decreases at a rate of —6 dB per octave 
at high frequencies. At frequency a) 0 the gain is 0.707 ( —3 dB) of the dc value. This 
frequency is the — 3-dB bandwidth of the amplifier. The frequency a> T is defined as 
the frequency at which the magnitude of the gain is unity. That is, 



or 



A b = 1 = 



Aq Aq(Dq 

|1 + j(l) T /w o \ a) T 



(d t = A 0 w o 



(2.85) 



The frequency cot is equal to the low-frequency gain A 0 times the open-loop band- 
width (o c . For this reason, it is known as the gain-bandwidth product. The gain- 
bandwidth product is usually contained in the op-amp specification sheets. 

example 2 . 13 . The HA5190 operational amplifier has a gain-bandwidth product of 
f50 MHz and a low-frequency voltage gain of 90 dB. What is the transfer function for 
the open-loop voltage gain? 



Solution. Since the low-frequency gain is 90 dB, 

20 log A 0 = 90 and A 0 = 3. 16 x 10 4 
o) 0 A 0 = o>t — 2^(150 x 10 6 ) 



Since 

the bandwidth is 



o>„ = 2n(4.74 x 10 3 ) rad/s 
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FIGURE 2.42 

(a) A small-signal equivalent 
circuit of an inverting amplifier 
with finite op-amp input imped- 
ance Z, and op-amp gain A a ; 

(b) a Th6venin equivalent circuit 
of the amplifier shown in 

Fig. 2.42a. 



(c) 




Effect of Finite Input and Output Impedance 

If neither Z,- nor Z 0 is neglected, the small-signal equivalent circuit is as shown in 
Fig. 2.43a. The circuit seen by the load Z t can be replaced by its Th evenin equivalent 
circuit, as shown in Fig. 2.43/?. To determine the Th evenin equivalent impedance 
(which is the output impedance of the closed-loop amplifier), a voltage V 0 is applied 
across the output terminals and the current I 0 is determined. The current I c is given by 

f Vo + AaVc , V,-V< 

° “ 2, + z, 



because 



where 



KZ' 
Z[ + Z f 

ZjZy 

Zi + z, 



The Th^venin equivalent impedance (the output impedance) is 



\ + {Z f /Z\+A a )/(2 + Z f /Z[) 



(2.89) 
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FIGURE 2.43 

(a) An inverting amplifier equivalent circuiflllustrating the 
op-amp input impedance Z, , output impedance Z a , and gain A a 

( b ) a Th^venin’s equivalent circuit of the amplifier shown in 
Fig. 2.43a. 



The feedback circuit has the effect of reducing the output impedance from its open- 
circuit value (Z 0 ); and the larger the op-amp gain A a , the smaller the output imped- 
ance. The Thevenin equivalent voltage V* is the output voltage without the load Z L 
connected. 

After eliminating V e , we find the transfer function 
• V. -(Zf - Z 0 /A,) 

v» z Ih + (z„ + z / + z lh )M. ; 

This equation describes the inverting amplifier configuration with finite Z 0 , Z { , 
and A a . Communication circuits frequently employ small Z, and Z/, and the 
effects of nonzero Z Q must be considered. Note that the significance of the output 
impedance increases as the open-loop gain A a decreases, as it does with increasing 
frequency. A finite output impedance can result in stability problems when the load 
is capacitive . 3 
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FIGURE 2.44 
A noninverting amplifier. 



Noninverting Amplifier 



The basic noninverting amplifier configuration is shown in Fig. 2.44. If the op-amp 
gain and input impedance are assumed to be infinite, the voltages at the plus and 
minus terminals must be equal. Therefore, 



V + = Vt = V. = 



VqZ i 
Z\ + Z2 



or V = l + T (2 ' 91) 

This is the basic equation for the noninverting amplifier. If Z\ and Z 2 are real, the 
gain is positive and greater than 1 . The absence of a phase inversion from the input 
to the output is one reason that noninverting amplifiers"are used. Another reason is 
that the input impedance is large (larger than the Z, of the device). 

example 2 . 14 . Design a noninverting amplifier with a voltage gain of 100, using an 
ideal op amp. 

Solution. For the ideal op amp used in the amplifier configuration of Fig. 2.43a, the 
voltage gain is given by 






Vo 

Vi 




Either Z 2 or Z\ can be chosen arbitrarily. For example, if Zj = 1 k£2, then Z 2 = 99 k£2 
will realize a voltage gain equal to 100. 

The effects of finite voltage gain and input impedance are treated just as they 
were forthe inverting amplifier. The calculations are left as an exercise. 



■ 2.9 

PROBLEMS 

2.1 What is the approximate midfrequency voltage gain V 0 fV- t of the circuit shown in Fig. 
P2. 1 ? The transistor £ is 1 10, and the transistor output impedance is 50 kfi . What is the 
midfrequency power gain? 
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FIGURE P2.1 

An emitter-loaded common- 
emitter amplifier. 



2.2 What are midfrequency voltage gain and input impedance Z, of the amplifier shown in 
Fig. P2.2? The transistor is 1 10, and the transistor output impedance is 100 k£2. 




**»9V 



1 




FIGURE P2.2 

An emitter-loaded common- 
emitter amplifier. 



23 Design an amplifier, using one of the transistors specified in the appendixes, with a mid- 
frequency voltage gain of at least 26 dB. The source resistance is 600 £2, and the load 
resistance is to be 5 k£2. Show the complete circuit, including the biasing network. 

2.4 Calculate the approximate midfrequency voltage gain of the amplifier shown in Fig. 
P2.4. The g m of the transistor is 4 x 10 -3 S, and r d is 10 k£2. 




FIGURE P2.4 

A common-source 
amplifier. 




2.5 Calculate the midfrequency voltage gain of the amplifier shown in Fig. P2.5. The tran- 
sistor g m is 10 -3 S, and the transistor output impedance r d is 100 kf2. 




FIGURE P2.5 
A common-source 
amplifier with current 
feedback. 



2.6 What are the midfrequency voltage gain and input impedance of the amplifier shown in 
Fig. P2.6? 




FIGURE P2.6 

A common-emitter 
amplifier. 
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2.7 Calculate the midfrequency voltage, power, and current gains of the amplifier shown in 
Fig. P2.7. The transistor = 100, and the transistor output impedance is 20 kf2. 




FIGURE P2.7 
An emitter-follower circuit. 



2.8 For the two-stage amplifier shown in Fig. P2.8, calculate the midfrequency voltage and 
current gains. The g m of both transistors is 3 x 10 -3 S, and r d is 20 kQ . 




FIGURE P2.8 

An amplifier consisting of two common-source amplifiers in cascade. 



2.9 Determine the approximate midfrequency voltage gain of the two-stage amplifier shown 
in Fig. P2.9. (All capacitors can be assumed to be short circuits.) The ft of the BJT is 
100, and g m is 3 x 10“ 3 S for the FET. The transistor output impedances are large 
enough to be neglected. 
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FIGURE P2.9 

A two-stage amplifier. 

2.10 An amplifier configuration often referred to as a Darlington amplifier is shown in 
Fig. P2.10. Calculate the voltage gain and input resistance of this circuit. The transis- 
tors have identical £’s and their output impedances can be neglected, but the g m of the 
two devices will not be the same. 



v x FIGURE P2.10 

A Darlington amplifier. 




2.11 The amplifier circuit shown in Fig. P2. 1 1 employs an operational amplifier with ideal 
characteristics except that its open-loop gain A a equals 20,000. How much does the 
actual closed-loop gain differ from the ideal value? 




10 kQ 





200 kt) 

A/W 



FIGURE P2.ll 

An inverting amplifier. 
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2.12 Determine the gain of the amplifier shown in Fig. P2.12. The operational amplifier has 
ideal characteristics. 




FIGURE P2.12 

A noninverting amplifier. 



2.13 The inverting amplifier shown in Fig. P2.13 uses a compensated op amp that has 
a dc gain of 140 dB and an open-loop bandwidth of 10 Hz. What is the op-amp 
gain-bandwidth product? What are the gain and bandwidth of the closed-loop 
amplifier? 



10 ko 




FIGURE P2.13 
An inverting amplifier. 



2.14 What is. the gain of the amplifier of Fig. P2. 1 1 if it has an input impedance of 20 
from the inverting terminal to ground? 

/ ' 

2.15 Calculate the voltage gain and input impedance of the amplifier shown in Fig. P2.13 
under the conditions that the op amp is ideal. What is the gain if the op amp has an 
open-loop gain of 80 dB? 



2.16 Derive the transfer characteristic for the amplifier shown in Fig. P2. 16. Assume the op 
amp is ideal. 



2.17 Derive an expression for I 0 in terms of V t for the amplifier shown in Fig. P2.17. 
Assume the op amp is ideal. 
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FIGURE P2.16 

A bandpass amplifier. 



*2 




FIGURE P2.17 
An inverting amplifier. 



2.18 Calculate the gain of the cascode circuit shown in Fig. P2.18. Assume the collector 
direct current is 1 raA. 





FIGURE P2.18 
A cascode amplifier. 



2.19 What is the bandwidth of the amplifier illustrated in Fig. P2.13 if the Burr-Brown 
3554 is used as the operational amplifier? See Appendix 5 for the 3554 specifica- 
tions. 

2.20 Determine the output voltage by determining the common-mode and differential mode 
gains in Fig. P2.20. 
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FIGURE P2.20 
A BJT differential amplifier. 



2.21 Calculate the voltage V 0 in Fig. P2.21 after selecting Vi, so that the transistors are 
approximately in the middle of their linear operating region. 



+9 




FIGURE P2.21 

A BJT differential amplifier. 
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2.22 Determine the output voltage of the circuit in Fig. P2.22 as a function of e, and V 



+9 




FIGURE P2.22 

Current source biased differential amplifier. 



*2.23 Design a differential voltage amplifier with a voltage gain of at least 30 dB. The 
source impedances is 50 12 , and the load impedance is not specified. 2N2222A tran- 
sistors, resistors, and capacitors are available as are two 9-V supplies. The low- 
ffequeney response can be neglected (i.e., arbitrarily large capacitors can be used for 
. the low-frequency response). Verify your design, using computer simulation, and 
determine the upper —3 -dB frequency of the amplifier. 
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Network Noise and 
Intermodulation Distortion 



■ 3.1 

INTRODUCTION 

One of the most important factors to consider in evaluating the performance of a 
communications network is the network’s ability to process low-amplitude signals. 
Every system creates noise, which limits its ability to process weak signals; the 
principal noise sources are (1) random noise generated in the resistors and transis- 
tors, (2) mixer noise created by the nonideal properties of the mixers, (3) the unde- 
sired cross-coupling of signals between two sections of the receiver, and (4) power- 
supply noise. Except for random noise, all these sources of noise can be eliminated, 
at least in theory, by proper design and construction. 

Random noise is inherent in all resistors and transistors. It is a critical factor in 
the performance of communication receivers since it determines the minimum sig- 
nal level that can be detected. A measure of receiver performance, referred to as the 
noise figure, has long been used to quantitatively describe the noise generated in a 
network. This chapter discusses the nature of random noise and how it affects 
receiver performance and design of low-noise amplifiers. 

At one time the noise figure was considered sufficient for characterizing a 
receiver’s performance, but today large-amplitude, unwanted signals are often at 
the receiver -input. It. is often necessary to be able to detect low-amplitude signals 
that are adjacent in frequency to large-amplitude, unwanted signals, and the noise 
figure is not adequate to completely describe a receiver’s performance. For this rea- 
son, the term “dynamic range” is introduced in this chapter to more completely 
describe receiver performance. 

I 3.2 

NOISE 

All signals, whether at the network input or output, are contaminated by noise which 
degrades the system performance. The “noisiness” of a signal is usually specified in 
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terms of the signal-to-noise ratio S/N, which is, in general, a function of frequency. 
The signal-to-noise ratio can be defined as 



S(f ) rms signal voltage 

N {f ) rms noise voltage 

or _ peak signal power 

average noise power 

or _ average signal power 

average noise power 

Unless otherwise stated, the last definition will be used here for the signal-to-noise 
ratio, that is, 



S _ average signal power 
N average noise power 

In order to define the average noise power, the origins and characteristics of net- 
work noise will first be discussed. An appropriate definition of noise is that it is “any 
unwanted input.” Noise consists of both nonrandom, or periodic, components and 
random components. Types of nonrandom, or periodic, noise include power-supply 
noise and noise due to the unwanted cross-coupling of large signals such as that 
from a local oscillator. Note that the oscillator signal is considered to be a noise if it 
occurs at a point in the system where it is not desired. Noise of human origin is usu- 
ally the dominant factor in receiver noise. Most of this Jype of noise is determinis- 
tic and can (at least theoretically) be eliminated through proper circuit design, lay- 
out, and shielding. 

Random noise, by its very nature, cannot be eliminated. It places a lower theo- 
retical limit, much like the uncertainty principle in physics, on the receiver noise 
level. An understanding of the properties of random noise allows one to control, by 
system design, its effect on receiver performance. 

Random noise is described in terms of its statistical properties. At any instant, 
noise amplitude cannot be predicted exactly, but it can be expressed in terms of 
a probability density function. For system design and evaluation it suffices to 
describe the noise in terms of its mean-square or root-mean-square (rms) values. 
The mean-square noise voltages (currents) are often referred to as the noise power 
since they are directly proportional to the power dissipated in a resistor. The 
mean-square power is normally frequency-dependent and is usually expressed 
as a pbwer spectral density function (unit of power per hertz). The total noise 
power P is 

P= f h Pif)df 

In the following sections lowercase letters denote spectral density functions (volts 
squared per hertz, etc.), and uppercase letters denote mean-square values (volts 
squared, etc.). 

Random noise can be subdivided into noise occurring external to the receiver, 
such as atmospheric and interstellar noise over which the receiver designer has no 
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control, and random noise occurring in the receiver. The most common form of ran- 
dom noise originating in the receiver is thermal noise. 



Thermal Noise 



J. B. Johnson discovered thermal noise — the minute currents caused by the thermal 
motion of the conduction electrons in a resistor that constitute a random noise. 
H. Nyquist was able to demonstrate, using statistical thermodynamics, that the ther- 
mal noise generated in an impedance Z(/) in a frequency interval Af is given by 
(Fig. 3.1) 

El = AkTR(f) Af (3.1) 

where E n — rms value of thermal noise voltage 

R(f) = resistive component of impedance Z(/), Q. 

T = absolute temperature, K 
k = Boltzmann’s constant, 1.38 x 10“ 23 W * s/K 



Since the real part of the impedance R will in general be a function of frequency, 
the thermal noise voltage will also be frequency-dependent. However, for a resistor 
R, Eq. (3.1) states that the thermal noise voltage squared will be proportional to the 
frequency interval A /. This implies that if the interval is infinite, the noise power 
contributed by the resistor is also infinite. Actually, Eq. (3.1) must be modified at 
very high frequencies (above 100 MHz), but it is sufficiently accurate for the pur- 
poses of this text. 

For a linear network the total mean-square voltage density appearing across any 
two terminals is given by 

El = 4kTR(f) df (3.2) 



where R( f) is the real part of the impedance Z(/). Impedance Z(/) is the imped- 
ance looking into the two terminals between which E n is measured. The total mean- 
square noise is then obtained by integrating this expression over all frequencies. 

An alternative but equivalent interpretation is to find the noise due to each resis- 
tor. If a resistor is connected to a frequency-dependent network as shown in Fig. 3.2, 
then the total noise at the output due to R will be given by 





4kTRG(f)df 



(3.3) 



o FIGURE 3.1 

A resistor together with the mean-square thermal noise voltage of 
the resistance. 



El = AkTR trf 
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where G(f ) is the magnitude squared of the frequency-dependent transfer function 
between the input and the output voltages, or 



G(f) = 



Eg{f) 2 

£„(/) 



(3.4) 



Since in this case R is not a function of frequency, Eq. (3.3) is equivalent to 



/*00 

= 4 kTR / G(f) df 
Jo 



(3.5) 



The integral of the magnitude squared of the transfer function (normalized for unity 
gain) is referred to as the noise bandwidth B n of the system. The noise bandwidth 
differs from the system’s 3-dB bandwidth in that the noise bandwidth is the area 
under the curve G(f). A system can have a narrow 3-dB bandwidth and yet have a 
large noise bandwidth. 

example 3.i. The impedance of the parallel combination of a resistor R and capaci- 
tor C shown in Fig. 3.3 is given by 



Z(a>) = 



R 

1 + j(oRC 



The real part of Z(co) = R((d) is given by 



R(a>) = 



R 

1 + c o 2 R 2 C 2 



(3.6) 



(3.7) 
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FIGURE 3.4 

A simple frequency-dependent network including 
the thermal noise source. 



so the total output noise power generated by the impedance will be 



El = AkTR 



f 



df 



1 + (J-R 2 C 2 



kT_ 

~C 



(3.8) 



which is independent of the size of the resistor and depends only on the capacitance C 
and temperature T. 



example 3 . 2 . The circuit of Example 3.1 could also be interpreted as shown in 
Fig. 3.4. Here the noise is represented as the equivalent thermal noise of the resistor R. 
The transfer function is given by 



G(f) = 




= (1 +a> 2 R 2 C 2 )-' 



(3.9) 



Thus, using Eq. (3.4), the output noise voltage squared is found to be 



El = AkTR 




df - 
1 + co 2 R 2 C 2 



kT 

T 



(3.10) 



which is the same result as obtained in Example 3.1. Since 

E 2 0 = AkTRB n 

the circuit noise bandwidth B n = 1/(4 RC) Hz. The 3-dB bandwidth is 2n/(RC) Hz. 

In this example the same result was obtained by interpreting the noise to origi- 
nate in the real part of the impedance Z(/) or by interpreting the noise to originate 
in the resistor. It makes no difference whether the thermal noise voltage is inter- 
preted to arise in the real part /?(/) of the impedance Z(/) or whether the resistive 
elements are taken as the ultimate source of the thermal noise. 



Resistors in series 

Equation (3.1) states that the noise voltage is the rms value of a randomly vary- 
ing signal. If two resistors are added in series, as shown in Fig. 3.5, it is the noise 
voltages squared, not the noise voltages, which are added. 

E 2 n = E\ + E\ = 4 kT(Ri + R 2 ) A / (3.11) 

Similarly, for two resistors in parallel the equivalent noise voltage is 
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FIGURE 3.5 

Equivalent mean-square noise voltage representation of two resis- 
tors in series. 

The noise sources described here all refer to rms quantities, and the noise 
source has no polarity associated with it. In order to keep the notation simple, the 
noise sources are expressed in terms of the square of the voltage or current, and 
the values referred to are always the mean-square values. 

Current-source representation 

Equation (3.1) states that the thermal noise can be represented by a voltage 
source in series with a noiseless resistor. Norton’s theorem shows that the voltage 
noise source illustrated in Fig. 3.6 b can also be represented by a current generator 
in parallel with a noiseless resistor as shown in Fig. 3.6a. 

Excess resistor noise 

The thermal-noise power density generated in resistors does not vary with fre- 
quency, but many resistors also generate a frequency-dependent noise referred to as 




(a) 



FIGURE 3.6 ... 

Equivalent mean-square noise source representations of a resistor: (a) current genera or 

with noiseless resistor; (b) voltage noise source. 
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excess noise. The excess noise power has a 1// spectrum; the excess noise voltage 
is inversely proportional to the square root of the frequency. Noise that exhibits a 
1 //-power spectral characteristic at low frequencies is often referred to as pink 
noise. 

The amount of excess noise generated in a resistor depends upon the resistor’s 
composition. Carbon resistors generate the largest amount of excess noise, whereas 
the amount generated in wire-wound resistors is usually negligible. However, the 
inductance inherent in wire-wound resistors restricts them to low-frequency appli- 
cations. Metal film resistors are usually the best choice for high-frequency commu- 
nications circuits, where low noise and constant resistance are required. 



Active Device Noise 



Besides the thermal noise of resistors, the other sources of random noise of impor- 
tance in network design are the active devices — integrated circuits, diodes, and 
transistors. The two main types of device noise are 1 //, or flicker, noise and shot 
noise. Flicker noise is a low-frequency phenomenon in which the noise power den- 
sity follows a 1//“ curve; the value of a is close to unity. 

An electric current composed of discrete charge carriers flows through an active 
device. The discreteness of the charge-carrier fluctuations is present in the current 
crossing a barrier where the charge carriers pass independently of one another. 
Examples of such barriers are the semiconductor pn junction, in which the passage 
takes place by diffusion, and the cathode of a vacuum tube, where electron emission 
occurs as a result of thermal motion. The current fluctuations represent a noise com- 
ponent referred to as shot noise, which can be represented by an appropriate current 
source in parallel with the dynamic resistance of the barrier across which the noise 
originates. The spectral density of this shot noise is given by 

il = qkl a A 2 /Hz (3.13) 



where q is the charge on an electron, I 0 is the direct current, and k is a constant that 
varies from device to device and also depends on how the junction is biased. In a 
junction transistor k is equal to 2. Figure 3.7 illustrates the shot noise equivalent cir- 
cuit for a forward-biased pn junction. Lowercase letters are used to denote the noise 
density as mean square (volts or amps) per hertz. Shot noise, like thermal noise, has 




= 2 ql 0 Af 



FIGURE 3.7 

Network including the shot noise current source of a 
/injunction (lowercase i 2 denotes current spectral 
density). 
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a uniform power spectral density, and the total noise current squared is proportion- 
al to the bandwidth. That is, 

= ‘l A/ (3.14) 

The current source represented in Fig. 3.7 denotes that no direction is associated 
with the current source since it is a mean-square value. If the additional 1 //noise is 
included, the total mean-square current noise density can be written as 

'„ 2 </) = '„ 2 ,( l + y) A 2 /Hz (3.15) 

where ft is the frequency where the shot noise current is equal to the 1 // noise 
current. Frequency f L varies from device to device and is usually determined 
empirically. 

Figure 3.8 illustrates the power density of the total noise current as a function 
of frequency. At frequencies below f L the noise power density increases at a rate of 
6 dB per octave, while at frequencies much higher than f L the noise power is equal 
to the shot noise and is independent of frequency. If the noise current is connected 
to a frequency-dependent network, the mean-square current at the output will be 

poo 

Il=\ Mftfdf (3.16) 

Jo 

where is the magnitude squared of the current transfer function between 

input and output. 



Noise in Transistor Amplifiers 1 

The previous discussion has shown that any amplifier must generate noise, which 
consists of thermal noise generated in the resistors plus the short and 1 // noise 
generated in the active devices. An equivalent circuit of a transistor amplifier, which 




FIGURE 3.8 

Spectral density function of the total noise current (including 
1 // noise). 
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identifies the shot noise sources, is shown in Fig. 3.9. And i„ 2 represents the shot 
noise current density due to the bias current on the output of the device, and i nx is 
the shot noise current density due to the input bias current. The other noise source 
is due to the load resistor R L . 

If the transistor output impedance is much larger than R L , the output noise volt- 
age due to /„ 2 will be 

Mi = CM 

It is convenient to refer all the noise sources to the input. The amplifier voltage gain 
(assuming R L is much less than the transistor output impedance) is approximately 



V/ 



— 8m R]L 



so the output noise current source can be replaced by an equivalent input noise volt- 
age source 



eX = 



A 



si R i 8i 



(3.17) 



The noise source e\ can be interpreted as due to thermal noise of the transconduc- 
tance g m . Likewise, the thermal noise of the load can also be represented as a noise 
<? 3 in series with the input, where 



e 



2 

3 



4 kTR L 

«PT 



(3.18) 



Normally e$ and can be neglected. The amplifier, with the noise sources 
referred to the input, can be designated as shown in Fig. 3.10. The amplifier is con- 
sidered noiseless, and the noise is represented by the noise voltage and current 
sources. The model as represented has been simplified by assuming that the voltage 





FIGURE 3.9 

Model of a transistor amplifier including 
two shot noise sources and the noise 
source of the load resistance. 



= utr l 




2 

"2 
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FIGURE 3.10 
Another representation of the 
model shown in Fig. 3.9, but with 
the noise sources referenced to 
the input side of the amplifier. 



gain and amplifier transadmittance are independent of frequency. In this case the 
total mean-square noise voltage will be proportional to frequency; but in the more 
general case, frequency-dependent transfer functions must be used, and the total 
mean -square noise voltage can only be obtained by integrating the instantaneous 
values over the frequency region of interest. The model also does not include any 
thermal noise present in the amplifier. 

Transistor noise can originate from one of two sources. 

BJT noise 

The principal noise sources in a bipolar transistor are the two shot noise sources 
and the thermal noise created in the base spreading resistor r' b : 



e l — 4kTr' b 


V 2 /Hz 


(3.19) 


£=2 qh 


A 2 /Hz 


(3.20) 




A 2 /Hz 


(3.21) 



The noise current source is connected between the base and emitter junctions, 
and the other current source is connected between the collector and emitter junc- 
tions. At high frequencies (above J'p of the transistor) the noise currents increase 
with increasing frequencies, and the complete expression is 

i = <» (' + Pji) < 3 - 22 > 

Section 3.4 describes a more detailed model of the noise sources in a BJT amplifier. 



FET noise 



The FET noise sources (excluding excess noise) are given by the following 
expressions: 



, 2.8 kT 

il = W* 



V 2 /Hz 



(3.23) 



and 



A 2 /Hz 



(3.24) 
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where g m is the mutual conductance and I g is the gate leakage current. The noise 
sources of MOSFETs and JFETs are the same, but I g is negligible for MOSFETs. 
The shot noise increases with frequency at very high frequencies; the total noise 
current is 



7 _ 2.8 kT , , 

i 2 n = 2 ql g + a?C 2 gs , A/Hz (3.25) 

gm 

where Cgs> is approximately two-thirds of the transistor gate- to- source capacitance. 

The transistor amplifier noise model will subsequently be used for the design of 
low-noise amplifiers, but first one of the parameters most often used to characterize 
the “noisiness” of a system, the noise figure, will be described. 



1 3.3 

NOISE FIGURE, NOISE FACTOR, AND SENSITIVITY 

Although the signal-to-noise ratio is the best measure of system input and output 
signal quality, a quantitative measure is also needed of how much noise is added by 
the circuit, whether the circuit is a passive filter, an amplifier, or an entire receiver. 
The noise factor F has become a standard figure of merit of the amount of noise 
added in a circuit. According to the IEEE Standards, “The noise factor, at a speci- 
fied input frequency, is defined as the ratio of (1) the total noise power per unit 
bandwidth available at the output port when the noise temperature of the input ter- 
mination is standard (290 K) to (2) that portion of fl) engendered at the input 
frequency by the input termination.” 2 

Available power refers to the maximum power that can be delivered from a 
generator with a source impedance R s to a load impedance Ri. For the network of 
Fig. 3.11 it is easily shown that the load receives maximum power when the load is 
matched to the source, that is, when 

Zl = z; 

where Z* is the complex conjugate of the impedance Z. Under matched conditions 
the load power will be 



E 2 

P = — - 

■ ° 4 R t 



(3.26) 



FIGURE 3.11 

A simple circuit model for determining the maximum 
power transfer to the load impedance. 
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This is the maximum available power from the source E s . Therefore the available 
noise power from a resistor R is equal to kT A /. That is, the available noise power 
is independent of the size of the resistor! 

The IEEE definition for noise factor F can be stated as 

F available output noise power ^ 

available output noise due to source 

If Nj is used to denote the noise power available from the source and N is the total 
noise, 




(3.28) 



The o subscripts indicate that the noise powers are specified at the output. It must 
be kept in mind that the symbols refer to the available noise powers. The noise fac- 
tor depends upon the noise generated in a device and on its input termination, but 
not upon the output termination. Since the output noise power in a linear system is 
the sum of the noise due to the source plus the noise N a added in the system, the 
noise factor can be written as 



Ni+Na 

N t 



(3.29) 



The definition for available noise power used in Eqs. (3.26) to (3.29) must specify 
whether the noise is the total noise or the noise per unit bandwidth. Noise per unit 
bandwidth will be used unless otherwise noted. In Eq. (3.29) the values for noise 
can refer to the values at the input or output, and it is important only that one be con- 
sistent. We will use as standard notation 



Ni — available input noise per unit bandwidth 

N a = available noise power added per unit bandwidth (referred to input) 

Since the output power S 0 is the available input signal power 5, times the power 
gain G(/), Eq. (3.29) can be written as 

p = Nj + N a G{f)Sj ^Si_ No 3 

' ' . NiS 0 N t S 0 K ^ 

[Thembise at the output N a is the noise at the input JV,- + N a multiplied by the 
power gain G(/).] Therefore the noise factor can also be written as 

input signal-to-noise ratio 
output signal-to-noise ratio 

The noise factor F is a measure of the degradation of the signal-to-noise ratio due 
to the noise added in the system. Note that the output signal-to-noise ratio is less 
than the input signal-to-noise ratio. This seeming contradiction is due to the noise 
figure’s being specified at frequencies where both signal and noise are present. 
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Since the maximum available noise power is E 2 /(ARg), the maximum available 
noise power per unit bandwidth from a source resistance is 

4 * 77 ?* , 

N, = — — s - = kT (3.31) 

4 R g 

independent of the size of the source resistance. Hence the noise factor of a receiv- 
er is 



F = 1 + % (3.32) 

kT 

This is the noise factor measured in a unit bandwidth at a particular frequency and 
is often referred to as the spot noise factor. The source impedance does not appear 
in this expression for the noise factor, but it will subsequently be shown that the 
noise added depends on the source impedance, and hence so does the noise factor. 

Note that in an ideal receiver no noise is added (N a = 0) , so the receiver has 
a unity noise factor. Since the noise factor is always greater that 1, the output 
signal-to-noise ratio is always less than the input signal-to-noise ratio. That this 
does not agree with experience is a result of the definition of noise factor. A receiv- 
er will usually improve the signal-to-noise ratio through filtering of the input noise. 
Since the noise factor definition uses the same bandwidth in defining the two sig- 
nal-to-noise ratios, the noise factor does not reflect the filtering quality of the 
receiver, and it is only one parameter to be considered in completely describing 
receiver performance. 



Average Noise Factor 

The noise performance of a communications system normally needs to be described 
over a range of frequencies. One method is to determine the spot noise factor at sev- 
eral frequencies. Another method found useful in noise measurements is to specify 
the average noise factor. The average noise factor is defined as the ratio of (1) the 
total noise power delivered into the output termination by the transducer when the 
noise temperature of the input termination is standard (290° K) at all frequencies to 
(2) that portion of (1) engendered by the input termination. 

The average noise factor F is 

f F(f)G(f ) df 

F = (3.33) 

J G(f ) df 

where G(f) is the system power (transducer) gain and F(f) is the frequency- 
dependent noise factor. For a heterodyne system, the noise created by the input 
includes only that portion of the noise from the input termination that appears in the 
output via the principal frequency transformation of the system and does not include 
spurious contributions such as those from an image-frequency transformation. 
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Noise Figure 

The noise factor is often expressed in decibels. In this case it is called the noise fig- 
ure (NF) and is defined as 

NF = 10 log F (3.34) 

Since the minimum value of F = 1 , the noise figure of an ideal noiseless network 
is 0 dB. 



Noise Factor of Cascaded Networks 

If the noise factor and power gain of individual networks are known, the noise fac- 
tor of cascaded networks is readily determined. First consider the series combina- 
tion of two networks with noise factors and power gains F\,G X and F 2 , G 2 , respec- 
tively. If the available input noise power is equal to kT, the noise added by 
network 1 is 



FiNt - Ni = N ai = kT(F \ - 1) 
Likewise, the noise added by network 2 is 

N ai = kT(F 2 - 1) 

and the noise added in network 2, referred to the input, is 

N ai = kT(F 2 - 1) 

G\ G l 

The overall noise factor is thus 



(3.35) 



(3.36) 



available input noise power + noise added 

r — 

available input noise power 

(3.37) 

kT + (Fi - \)kT + (F 2 - V)kT/G x 
kT 

F 2 - 1 

= + (3.38) 

G 1 

Equation (3.38) states that if the power gain of the first stage is large, the overall 
noise factor will be essentially that of the first stage. In other cases, the noise factor 
of the second stage, and even of succeeding stages, will be an important factor in the 
overall noise factor. Equation (3.38) is readily extended to n stages. For an n-stage 
system 



F = F x + 



F 2 - 1 
G\ 



Fz- 

Gi 



G 2 



+ •■■ + 



F„- 1 

G\G 2 • • * 1 



(3.39) 



example 3 . 3 . For the system shown in Fig. 3.12, the first stage has a noise figure of 2 
dB and a gain of 12 dB; the second stage has a noise figure of 6 dB and a power gain of 
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FIGURE 3.12 

Numerical example of two 
cascaded, noisy networks. 
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10 dB; the second stage has a noise figure of 6 dB and a power gain of 10 dB. What is 
the overall noise figure? 

Solution. Equation (3.38) expresses the noise factor F in terms of the noise factors for 
each stage. Thus the noise figures must first be converted to noise factor values: 

F\ = 1.59 F 2 = 4 

The corresponding gain values are 

Gi = 15.9 G 2 = 10 

The overall noise factor is 

4- 1 

F = 1.59+ ^- = 1.779 

and the noise figure of the two-stage system is 

NF= 10 log 1.779 = 2.5 dB 

example 3.4. If G i and G 2 of Example 3.3 are independent of frequency, what will 
be the total output noise power of the cascaded system in a 3-kHz bandwidth? The oper- 
ating temperature is 290° K. 

Solution. Since Ni + N a = FkTB , 

kTB = 1.37 x 10~ 23 x 290 x 3 x 10 3 

= 1.192 x 10“ 17 W 

Ni+N a = 1.779 kTB = 2.12 x 10" 17 W 

and the output noise 

N 0 = G\G 2 (Ni + N a ) = 159 x 2.12 x 10~ 17 = 337 x 10“ 17 W 



Noise Temperature 

The noise factor will normally lie between 1 and 10. For situations in which an 
expanded scale is needed, the system noise factor is usually expressed in terms of 
noise temperature. The noise factor is given by 



F = 1 4* 



Na 

N, 




(3.40) 



where T is the reference noise temperature. The noise added can be interpreted as 
the available noise from a resistor whose temperature is T r . That is, 



F 







(3.41) 
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or , T r — (F — 1 )T (3.42) 

where T r is referred to as the system noise temperature. 

example 3.5. What is the variation in noise temperature as the noise factor varies 
from 1 to 1.6 (NF varies from 0 to 2 dB)? Assume the reference temperature is 290 K. 

Solution. When the noise factor is 1, the noise temperature is 0. When the noise factor 
is 1.6, 

T r = (1.6- 1)290= 174 K 

Thus the change in the noise temperature is much greater than the change in the noise 
factor. This is a principal reason for using noise temperature to describe system noise. 



Sensitivity 

The available input signal level 5, for a given output signal-to-noise ratio (S/N)„ is 
referred to as the system sensitivity , or noise floor , ; The input voltage level corre- 
sponding to Si is called the minimum detectable signal. Although the signal-to-noise 
ratio will depend on the system frequency response, we will assume for simplicity 
that the frequency response can be represented by the ideal characteristic shown in 
Fig. 3.13. Although this frequency response can never be realized in an actual 
receiver, it is closely approximated in many communication systems, especially 
those which include a narrow bandpass filter. When the frequency characteristic is 
ideal, Eq. (3.5) for the total available noise power frorn a resistor can be written as 

E 2 

= kTB (3.43) 

4 R 

where B is the bandwidth. Therefore Eq. (3.30) can be written as 

Si = F(kTB) (Jjj (3.44) 

where N 0 is now the total noise power at the output. 

example 3.6. What minimum input signal will give an output signal-to-noise ratio of 
0 dB in a system that has an input impedance equal to 50 £2, a noise figure (NF) of 8 dB, 
and a bandwidth of 2.1 kHz? 




| 0(/)1 



FIGURE 3.13 

Frequency response of the magnitude 
of an ideal bandpass filter. 
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Solution . For a 0-dB output signal-to-noise ratio and a 290 K operating temperature, 
Eq. (3.44) can be written 



10 log S, = NF — 144 + 10 log B 

where S, is in milliwatts and B is in kilohertz. For a bandwidth of 2.1 kHz, 

Si = - 133 dBm 133 dB below 1 -mW level 

where is the available input power and is related to the input signal voltage by 
Eq. (3.26). Thus 

v 2 

Si = — ! - = 5.02 x 10~ 17 W 
4 R s 

Since R s = 50 £2 , 



Ei =0.10 /rV 

That is, for these specifications the noise floor for an output signal-to-noise ratio of 1 is 

0.10 juV. 

example 3.7. What is the minimum detectable signal or noise floor of the system in 
the previous example for an output signal-to-noise ratio of 10 dB? 

Solution. In this case Eq. (3.40) becomes 

10 log Sj = NF- 134+ lOlogfi = -123 dBm 

S( = 5 x 10“ 13 x 10~ 3 W 

and the minimum detectable signal is 

Ei = 0.32 mV 

Sensitivity is always specified for a given signal-to-noise ratio. Although the 
required output signal-to-noise ratio may not be the same as that used in the sensi- 
tivity specification, sensitivity does provide an objective measure for comparing 
receiver performance. The required signal-to-noise ratio at the receiver output will 
depend on the function of the receiver and on whether or not additional signal pro- 
cessing (such as correlation detection) is performed. An output signal-to-noise ratio 
between 0 and 10 dB is adequate for normal listening. 

Receiver noise figure is a measure of how much noise is added by the system. 
A low noise figure is often desirable, but there are situations in which this is of lit- 
tle importance. This is particularly true when the input noise is much greater than 
the noise added by the system. Numerical examples will illustrate this point. 

example 3.8. Consider a communications receiver with a 50- ft input impedance, 
a B of 3 kHz, and a 4-dB noise figure. The noise floor of this receiver for an output 
signal-to-noise ratio of 10 dB is found to be, using Eqs. (3.26) and (3.44), 

Si = -125 dBm =3 x 10“ 16 W 

Ei = 0.245 mV 

An input signal of 0.245 fxY will produce a 10-dB output signal-to-noise ratio. Now 
consider the performance of this receiver when it is connected to an antenna with a 
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noise figure of 20 dB. Expressing the noise at the antenna in terms of the noise figure 
has become accepted practice, as it facilitates the numerical analysis. Antenna noise fac- 
tor is defined to be 

„ noiseam + thermal noise 

F m = : : (3.45) 

thermal noise 

or noiseam = {F a — 1) x thermal noise. Antenna noise refers to the total noise picked 
up by the antenna, primarily from external sources. The antenna noise factor in this 
example is 1 00. Hence the antenna noise is seen to be 

Mm = 99 x thermal noise = 99 kTB 

The total input noise is the antenna noise plus the source noise, or 100 kTB. The output 
noise (referred to the input) is 

N 0 = Mmt + Ni+N a = (F a - 1 )kTB + F r kTB 

= Mu,, + F r kTB 

where F r refers to the receiver noise factor. The output signal-to-noise ratio is thus 

Si S 0 

MF _ Mo 



(l) - * 

\NJ 0 (F a + F r - 



\N / 0 ( F a + F r -\)kTB 

In this example the antenna noise figure is 20 dB which corresponds to a noise factor of 
100. Since the receiver noise factor is 2.5 (NF = 4 dB)7the input signal required for a 
10-dB output signal-to-noise ratio is 



= ( 100 + 2 - 5 - 1 )^ 

= 10 x 101.5 x 397 x 10~ 23 x 3 x 10 3 
= 1.203 x 10~ 14 W 

Thus the minimum detectable signal for a 10-dB output signal-to-noise ratio is 

Ei = 1.56 fiV 

This is much larget |han the 0.245 /x V required if there were no antenna noise. 

example 3.9. What will be the minimum detectable signal level in the previous 
example if a receiver with a noise figure of 10 dB is substituted? 

Solution. Since the receiver noise factor is 10, Eq. (3.46) becomes for this system 



-(i). 



Si = ( — ) (100+ 10- \)kTB 



= 1.29 x 10“ 14 W 



and the minimum detectable signal is 



Ei = 1.6 (jV 
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A 6-dB increase in the receiver noise figure results in only a 0.3-dB reduction in the out- 
put signal-to-noise ratio because the noise added by the receiver is much less than the 
antenna noise. 

Examples 3.8 and 3.9 illustrate that if the input noise is large, very little is 
gained by reducing the system noise figure below some acceptable level. For com- 
munications receivers operating below 30 MHz, 8 to 10 dB is usually taken as an 
acceptable receiver noise figure because of the large antenna noise figure. Howev- 
er, as the frequency is increased above 30 MHz, receivers with lower noise figures 
are desirable because the antenna noise is much less at the higher frequencies. 
When the input noise is large, not only the receiver bandwidth but also the actual 
passband must be selected for optimum performance by considering the frequency 
characteristics of the antenna noise. 

Noise comparisons of two receivers must be used with care since the network 
with the lowest noise figure does not necessarily have the highest output signal-to- 
noise ratio. The following section on low-noise design proves this important point. 



m 3.4 

DESIGN OF LOW-NOISE NETWORKS 
Network Noise Representation 

Any linear noisy two-port network (or amplifier) can be represented by a noiseless 
network plus two noise generators e„ and i n , as shown in Fig. 3.14. Two noise 
sources are required to represent the network noise because noise may exist at the 
output with the input terminals short- or open-circuited. In general, e n and i n will 
be frequency-dependent. In the noise model for the common-emitter amplifier 
described in Sec. 3.2, the noise current i n was due to the input bias current shot 
noise, and the noise voltage e n was due to the output bias current shot noise plus 
the thermal noise due to the load resistor. The equivalent short-circuit input rms 
noise voltage e n is the noise voltage that would appear to originate at the input of 



4 * 7 *, e* 




FIGURE 3.14 

An amplifier noise source model. 
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the noiseless network if the input terminals were short-circuited. The rms noise 
current i n represents the remainder of the network noise. To determine i„, a resis- 
tor R s is shunted across the input terminals and the output noise is measured. 



Network Noise Factors 



In this section we will consider the more general problem in which the source and 
network input resistances are not necessarily matched. 

The output noise power referred to the input in a unit bandwidth of the amplifi- 
er illustrated in Fig. 3.14 is then (assuming i n and e„ are uncorrelated) 

AT = e\ + i„ 2 ft 2 + 4 kTR, (3.47) 

The noise voltage e n is determined by measuring the output voltage with the input 
terminals short-circuited. The output noise is then measured with a specified source 
resistance. From this measurement i„ can be determined, provided the power gain 
is known. The noise added by the network is 

N„ = el + ilR] (3.48) 

The network noise factor in any unit bandwidth can be defined as 

= el + iffi + AkTR, 

AkTR s 

which agrees with the previous definition when R s = R 7. 

example 3.10. Plots of the input noise voltage and input noise current for the 
Fairchild 741 operational amplifier are presented in Fig. 3.15. At 1 kHz the input noise 
voltage is approximately 

e 2 n > 8 x 1(T 16 V 2 /Hz 
and the input noise current is approximately 

i B 2 = 9x 10~ 25 A 2 /Hz 

If a 10-k£2 source impedance is used, the amplifier noise factor will be 

- t 8 x 10“ 16 + 0.9 x 10“ 16 

f=1 + 4x 1.37 x 10“ 23 x 290 x 10 4 

' * = 6.6 



Equation (3.49) indicates that a network’s noise factor depends upon the source 
resistance. The value of source resistance that minimizes the noise factor can be 
formed by differentiating Eq. (3.49) with respect to R s : 



dF 

dR s 




= 0 



(3.50) 



or 



R 



i , 



13 1 — rm — i — rm — i — rm — i — rm — i 10- 
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The value of source resistance that minimizes the noise factor is equal to the input 
noise voltage divided by the input noise current. If i n is large relative to e n , a low 
value of source resistance is called for; if i„ is small (such as in a FET input ampli- 
fier), a large value of R s is needed to minimize the noise factor. Since e n and i n are, 
in general, frequency-dependent, the source resistance required for minimization 
will be also; R s is usually chosen to minimize the spot noise factor at a specified fre- 
quency. 

example 3 . 11 . What will be the minimum noise figure of the 741 operational ampli- 
fier of the preceding example at 1 kHz? 



Solution. The value of source resistance that minimizes the noise figure is found from 
Eq. (3.50) (and Fig. 3.15): 



(*,)opt — 



/ 8 X 10“ 16 \ 1/2 
\9 x 10~ 25 / 



= 30 x 10 3 S2 



The minimum noise factor is found by using this value of source resistance in Eq. (3.49): 

8 x 10“ 16 + 9 x KT 25 x 9 x 10 8 
F ” 1 + 4 x 1.37 x 10- 23 x 290 x 30 x 10 3 

= 4.35 



and the minimum noise figure is 



NF = 6.4 dB 



Low-Noise Design 

The concept of optimizing the source resistance to minimize the noise figure must 
be used with caution. A better criterion of a network’s noise performance is the out- 
put signal-to-noise ratio. Minimizing a network’s noise figure does not necessarily 
maximize the output signal-to-noise ratio, since changing the source resistance 
also changes the input signal-to-noise ratio. The signal-to-noise ratio is readily 
determined by replacing the input to the noiseless network by its Thevenin equiva- 
lent. If the noise sources are independent, the equivalent input circuit is as shown in 
Fig. 3.16. There are three noise sources due to e n , i„, and the thermal noise gener- 
ated in the source resistor R s . Since the voltage sources are in series with the 
signal^, they will have the same input-to-output transfer function, and the signal- 
to-noise ratio in any unit bandwidth is given by 

c e 2 

— - £ (3.51) 

N e\ + i 2 R 2 + 4kTR s 

If the applied signal is not a function of source resistance, then it is evident that the 
smaller the source resistance, the larger will be the signal-to-noise ratio. It would be 
detrimental to circuit performance to increase the source resistance in order to opti- 
mize the noise figure. Although this would result in the minimum noise figure, it 
would not maximize the output signal-to-noise ratio. 
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j2 R 2 *2 




FIGURE 3.16 

Amplifier equivalent noise voltage sources. 



example 3 . 12 . The previous example found that a source resistance of 9.42 k£2 
resulted in a minimum noise factor of 4.35. For this value of source resistance and the 
values of e„ and i n specified in Example 3.10, the total noise is found to be 

IV = e\ + i 2 n R] + 4 kTR s = 17.48 x 10“ 16 V 2 /Hz 

If the source resistance is zero, the total noise is 

N = e 2 n = 8 x 1CT 16 V 2 /Hz 

which is less than 50 percent of the noise obtained when the noise factor is minimized. 

If the signal voltage is a function of source resistance, then it is often possible 
to simultaneously minimize the noise figure and maximize the output signal-to- 
noise ratio. A most important case is that in which the source can be transformer- 
coupled to the amplifier input. In this case 

R' s = R S N 2 (3.52) 

where N is the transformer turns ratio and R' s is the reflected source impedance. The 
equivalent signal voltage will be 

e' s = e s N (3.53) 

so the output signaKto-noise ratio (assuming the transformer does not add any 
noise) will be 

'( 

The rate of change of the output signal-to-noise ratio as a function of N is given by 
d(S/N) 0 _ 1Ne](e\ + i n N 4 R 2 + 4 kTN 2 R s - 2 N*i*R 2 - 4kTN 2 R s ) 
dN ~ 

which is equal to zero for 



e 2 n + i 2 n N A R 2 s + 4kTN 2 R s 

N 2 R S = — (3.55) 



) e 2 

/ o c n 



N 2 e 2 



l + i 2 N 4 R 2 + 4kTN 2 R s 



(3.54) 
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provided e s is not a function of fi s . This is also the value of source resistance that 
minimizes the noise figure. Therefore, if noiseless transformer coupling can be used 
to match the source to the amplifier input, then the turns ratio that minimizes the 
noise figure will also maximize the output signal-to-noise ratio. 



A Low-Noise Amplifier 



Figure 3.17 illustrates a low-noise amplifier design using the concepts discussed in 
the previous section. This amplifier is a common-gate amplifier selected for its rel- 
atively low input impedance so that it can be matched to the source resistance R s . 
The resistor Rf, serves to bias the circuit for linear operation, and capacitors C\ and 
C 2 are short circuits in the frequency region of interest. The equivalent source 
impedance looking back from the gate to source terminals is found from the equiv- 
alent circuit, shown in Fig. 3.18, to be 



Z' 



/Ni +Afe 
V AT, 



(3.56) 



For the minimum noise factor and maximum signal-to-noise ratio, the turns ratio is 
selected so that 



R s 



V Ni 



— = R n 





FIGURE 3.17 

A low-noise FET amplifier. 




I 




-o v s FIGURE 3.18 

Input circuit of amplifier illustrated in Fig. 3.17. 

~s 

-o v s 
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FIGURE 3.19 

A small-signal equivalent circuit of amplifier 
shown in Fig. 3.17. 




where e n and i„ are the noise voltage and current, respectively, of the transistor. 

The midfrequency small-signal equivalent circuit, with r d neglected, is shown 
in Fig. 3. 19. If the reactance of the transformer is sufficiently large, little current will 
flow through the windings, and the input impedance will be 



gmVsg gm[l + WNl)]V a 

= [*"( 1 + a0. 

The circuit could also be realized with the gate grounded, as shown in Fig. 
3.20a. In this case the small-signal equivalent circuit will be as shown in Fig. 3.206 
The source impedance is 




Optimization of B JT Bias Current 

The total input noise of a common-emitter amplifier is 

N, = 4kTR, + 4 kTR' b + (^J^j Ol + + i * R] V 2 /Hz (3.57) 

Since R x , i n] , and i ni are functions of the collector direct current, it is possible to 
adjust the bias current for minimum noise. This will maximize the signal-to-noise 
ratio and minimize the noise factor. The noise contributed by the load resistor will 
be assumed small compared to the other terms. (This approximation is valid as long 
as R l r n /f$, which is usually the case.) Since 



L 
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FIGURE 3.20 

(<j) A common-gate amplifi- 
er; ( b ) simplified equivalent 
circuit. 




and 



P gm h 




the input noise can be 'written as 
Ni = 4 kIR s + AkTR' h -f ^-Rt + 



,* 2ql c r> 2 , 2,q Vj 



P 



+ 



4 qV T r b , _ 2ql c rl 



0 



+ 



V 2 /Hz 



(3.58) 



The derivative of the noise with respect to collector current is 

+ 



dNi 2qR 2 2 qrf, 2 qVj 



dl c 0 ’ P 2 I 2 

The value of direct current, which minimizes the noise, is 

v T p 



l = 



irl + PRD 1 * 



(3.59) 
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■ 3.5 

INTERMODULATION DISTORTION 



The previous sections have considered the effects of low-level noise on receiver 
performance. In this section we will show that larger signals that are close in fre- 
quency to the desired signal can also affect receiver performance. 

All communications receivers contain some degree of nonlinearity which can 
cause a change in the frequencies of the input signals and/or a change in the network 
gain. For these reasons the network nonlinearities need to be clearly delineated and 
considered during the design phase. The network nonlinearities can be described by 
the expansion 

y(x) = kif(x) + k 2 [f(x)] 2 + k,[f(x)f + higher-order terms (3.60) 

It is assumed that the nonlinearity is frequency-independent and can be adequately 
described by the first three terms; the higher-order terms will be ignored. Let f(x) 
consist of two sinusoidal signals: 

f(x ) = A\ coscuif A 2 cos o>2t 



If o)\ and a > 2 are sufficiently close together, k, can be considered the same for both 
signals. Also, for simplicity we will assume that all the fc, are real. If Eq. (3.60) 
describes the network’s response to an input f(x), the response will be 

y = k\{A[ coso>i/ + A 2 cosa>20 + k 2 (A\ cos&>i/ + A 2 coso> 2 /) 2 

+”X:3(Ai coscuif + A 2 COSft>20 3 



= k\ ( A 1 cos Q)\ t + A 2 cos a> 2 t) 



+ k 2 A\- 



+ cos 2o>i t 2 1 T cos 2a>it 
1- Ai 



COS(a>i + 0)2 )t + COS(&>! — (02)tl 

+ A1A2 

, (T^/ C0S&, 1* COSCUlf COS3<Ui? 

+ — + — 

+ A 2 A 2 t| cosct) 2 ? + | cos(2u)i + o>i)t + | 

T'A^Ai [| cos co\t + | cos( 2 o >2 + a>i)r + \ 



\ , a 3 cosu^r 

cos(2a>i — (o 2 )t ] 
cos(2fW2 — )/] } 



+ 



(3.61) 
cos 3«2fM 

4 )\ 



Gain Compression 

One effect of the nonlinearity that can be deduced from Eq. (3.61) is that the ampli- 
tude of the cos co\t signal has become 

A\=hA t +k,(\A\ + \A,A\) 



(3.62) 
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Normally k 3 will be negative, and a large signal A 2 cos ( 02 t can effectively mask a 
smaller signal A \ cos a>\t, since it results in a reduced gain because of the third-order 
coefficient k 3 . To avoid the “gain compression,” the third-order coefficient k 3 must 
be reduced. Also, multiple signals will result in a further reduction of the gain. If 
only one signal is present, the ratio of gain with distortion to the idealized (linear) 
gain is 



A\ _ k\ +k 3 (lAl) 
A\ ki 



(3.63) 



and is referred to as the single-tone gain compression factor. Figure 3.21 illustrates 
how the k 3 term causes the gain to deviate from the idealized curve. The point at 
which the power gain is down 1 dB from the ideal is referred to as the 1-dB com- 
pression point. Receivers must be operated below their gain compression point if 
the nonlinear gain region is to be avoided. 



Second Harmonic Distortion 

Second harmonics will occur at the receiver output because of the k 3 term. If a 
single signal is present at the receiver input, the amplitude of the second har- 
monic will be 



2 



(3.64) 



Intermodulation Distortion Ratio 

Another important effect of receiver nonlinearity is the intermodulation distortion 
caused by the cubic term in Eq. (3.61). Equation (3.61) shows that the cubic term 




FIGURE 3.21 

Idealized amplifier power-transfer 
characteristic illustrating the 1-dB 
compression point. 



1 
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creates the intermodulation frequencies 2co\ ± C 02 and 2a>2 ± (o \ . If a>\ and a >2 are 
of approximately the same frequency, the higher frequencies 2&>i + (02 and 2 g> 2+ 
c o\ will normally be outside the passband and can be eliminated with filtering, but 
the two frequencies 2o)\ — o >2 and 2o>i - o)\ can lie in the system passband and 
appear at the output as signal distortion. The intermodulation distortion ratio ( IMR ) 
is defined as the ratio of the amplitude of one of the intermodulation terms to the 
amplitude of the desired output signal. For the two-tone input signals, Eq. (3.62) 
yields 



IMR = 



\k3A\A2 

Mi 



3M a 
4 T, A,A2 



(3.65) 



Intercept point 

The intermodulation distortion (IMD) power is defined as 



(| hAlA 2 ) 2 
Pd 2 



(3.66) 



If the two input amplitudes are the same, the intermodulation distortion power 
varies as the cube of the input power; that is, for every 1-dB change in input 
power there is a 3-dB change in the power of the intermodulation terms. In this 
case. 



Pd = (kdP,f _ (3.67) 

where P, = A\j2, the power in one signal component, and k d is the scale factor. 
The ratio (Pimr) of the IMD power to the desired output power for the case where 
the two input signal amplitudes are the same is defined as 




Since the distortion power is proportional to the cube of the input power and the 
output power is directly proportional to the input power, 

/'.mr = (K,P,) 2 (3.69) 

A normalized plot of the desired output and intermodulation powers is shown in 
Fig. 3,22. On a logarithmic scale, the IMD power increases 3 times as fast as the 
desired output power. The value of input power for which the IMD power is equal 
to the output power contributed by the linear term {k\A\) 2 /2 is referred to as the 
intercept point P f , a term which is finding increasing usage, especially in describ- 
ing the distortion characteristics of frequency mixers. In order to express Pi in 
terms of Fimr and P iy note that when the output distortion power and the desired 
output power are equal (the intercept point), the IMR ratio is, by definition, unity, 
and thus Eq. (3.69) becomes 

1 = (KiP) 2 



L 
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FIGURE 3.22 

Power-transfer characteristic, includ- 
ing the third-order intermodulation 
distortion Pj and the two-tone third- 
order intercept point Pi. 



Since 



Pi = Pi 



at this signal level, 



K t = ( P /)- 1 



and Eq. (3.69) can be written as 

Am r = (y) " (3.70) 

where P t is the input power A\f 2. 

example 3.13. If the system intercept point is +20 dBm, what is the IMR for an input 

signal power of 0 dBm? 

Solution. To solve this problem Eq. (3.70) is used. Thus Pimr = 0 — 2 x 20 = —40 dB. 

A receiver’s intercept point is a measure of the distortion created in the receiv- 
er, and it is also a measure of its ability to reject large-amplitude signals that lie in 
close frequency proximity to a weak signal targeted for reception. The receiver 
intercept point is primarily determined by the intercept point of the input mixer. 
Double-balanced diodd ring mixers with intercept points of +15 to +27 dBm are 
readily available and relatively inexpensive, but they are used in only the more 
expensive receivers because they require higher oscillator drive levels (+7 to +23 
dBm) than do other types of mixers (such as integrated-circuit mixers which use 
field-effect transistors). Higher local oscillator levels will usually require addition- 
al shielding of the system components. Mixer specifications normally list either the 
two-tone third-order distortion at some level, from which the corresponding inter- 
cept point can be determined, or the 1-dB RF input compression level, which is 
much easier to measure. As a practical rule of thumb, the 1-dB compression point is 
approximately 15 dB below the two-tone third-order intercept point. 
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Dynamic Range 



The minimum detectable signal in a receiver is determined by the input thermal 
noise and the noise contributed by the receiver. At the other extreme, when the input 
signal is too large, the signal detection is limited by the distortion. The amount of 
distortion that can be tolerated will depend somewhat on the type of signals, but for 
purposes of an objective definition, the upper limit of signal detectability will be 
considered the signal level at which the intermodulation distortion is equal to the 
minimum detectable signal. The ratio of the minimum detectable signal to the sig- 
nal power that causes the distortion power (in one frequency component) to be 
equal to the noise floor Ny is referred to as the receiver’s dynamic range. Since the 
ideal power out is 

Po = k\p, (3.71) 

the intermodulation distortion ratio can be written as 




Define P di — P d /k\ (the distortion referred to the input); then 




When P di is equal to the noise floor Ny, 

N l= Pl 

Pi Pf 

or Pi = (PfN f ) l/3 



(3.72) 



(3.73) 



Therefore the dynamic range DR is 

— ^-(ar 

It must be kept in mind that the intercept point and noise floor are measured at the 
same point in the system. Also, the noise floor depends upon the specified output 
signal-to-noise ratio, and thus so does the dynamic range. 

example 3.14. The receiver of Example 3.6 has an intercept point of 20 dBm. What 
will be the dynamic range for an output signal-to-noise ratio of 10 dB? 

Solution . From Example 3.7 it is known that the required available input signal power 
S[ — —123 dBm for a 10-dB output signal-to-noise ratio. The receiver’s dynamic range 
[using Eq. (3.74)] is thus 



DR = 0.67(20 + 123) = 95.3 dB 



98 



chapter 3: Network Noise and Intermodulation Distortion 




FIGURE 3.23 

Circuit with a power intercept point Pi preceded 
by a preamplifier with a voltage gain A v . 



If a linear preamplifier with a voltage gain A v is added before a network that 
has an intercept point Pi, as illustrated in Fig. 3.23, then the overall intercept point 
is Pi! A 2 V . The output power due to the linear term is 



Po = 



(Ml) 2 A 2 

2 



(3.75) 



and the intermodulation distortion output will be 




(3.76) 



and the IMD ratio is 



j(M?) 

(Mi) 2 



= ( k,P,) 2 Al 



when P imr = 1, Pi = Pi, so 

P, = (K,A]r' (3.77) 

The addition of a linear preamplifier reduces the intercept point. Unless the pream- 
plifier can reduce the noise floor by the same amount the intercept point is reduced, 
the dynamic range will be decreased by the addition of the preamplifier. 



SINAD 



Another figure of merit which is becoming widely used for commercial (particular- 
ly stereo) receivers is the SINAD ratio. SINAD is the ratio of signal plus noise plus 
distortion powers to noise and distortion powers. 



SINAD = 



S+ N + D 
N + D 



(3.78) 



For mafiy applications the distortion, even at low levels, is an important factor in 
describing performance. Also, the SINAD ratio is easy to measure using the method 
illustrated in Fig. 3.24. The measurement procedure consists of applying an RF sig- 
nal modulated by an audio signal (usually 1 kHz) and measuring signal plus noise 
plus distortion. The audio signal is then filtered out, and the noise plus distortion is 
determined. A SINAD measurement is the same as a total harmonic distortion mea- 
surement. The SINAD ratio can also be used to define receiver sensitivity. One pos- 
sibility is to define receiver sensitivity as the amount of RF signal needed to get a 
specified SINAD ratio. 
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Signal generator 



RF 

Input 





S + N + D t 


Distortion 






analyzer 



FIGURE 3.24 
SINAD-measuring network. 



■ 3.6 

PROBLEMS 

3.1 Determine an expression for the total noise voltage squared across the output terminals 
of the circuit shown in Fig. P3.1. 




FIGURE P3.1 

Frequency-dependent network 
including two noise sources. 



3.2 Calculate the 3-dB and noise bandwidths of the circuit shown in Fig. P3.2. 




FIGURE P3.2 

Frequency-dependent network 
with two noisy resistors. 



33 Show that the amount of excess noise = (k //) d f generated in each decade of fre- 
quency is constant, independent of frequency. 

3.4 Derive the equation for the noise factor of n cascaded networks, each with a noise fac- 
tor F ( and power gain G,. 
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3.5 Determine the equivalent input noise sources of a common-base amplifier in terms of 
the thermal and shot noise sources. 

3.6 A receiver has a 3-kHz bandwidth, a 50-0 input impedance, and a 5-dB noise 
figure. It is connected to an antenna by means of a 50-0 coaxial cable that has 
an equivalent gain (loss) of —3 dB. What is the overall noise figure? 

3.7 A receiver with an 8-dB noise figure, a 50- O input impedance, and a 3-kHz band- 
width is connected to an antenna that has a noise temperature of 2000 K. What is 
the minimum detectable signal for a 10-dB output signal-to-noise ratio? If a pre- 
amplifier with a gain of 10 dB, an NF of 5 dB, and bandwidth of 4 kHz (which 
overlaps the receiver’s frequency response) is added between the antenna and 
receiver, what is the minimum detectable signal for a 10-dB output signal-to-noise 
ratio? 

3.8 A receiver is to be designed to have an overall noise figure of 4 dB. The input 
mixer has a noise figure of 8 dB, and the preamplifier (which is to be located at 
the input) has a noise figure of 3 dB. What must be the minimum preamplifier 
gain? 

3.9 An amplifier with a 10-dB noise figure and a 4-dB power gain is cascaded with a sec- 
ond amplifier which has 1 0-dB noise figure and a 1 0-dB power gain. What are the over- 
all noise figure and power gain? 

3.10 Calculate the value of source resistance which will minimize the noise figure of a 
741 operational amplifier at a frequency of 500 -Hz. What is the minimum noise 
figure? 

3.11 A 741 operational amplifier is used with a source resistance of 20 k£2 . If the 
input signal level is 1 mV, what is the output signal-to-noise ratio? Assume that 
the amplifier bandwidth is 1 Hz and that the center frequency is 1 kHz. What is 
the output signal-to-noise ratio with the source resistance that minimizes the noise 
figure? 

3.12 Consider an amplifier in which the source resistance is larger than that required to min- 
imize the noise figure. Show that shunting the source with a resistor in order to mini- 
mize the noise figure will reduce the output signal-to-noise ratio. 

3.13 A receiver with a 3-kHz bandwidth and 50- Q input impedance has a noise figure (NF) 
of 8 dB, What is the minimum detectable signal for an output signal-to-noise ratio of 
10 dB? If the two-tone intercept point is +20 dBm, what is the receiver’s dynamic 
range? What will be the dynamic range if a linear noiseless preamplifier with a voltage 
gain of 10 is added at the input? 

3.14 A receiver has a 10-dB noise figure, a 50- ft input impedance, a — 5-dBm two- 
tone intercept point (Pi), and 3.5-kHz bandwidth. What is the minimum detec- 
table signal for a 0-dB output signal-to-noise ratio? What is the receiver’s dynamic 
range? 
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3.15 A linear preamplifier with a voltage gain of 5 and a 4-dB noise figure is inserted before 
the receiver of Prob. 3. 14. What is the overall dynamic range? 

3.16 A receiver has a 3-kHz bandwidth, a 70- £2 input impedance, and a noise figure of 6 dB. 
It is connected to an antenna with a cable which has an equivalent loss of 6 dB and an 
NF of 3 dB. (The cable is matched to the input impedance.) What is the minimum 
detectable input signal for an output signal- to-noise ratio of 10 dB? If the antenna noise 
temperature is 3000 K, what is the minimum detectable signal for the same output 
5/A? 

3.17 Use a transistor with = 100 to design a common-emitter amplifier to couple a 
100- Q source to a l-k£2 load resistance. The base spreading resistance can be 
neglected. What is the optimum value of collector current for the lowest noise 
figure? 

3.18 A network consists of a voltage source with a l-k£2 source resistance and a l-k£2 load 
resistance. Determine the noise factor at 100 Hz and at 10 MHz. Also determine the 
total output noise power. 

3.19 Describe the noise characteristics of the amplifier you designed for the Chapter 2 
Spice project. Determine the noise factor at 100 Hz and at 10 MHz. Also determine 
the total output noise power. The measurements should be made with the source 
matched to the amplifier input impedance. Can you determine the equivalent input 
noise generators? {Note: Add KF = IE-13 to the transistor model. This is a flicker 
noise coefficient.) 
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Frequency-Selective Networks 

and Transformers 



■ 4.1 

INTRODUCTION 

Communication networks must frequently select a band of frequencies and attenu- 
ate other undesired frequencies. Modem filter theory now provides methods for 
designing such filters to meet virtually any specification, but the most commonly 
used frequency-selective circuits are still the rather simple series- and parallel-tuned 
resonant circuits. Even these simple circuits lead to complex equations when non- 
ideal elements, such as the nonzero resistance of inductors, are considered. While 
standard procedures for circuit analysis can be used, the resulting equations are 
often too complex to provide insight into the design process. However, years of 
research have yielded many approximations that greatly facilitate the design and 
analysis of simple resonant circuits. 

Resonant circuits are normally used as narrowband circuits. As the modem 
architecture of communication circuits shifts toward broader band systems, there 
are fewer narrowband circuits. Yet the importance of resonant circuits is increasing 
where they do find application. One of the main applications for resonant circuits is 
the design of low-noise oscillators. Modem communication receivers are requiring 
resonant circuits with very narrow bandwidths. 

This chapter first describes the analysis of these circuits and provides approxi- 
mations that allow one to design and analyze such circuits with a minimum of math- 
ematics. We then shqw how transformers are incorporated into resonant circuits. 
Methods are provided 1 here for analyzing frequency-selective circuits containing 
simple transformers, one of the most useful components of communication cir- 
cuits. And finally we demonstrate how frequency-selective methods can be used for 
impedance matching and how a combination of inductors and capacitors can be 
used to alter the input impedance of the network over a limited frequency range. 

■ 4.2 

SERIES RESONANT CIRCUITS 

One of the simplest frequency-selective circuits is the series resonant circuit illus- 
trated in Fig. 4. 1 . At low frequencies the current is blocked by the capacitor, and the 
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FIGURE 4.1 

+ A series resonant circuit. 
! 

Vo 



inductor blocks the current at high frequencies. At some intermediate frequency the 
impedance of the inductor is equal in magnitude and opposite in sign to the imped- 
ance of the capacitor. At this frequency, referred to as the resonant frequency, max- 
imum current flows and is the phase with the applied voltage. This circuit will now 
be analyzed in order to quantitatively describe its frequency performance. The cir- 
cuit current is 



/(«) = 

and the output voltage V 0 (,y) is 

RVi(s) 



Vi(s ) 

sL + (sC)- 1 + R 



Vo(s) = 



(R/QsVfs) 



sL + OO -1 + R s 2 + Rs/L + (LC)~ l 



( 4 . 1 ) 



The voltage gain V 0 (j)/ V) (Y) has a zero at the origin and two poles si and S 2 locat- 
ed at 



R 

Sl 2 = — - — i 

2 L 



(R/L) 2 — 4/(LC) 



1/2 



(4.2) 



Both poles may be real, or they can occur as a complex conjugate pair. If 

1/2 






the poles are both real, and the circuit is said to be overdamped. If the two poles are 
equal, that is, 






-s 2 = - 



R 
2 L 



the circuit is critically damped. In most frequency-selective networks, the circuit is 
underdamped, that is, 



R < 2 




1/2 



and the poles form a complex conjugate pair. The transfer function is frequently 
written as 



RCs 

s 2 /a>l + (2 S/a> 0 )s 4- 1 



A(J) = 



(4.3) 
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FIGURE 4.2 

Pole-zero diagram of the series resonant circuit. 



where a> 0 — [(LC) 1 ^ 2 ] 1 is called the undamped natural frequency and 




is referred to as the damping ratio. If £ < 1 , the circuit is underdamped. The pole- 
zero plot of this transfer function for the underdamped case is given in Fig. 4.2. The 
real part of each pole is equal to —R/(2L) = f cu 0 , and the magnitude of the imagi- 
nary part of each pole is 



if 4 fR\ 2 1 1/2 / R 2 C\ l/2 2 l/2 



Note that the distance of the pole from the origin is equal to 




(j) } ' = iac) l/ 2 r' = a>o 



(4.4) 



and the angle 9 is determined by 



cos 9 



R(LC) 1/2 
2 L 



(4.5) 



where a> 0 and f are convenient parameters for describing the transient response of 
the circuit. For a unit step input voltage V ; (r) = U (t), it is readily shown (by tak- 
ing the inverse Laplace transform) that if f is less than 1, 



V„(r) = _ 2 ^ sin [<w„(l - f yh] U(f) 

where U(t) is the unit step function 



1/(0 = 



1 

0 



t > 0 
t < 0 



(4.6) 
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FIGURE 4.3 

Transient response of underdamped series resonant circuits to a step input, for 
selected values of damping. 



The step response (plotted in Fig. 4.3 for selected values of £) is an exponentially 
damped sinusoid. The ringing frequency is 

co 0 (l - £ 2 ) 1/2 rad/s 



which is equal to the imaginary part of each pole, and the envelope’s damping fac- 
tor = —R/(2L) is equal to the magnitude of the real part of each pole. The 
smaller the value of circuit resistance (for a fixed inductance), the smaller the damp- 
ing factor and the longer it takes for the transient to die out. 

The steady-state (frequency) analysis of the circuit is readily evaluated from 
Eq. (4.1) by setting s = ja). For convenience the equation is written in the form 



Mja) = 1 + (jwRC)-' (l - ) 



-l 



co 0 RC \co 0 cd / J L <*> / } 



-i 



(4.7) 
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where the circuit Q is defined by 

Q = (ovRC)-' = °^ = (2f)“‘ (4.8) 

I\ 

The resonant frequency is defined as the frequency where the phase shift of the 
transfer function is equal to zero. (This is the frequency where the imaginary part of 
the transfer function is zero.) The imaginary part of the transfer function is zero 
when 



O) = io 0 = [(LC) 1 ' 2 ]-' 



(4.9) 



This is the frequency at which the inductive reactance jcoL is equal in magnitude 
and opposite in sign to the capacitive reactance, or 

-jX c = (ja>C)-' 



yielding a total series reactance of 0 £2 . This series circuit has only one frequency 
at which the phase shift is 0°. The magnitude of the transfer function at the resonant 
frequency is \A(jco 0 )\ = 1 , which is its maximum value. 

The corresponding phase shift of the transfer function arg A(jo ) ) is plotted in 
Fig. 4.4 for selected values of Q. The phase of the voltage gain changes from 
+90° to —90° as the frequency increases from below the resonant frequency to 
above the resonant frequency. The higher the circuit Q, the more abrupt is the tran- 
sition in phase. This phenomenon is particularly important in oscillator design and 
is discussed further in Chap. 7. 

The half-power frequencies a >\ , o>i at which | A(jco) | is reduced to 0.707 times 
its maximum value (the — 3-dB frequencies) can be found by solving 

I A(jw)\ = (2 ,/2 r‘ = 



1 +iQ 

L W °> / J 




FIGURE 4.4 

Phase response of under- 
damped series resonant 
circuits. 
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which is equivalent to 



H ,+ <-37 

( — _ _ I 

\0) o CO ) 



( 4 . 10 ) 



The solution of this equation can be facilitated by noting that \A(jco)\ displays geo- 
metric symmetry. That is. 






=143 



One of the half-power frequencies co\ is determined by solving 

co 0 

0)1 = 77 

o>\ Q 

From the symmetry argument it follows that the other half-power frequency is 
found from 



co 2 — — and 

(Oi 



(Oi - (02 = — 



The difference between the two half-power frequencies co\ — (02 is by definition the 
circuit bandwidth B . Therefore, the bandwidth is 



b ~q 



( 4 . 11 ) 



It will be shown in subsequent sections that this relationship among bandwidth, cen- 
ter frequency, and Q also holds true for parallel resonant circuits with the band- 
width being inversely related to the circuit Q. The bandwidth can be specified inde- 
pendently of the center frequency co 0 since 



R _ _,,W - R 

b -q- (0 ° rc -l 



( 4 . 12 ) 



and R is not a function of co 0 . The steady-state behavior of this circuit is complete- 
ly described in terms of its center frequency co 0 and its Q. 

/ * 

example 4 . 1 . Design a filter to couple a voltage source, with negligible source im- 
pedance, to a 50- ft load resistance. The specifications are that the filter center fre- 
quency be 5 MHz and the bandwidth be 100 kHz. 

Solution. A series resonant LC circuit can be used to meet the specifications. Since the 
source impedance is negligible, the total series resistance is 50ft. The inductance is 
determined using Eq. (4.12): 

L = f = 2^W= 79 - 6 * H 
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The capacitance is determined from Eq. (4.8) 

C = [(79.6 x 10 -6 )(2 tt x 5 x 10 6 ) 2 ]" 1 = 12.7 pF 
The complete filter, including the load resistor, is shown in Fig. 4.5. 



The frequency response of the magnitude of Eq. (4.7) is plotted in Fig. 4.6 for 
selected values of Q. For the overdamped circuit the gain rolls off at —6 dB per 
octave at both high and low frequencies, but for the high- <2 case the attenuation rate 
is much greater near the resonant frequency. The frequency response becomes more 
selective (sharper) as the Q is increased. The pole-zero diagram shown in Fig. 4.7 
provides a means for estimating the roll-off characteristics of the high- <2 filter. In 
the high- g case the circuit poles are close to the ja> axis, and their distance from the 
origin is approximately o)„. The circuit gain at any frequency is the product of the 
distances from the zeros to the desired frequency, divided by the product of the dis- 
tances from the poles to the desired frequency. Thus at any frequency na> 0 where n 
is an integer, the zero distance is nco 0 and the pole distances are in — 1 )co 0 and 
(n + 1 )o) 0 . Therefore, the magnitude of the gain is 



Since 



\A(jna) 0 )\ 



no) 0 R/L 

( n — 1 )o) 0 (n + l)<w<> 



R 

co 0 L 



= Q l 



nco 0 R/L 

(» 2 - 1)«J 



(4.13) 

(4.14) 



12.7 pF FIGURE 4.5 w 
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FIGURE 4.7 

Pole-zero diagram used to evaluate the magnitude of the frequency 
response at the n th harmonic of the resonant frequency. 



the attenuation at any harmonic of the circuit’s resonant frequency is given by 



A(jn<o 0 ) _ n 
A(jco 0 ) Q(n 2 - 1) 



(4.15) 



As the 0 of the circuit increases, the attenuation at the harmonic frequencies 
increases. This equation can be most useful in circuit design, as illustrated by the 
following example. 

example 4.2, A series-tuned circuit is to be used to filter out the harmonics of a wave- 
form. What must be the minimum circuit Q for the amplitude of the fifth harmonic to 
be 40 dB below the amplitude of the fundamental frequency? 

Solution . Forty decibels corresponds to a voltage ratio of 100:1. Therefore, since 

|(A(M,)| = 1 , 



\A(jw 0 5)\ = 0.01 = 



5 

0(25 - 1) 



or 



0 min = 20.83 



In some designs it may be necessary to keep 0 fixed and yet provide greater 
out-of-band attenuation than can be realized using Eq. (4.15). For such problems a 
higher-ordey filter will be necessary. Higher-order filter design is readily executed 
by using a computer-aided design program such as FILSYN. 1 

Jlesonant circuits are usually used as narrowband circuits. As such, they are 
used to filter out all but a narrow frequency range of the input signal. The tran- 
sient performance of these circuits can cause difficulties. These resonant circuits 
are bandpass circuits, and the steady-state response to low-frequency inputs will 
be zero. Yet, as Fig. 4.3 shows, narrowband circuits can have a large transient 
peak to step input signals. The lower the damping ration (the higher the 0 ), the 
larger the transient response to step inputs. Many receivers use amplitude lim- 
iters before narrowband circuits to limit the ringing that can be caused by large- 
amplitude noise spikes. Another difficulty is that the narrower the bandwidth, the 
longer it takes for the circuit to reach steady state. Figure 4.8 illustrates the tran- 
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FIGURE 4.8 



sient response of a series resonant circuit to a sinusoidal waveform whose fre- 
quency is the same as the circuit’s resonant frequency. It is seen that the circuit 
with the higher Q takes much longer to reach steady state than the lower- Q cir- 
cuit. Very high Q circuits are best suited for steady-state applications, such as in 
oscillators. 



Effect of Source Resistance 



The analysis up to this point assumed that the source resistance was zero. If the 
source resistance cannot be neglected, the equivalent circuit is as shown in Fig. 4.9; 
the transfer function for this circuit is 



Vo _ Rl 

Vi R l + R s + sL + (sC )~ 1 



Rl {Rl "b R*) S C 

Ri + R s s 2 LC + {Rl + R s )sC + 1 



(4.16) 



This equation is identical to Eq. (4.1) except that R is replaced by R L + R s , 
and the transfer condition is multiplied by the frequency-independent attenua- 
tion factor 



K = 



Rl 

Rl + Rs 



(4.17) 



The effect of the nonzero source resistance is to reduce the amplitude of the trans- 
fer function at all frequencies and to reduce the Q of the circuit from (o d L/R l to 
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co 0 L/(R l + R s ), which is equivalent to widening the bandwidth by the same factor 
by which the gain is reduced. The analysis is obviously the same if the inductance 
L is modeled as an ideal inductor L in series with a resistance R s . Since 






c OpL 
Rs + Rl 



any additional series resistance reduces the circuit Q (and increases the bandwidth) 
without changing the resonant frequency. 



Voltage Application 

Another property of the series resonant circuit is that the voltage across the reactive 
components can be much larger than the applied voltage. The voltage across the 
capacitor in the circuit shown in Fig. 4.1 is 

V(J) = M 

c ' ’ s 2 Z,C + RsC + 1 

At the resonant frequency, the magnitude of the capacitor voltage is 

|V.(M)I = = QV, (4.18) 

0) o RC 

At the resonant frequency, the voltage across the capacitor is Q times the input 
voltage. Since the 'magnitude of. the reactance of the inductor is the same as that 
of the capacitor at the resonant frequency, the voltage across the inductor will be 
thd' same. 

■ 4.3 

PARALLEL RESONANT CIRCUITS 

In parallel resonance (actually antiresonance), two equal and opposite susceptances 
are added in parallel so that the admittance, instead of the impedance, is a minimum 
at the resonant frequency. For the parallel resonant circuit shown in Fig. 4.10, the 
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FIGURE 4.10 

A parallel resonant circuit. 

K, 



transfer function (transfer impedance) is 

V 0 (s) 



Ms) = 



Hs) 



= [sc + (sLr l + (R P r 1 ]- 1 



sL/Rr 



(4.3 a) 



s 2 LC + sL/R p + 1 



Rn 



This equation is identical to Eq. (4.3), except for the scale factor, provided L/R p = 
RC, where R and C denote the resistance and capacitance, respectively, of the 
series resonant circuit. Thus the results for the transient and steady-state res- 
ponses of the series resonant circuit can be used for the parallel resonant circuit, 
provided 



2f _ L 
(Do R p 

The only difference is that the magnitude of Eq. (4.3a) is equal to R p at the resonant 
frequency, whereas it is equal to unity for the series Tesonant circuit driven by a 
voltage source. The resonant frequency 

0J o = [(LC)'/ 2 ]-' (4.19) 



is the same for both circuits. The Q of the parallel resonant circuit is defined as 



Q ? = 2f„ 



(?) 



1/2 

— I =R 



-i 



L co 0 L 

(Ley / 2 = ~r7 



or 



Qp = 



A_ 

0) o L 



(4.20) 



Equations (4.19) and (4.20) permit one to determine the transient and steady-state 
responses forthe parallel resonant circuit using the results derived for the series res- 
onant circuit. Table 4. 1 summarizes the relations for the parallel and series resonant 
circuits. 

In the simple two-pole resonant circuits described here, Q and co 0 completely 
describe the network. For the series resonant circuit, the higher the series resistance, 
the lower the Q. Just the opposite is true for the parallel resonant circuit. Any resis- 
tance added in parallel with the tuned circuit reduces the resistance across the cir- 
cuit and hence reduces the Q. 

Nonideal inductors always possess finite resistance in series with the induc- 
tance, and so a more accurate model of a parallel LC circuit is as shown in Fig. 4. 1 1 . 
It will now be shown, with certain assumptions, that the analysis of this circuit can 
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■ TABLE 4.1 

Relation of series and parallel resonant circuits 



Series Parallel 



(Do 


[( LC ) 1/2 ] _1 


[( LC ) 1 ' 2 ]- 1 


n 


co 0 L 


R P 


V . 


R 


co 0 L 




R / C \ 1/2 


, / L \ 1/2 


K 


i(e) 


aRp) (c) 



be reduced to that presented in the previous section for the parallel circuit with a 
lossless inductor. The transfer function for the circuit of Fig. 4.11 is 



Vo(s) 

I(s) 



= A(s ) = 



sL + r s 

s 2 LC + r,Cs + 1 



(4.21) 



This equation is of the same form as Eq. (4.3a) except that the zero is now 
located at —r s /L instead of at the origin. If this zero distance is small compared to 
cu, that is, if a) r s /L , then to a first approximation the zero can be assumed to be 
at the origin, and Eq. (4.21) can be accurately approximated by 

~ s 2 LC + sCr s + 1 



which is identical to Eq. (4.3a), provided 



or 



L 



= r s C 




icOpL ) 2 

r s 



(4.22) 



If coL » r s , the parallel resonant circuit (Fig. 4.11) with a resistor in r, series with 
the inductor can be replaced by the parallel resonant circuit shown in Fig. 4. 12. This 
approximation is almost always valid in the frequency region of interest since one 
would not select a low- Q inductor for use in a high- Q circuit. 

The approximation is not valid at low frequencies where a>L r s and oo 0 Ljr s 
is referred to as the inductor Q. Every inductor has a finite Q, so the overall Q 






L 



FIGURE 4.11 

A parallel resonant circuit including a resistor in 
series with the inductor. 
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FIGURE 4.12 

Approximate equivalent circuit of 
KD 2 the circuit illustrated in Fig. 4.11. 



of the tuned circuit must also be finite. Note that the Q of the circuit in 
Fig. 4.12 is 



R p _ o>qL 
0 ) o L r s 



(4.23) 



which is the same as the Q of the coil. This is referred to as the unloaded Q , or Q u , 
of the circuit. Any additional load resistance added across the circuit will further 
reduce the Q, so the circuit (or loaded) Q will always be less than the inductor Q 
unless active components are used. 

example 4.3. The tuned circuit shown in Fig. 4. 13 employs an inductor with a Q u of 
100. If a 100-kft load resistor is added across the circuit, what is the loaded Q L 1 



Solution. The resonant frequency of the circuit (ignoring the finite resistance) is 

= [(LC) 1/2 ]“ l = 10 8 rad/s 



The Q of the coil is 100; therefore, 



r s = 




Also, since 0 ) o L » r s for frequencies near resonance, the series resistor can be re- 
placed by a parallel resistor R p , where 



R P = 



(<0qL) 2 

r s 



= io 5 n 



The total parallel resistance, including R L , is equal to two 100-kQ resistors in parallel, 
or 50 kfi, and the loaded Q is 




Ql 



50 kQ 
(o 0 L 



= 50 




10 pH 



R l = 100 kfl 



FIGURE 4.13 

Parallel resonant circuit discussed in Example 4.3. 
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The parallel load resistor reduces the Q of the circuit by a factor of 2 below that 
of the unloaded Q of the inductor. 



Branch Currents 

At the resonant frequency of the parallel RLC circuit, the output voltage is V 0 = 
Ii R p . The magnitude of the current through the capacitor is then 

I c — VgCOpC — IfCOpCRp 

= /,-% = Qh (4.24) 

co 0 L 

This equation shows that at frequencies near resonance the branch currents through 
the inductor and capacitor can be much larger than the applied current. 



££ 4.4 

PARALLEL RESONANT CIRCUITS INCLUDING TRANSFORMERS 

Transformers are extensively used in resonant circuits to provide phase inversion, 
dc isolation, and impedance-level shifting. Since the transformers already contain 
an inductor, it is possible to form a parallel resonant circuit with a transformer by 
simply adding a capacitor. The parallel resonant circuity Q is directly proportional to 
the parallel load resistance and inversely proportional to the magnitude of the 
inductive reactance. High-frequency circuits will usually have a low input imped- 
ance. For example, the equivalent load resistance of an antenna is small (on the 
order of 50 $2). These small impedance values make it difficult to realize high -Q 
circuits unless some method is used to transform the load to a larger value. There 
are several methods available to realize this transformation; the magnetically cou- 
pled transformer is a frequently used technique. For the transformer circuit shown 
in Fig. 4.14 the equilibrium equations are 







, , di\ di 2 


(4.25) 


and 

* ' 




V 2 (t) = M^- + L 2 ^ 
dt dt 


(4.26) 


or 




Vi (s) = sL\ 1\ (s) + sMI 2 (s) 


(4.25a) 


and 




V 2 (s) = sMI^s) + sL 2 I 2 (s) 


(4.26a) 



where M is the mutual inductance between the input and secondary of the trans- 
former. The standard dot convention is used, which places a dot on one terminal of 
a coil and another on the terminal of a second coil such that if current is sent into the 
two dotted terminals, the magnetic fluxes linking the coils will reinforce each other. 
With this convention M is always positive. 
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Ideal 



FIGURE 4.14 

A magnetically coupled tuned circuit. 



n:l 




Ideal 



FIGURE 4.15 

An equivalent circuit to the one shown in Fig. 4.14. Here the transformer 
has been replaced by an ideal transformer plus two inductors. 



There are many equivalent circuits for this transformer, but the one which has 
the greatest utility in communication circuits is shown in Fig. 4.15. The ideal trans- 
former contained in this circuit is a mathematical abstraction that facilitates the 
analysis by simplifying the transformer circuit models. For the ideal transformer, 

Vi =nV 2 




n 
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independent of frequency. Also, since no power is dissipated in an ideal trans- 
former. 



= V 2 I 2 



^ CO = Z, = -n 2 ^ (O = n 2 Z L 



(4.27) 



The circuit model for the transformer of Fig. 4.15 is equivalent to that of 
Fig. 4.14, provided the terminal voltage and current relations are the same 
as given by Eqs. (4.25a) and (4.26a). The equilibrium equations for the 
circuit of Fig. 4.15 are 



Vi(s) = ^(l - k 2 )L\l\ (5) + sk 2 Li 



h CO + 

n 



= sL\l\ (5) + 



sk 2 L\h(s) 



(4.28) 



sk 2 L,h(s) s&LMs) 

and V 2 ( 5 ) — 1 ~i 

n n l 

These equations are the same as Eqs. (4.25a) and (4.26a), provided 

k 2 L 1 „ 



(4.29) 



(4.30) 



That is, the equivalent turns ratio is 



n=i fe) 



(4.31) 



(4.32) 



and k, referred to as the coefficient of coupling, is 



{L,L 2 )W 



(4.33) 



One reason that this two-inductor model of the real transformer is so useful 
is that in narrowband circuits, transformers are used which have a coefficient of 
coupling k near unity. If k & 1 , the model can be simplified to that shown in 
Fig. 4.16; the transformer is represented by an inductor in parallel with an ideal 
transformer (which simply reflects the secondary impedance, multiplied by the 
turns ratio squared, to the primary). The model shown in Fig. 4.15 provides an 
easily analyzable circuit when the transformer coefficient of coupling is close to 
unity. 
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FIGURE 4.16 

A simplified version of the circuit shown in Fig. 4.15, valid when the 
coefficient of coupling & ~ 1. 



example 4.4. A tightly coupled transformer with a primary inductance L\ of 25 fx H 
and a secondary inductance L 2 of 400 juH is used in the circuit shown in Fig. 4.17a. 
What is the overall frequency response of the circuit? 



Solution . The tightly coupled transformer circuit can be replaced by the equivalent cir- 
cuit shown in Fig. 4. 16 (since k « 1 ). Therefore, 



n = k 





1 

4 



and the total primary capacitance is 

C T = 8+4 =8 + 2(4) 2 =40pF 
n l 



and the load resistance reflected to the primary is 

400 

n 2 R L — x 10 3 = 25 k£2 

.*■ . 16 

Thus, with the load-reflected to the primary, the equivalent circuit is a parallel-tuned cir- 
cuit as shown in Fig. 4. 17b. The resonant frequency is 

cu„ = {[(40 x 10” 12 )(25 x 10~ 6 )] l/2 } -1 = 31.6 x 10 6 rad/s 

R 25 x 10 3 

and Q = = — = 31.68 

^ (o 0 L (31.6 x 10 6 )(25 x 10“ 6 ) 

Since the secondary in this circuit is coupled to the primary with an ideal transformer, 
the output voltage is 



V 0 ( 0 = 4 W) 
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400 k0 



1:4 




FIGURE 4.17 

Equivalent circuits discussed in Example 4.4. 



Transformers have a voltage gain equal to the turns ratio 1 jn so, as in the pre- 
ceding example, the transformer can provide voltage amplification. Transformers 
with a turns ratio greater than 1 are frequently used in amplifier design for circuits 
with a small load resistance. The transformer then increases the impedance seen at 
the amplifier input. If the amplifier gain without a transformer is A v = g m RL, then 
the gain with the transformer is A' v = gmRi/n. 



* 

Transformers with Tuned Secondaries 

Transformers with a turns ratio less than 1 are also used with voltage amplifiers. 
The reduced voltage gain results in a smaller Miller capacitance (see Chap. 5) and 
thus a wider bandwidth. Consider the amplifier with a tuned secondary circuit as 
illustrated in Fig. 4.18a. If the transformer is replaced by the equivalent circuit 
model, the equivalent circuit seen from the transistor collector is as shown in 
Fig. 4.186. 




The equilibrium equations are 



and 



V 0 (s) = -I 2 (s) 
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The transfer impedance Z12O) can be found by eliminating I 2 : 

_ V c sk 2 L\/n 

Z, 2 (s) = Y t ~ s 2 k 2 L t C/n 2 + sk*L,/(n 2 R L ) + 1 

Since from Eq. (4.31) 



(4.36) 



the transfer impedance is 



_ V 0 nsL 2 

Zl2( ^ I\ s 2 L 2 C + sL 2 ( Rl 4- 1 



(4.37) 



which is also the equation of a parallel resonant circuit with 

= [(L 2 C) 1/2 ] _1 (4-38) 

Equation (4.38) states that when the capacitor is placed in the transformer sec- 
ondary, the resonant frequency is determined by this capacitance in parallel with the 
inductance of the transformer secondary. The input impedance seen by the current 
source I\ is determined from 

Vds) = sh( 1 -k 2 )L x +«K(i) ( 4 -39) 

with V 0 replaced using Eq. (4.37) 

V)0) = sl\(l — k 2 )L\ + nZ\ 2 (s)I\(s) (4.40) 

The circuit input impedance (at the collector of the transistor) is 

„ ViC$) _ T /i f.2\ t „ 7 



(4.39) 



(4.40) 



Z, = - 1 -- = 5 Li(1 - k 2 ) + nZ u (s) 

h(s) (4.41) 

140) -7 n 2 sL 2 

ZiW = W) = SL,(1 ~ k ) + S 2 L 2 C + sL 2 /R l + 1 

At the resonant frequency co 0 , the input impedance is 

Zi(j(o 0 ) = jco 0 Li(l - k 2 ) -I- n~R L (4.42) 

The transformer is tightly coupled if ( k ~ 1) 

Zi(ja)o) = n 2 R L (443) 

At the resonant frequency the tightly coupled transformer reflects back to the col- 
lector of the transistor the load resistance R L amplified by n 2 . If the turns ratio n is 
less than 1, the collector voltage is less than the output voltage. This has the net 
effect of reducing the base-to-collector voltage gain and hence reducing the Miller 

capacitance. 

If the capacitance is added to the primary, then 

C\ = (Ljoi 2 )- 1 



(4.42) 



(4.43) 
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and if it is added to the secondary, then 

C 2 = (L 2 <ol)-' 

So the ratio of possible capacitors is 

Cl L 2 , 1 

7 ~ = t = ( n Y' (4.44) 

C2 ^1 

in a tightly coupled transformer. This equation shows that if n > 1 , the transformer 
circuit can be tuned by a smaller capacitor across the input, but if n < 1, a tuned 
secondary will result in a smaller capacitor C 2 . 



Double-Timed Circuits 



In addition to tuning either the primary or secondary of a transformer-coupled circuit, 
it is possible to include tuned circuits in both the primary and secondary (double- 
tuned circuits). A transformer-coupled circuit with parallel resonant circuits in the 
primary and secondary is shown in Fig. 4.19. The transadmittance of this network is 



V a ~k(O\0)2S 

T = (1 -* 2 )(C 1 C 2 ) i /V + ^ 3 +^ 2 + «i^ + oo) 

Where k is the coefficient of coupling, the primary resonant frequency is 

om = [(Lic,) ,/2 r' 

and the resonant frequency of the secondary circuit is 

«2 = [(L 2 C 2 ) 1 ' 2 ]-' 

The values of the coefficients of Eq. (4.45) are 



(x) 1 (j0 2 

a3= Ql + Q~2 



00x0)2 0)f + &>2 

02 = & + 1-* 2 



0)\o)2 d)\o)\ 

ax = Q2{l~V) + Qx{V-k?) 



(4.45) 



(4.46) 



(4.47) 



(4.48) 



1 -k 2 




FIGURE 4.19 

A double-tuned magnetically coupled circuit. 



124 



chapter 4: Frequency-Selective Networks and Transformers 



/?, «2 
where <2i = — z~ an< l Q 2 — , 

o)jLi CO 2 L 12 

This transformer-coupled double-tuned network is a bandpass network with 
four poles and a single zero at the origin. One method of double-tuned network 
design is to obtain numerical values for the coefficients that correspond to an ap- 
proximation of a desired frequency response (such as the Butterworth or Chebyshev 
approximation) and then solve for the circuit values with Eq. (4.48). 

For narrowband circuits the analysis can be simplified. If Q\ — Q 2 and both 
circuits are tuned to the same frequency, a>\ = 0)2 ~ o)o, then for the loosely cou- 
pled case ( k 2 <$C 1) the approximate pole positions are found to be 




For this circuit with equal input and output £>’s, it is easy to find the desired 
circuit parameters for a maximally flat (Butterworth) filter (or any other filter 
requiring two pairs of complex-conjugate poles) where the real parts of the poles 
— (o 0 /2Qare the same. For the Butterworth filter, the coefficient of coupling 
k = \/Q. For this value of k, the circuit is said to be “critically coupled.” The 
bandwidth is 



B = 



Q 



(4.50) 



and the gain-bandwidth product is 

GB = [(2C 1 C 2 ) 1/2 ]' 1 (4-51) 

For a single-tuned circuit, the gain-bandwidth product is 

GB = (C, + C 2 r 1 (4.52) 

(Here Ci and C 2 are the primary and secondary capacitances, respectively.) There- 
fore the double-tuned ( lower- Q) method has a better gain-bandwidth product by at 
least a factor of 2 1/2 . 

Double-tuned circuits can also be designed for wideband operation. 

A 

Autotransformers 



The Q of a parallel tuned circuit is directly proportional to the load resistance 
shunting the tuned circuit. In many applications this resistance is too small to real- 
ize the desired Q, and some method is needed to increase the load resistance shunt- 
ing the tuned circuit. One method is to use a separate transformer, but a simple 
method which often suffices is to place the load resistance across only a portion of 
the inductor, as shown in Fig. 4.20. For analysis, the autotransformer can also be 
replaced by the equivalent circuit shown in Fig. 4.21. The inductor serves as an 
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h 




FIGURE 4.20 

A step-up autotransformer. 



autotransformer. For the two circuits to be equivalent the equilibrium equations 
must be the same. For the circuit of Fig. 4.20 the equations are 



Vi = s(Li + £ 2 + 2 M)h + s(L 2 + M)h (4.53) 

V 2 = s(L 2 + M)I\ + sL'il'i (4.54) 



where M is the mutual inductance between the two sections of the coil. For the cir- 
cuit shown in Fig. 4.21, the equilibrium equations are 



w r ¥ sk 2 L 

V\ = sLI\ H / 2 



(4.55) 



V 2 = 



sk 2 L 



/i + 



sk 2 L 



These two sets of equations will be equivalent if 



L — L\ -f* Z/2 “I - 2M 
k 2 L 

n = 

£<2 "i“ Af 



(4.56) 

(4.57) 

(4.58) 




FIGURE 4.21 

An equivalent circuit for the step-up autotransformer. 
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and n 2 = (4-59) 

L'l 

Solving these two equations for k and n, we obtain 

Li2 + M 
k = — ; 

+/lT 2 



and 



n = 



l 2 + m 
l 2 



Thus the equivalent turns ratio of the autotransformer is 



n 




(4.60) 



where L is the total inductance measured with the load open-circuited and L 2 is 
measured with the input open-circuited: 



£2 = 




(4.61) 



And L and L 2 are proportional to the square of the corresponding number of turns 
n& N/N 2 , where N is the total number of turns on the coil and N 2 is the number 
of turns on the lower section. This autotransformer is often referred to as an imped- 
ance step-up transformer since the impedance seen by the primary in a closely cou- 
pled transformer is n 2 times the load impedance and n is greater than 1. The deriva- 
tion of the equivalent circuit for an impedance step-down transformer is left as an 



exercise (Prob. 4.8). 



Capacitive Transformers 



Impedance level shifting can also be accomplished in narrowband circuits without 
incurring the cost of expensive and often bulky transformers. One simple method of 
increasing the impedance level is to use the capacitive transformer illustrated in 
Fig. 4.22a. To analyze this circuit, consider first the impedance Z in parallel with 
the inductof L (Fig 4.22 b). This impedance will be equal to the parallel combination 
of a resistor and capacitor if certain conditions, which will now be derived, hold. 

'The impedance of the circuit shown in Fig. 4.22£» is 



^ . 1 R _ Rjco(C 1 + C 2 ) + 1 

Z = 0<uC 2 ) + R ^ Ci + ! - jaC^RjuC, + 1) 

and the admittance is 



(4.62) 



Y(a>) = [ZOO))]' 1 



jcoC 2 (ja)RC\ + 1) 

1 + jcoR(C[ + C 2 ) 

jcoC 2 (jcoRC\ + 1)[1 — jcoRjCi + C 2 )] 



1 +<u 2 /? 2 (C 1 + C 2 ) 2 
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FIGURE 4.22 

(a) A tuned circuit. ( b ) Impedance in 
parallel with the inductor containing a 
capacitive autotransformer. 




This circuit can be replaced (at some frequency) by the simpler parallel circuit 
shown in Fig. 4.23, provided the admittances are equal at that frequency. This 
requires that both the real and imaginary parts be equal. That is. 



1 _ -co 2 RCiC 2 + (o 2 RC 2 (Ci + C 2 ) _ o) 2 RC\ 

R p ~ 1+w 2 /? 2 (Ci + C 2 ) 2 " l+a) 2 R 2 (Ci +C 2 ) 2 



and 



coC p 



coCj + gc? R 2 C\{C\ + C 2 )C 2 
1 + co 2 R 2 (C\ + C 2 ) 2 



(4.65) 



The parallel resistance 



is approximately 



l+o>gfl 2 (Ci+C 2 ) 2 

(d 2 RC\ 




(4.66) 



(4.67) 



FIGURE 4.23 

A narrowband equivalent circuit for the capacitive 
autotran sformer. 
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provided that co 2 R 2 (C i + C 2 ) 2 1. Under the same conditions, 

C 2 + co 2 R 2 C\ (Cj -j- C 2 )C 2 ^ U]C 2 
p = 1 + a> 2 /? 2 (C] + C 2 ) 2 ^ Cl + C 2 



(4.68) 



These equations show that the two capacitors have the effect of transforming the 
resistance up by the turns ratio squared where 

„ = 1 + £l (4.69) 



provided oj 2 R 2 {C\ -I- C 2 ) 2 1 . In this case the circuit of Fig. 4.226 can be re- 

placed (for analysis) by the simpler parallel RC circuit shown in Fig. 4.23. 

If the approximation cannot be made that o) 2 R 2 {C\ + C 2 ) 2 1, then the cir- 

cuit is best analyzed by using computer-aided techniques. Fortunately, narrowband 
capacitance transformers are normally designed so that the approximations are 
valid in the frequency region of interest. 

example 4.5. Determine the response of the interstage coupling circuit shown in 
Fig. 4.24a. The output impedance of the first transistor amplifier can be assumed to be 
infinite, and the input impedance of the second stage is R£2. 

Solution. The equivalent circuit is shown in Fig. 4.246. If co 2 R 2 (C\ 4- C 2 ) 2 1, the 

circuit is equivalent to that shown in Fig. 4.25, where 



C t C 2 
Ci + C 2 



(4.70) 



FIGURE 4.24 

(a) A two-transistor amplifier with a 
capacitive transformer in the interstage 
coupling network; ( b ) a small-signal 
equivalent circuit for the interstage 
network. 






C 2 





(b) 
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FIGURE 4.25 

The interstage network of Fig. 4.24a 
modeled as a parallel resonant circuit. 



and 






(4.71) 



The response of this equivalent parallel tuned circuit is now well known. The center fre- 
quency is 

<». = [(Z.|C) l/2 r' (4.72) 

and the circuit 



Rl (Ci + C 2 ) 2 / c,c 2 V 72 .. 

co 0 L l C, + C 2 } 



At the resonant frequency the voltage at the collector of the first transistor is 

/r, 4 -r\> 2 

V c = ~(pi b )RL = ~Pib\ 
and the input voltage to the second stage is 






V, = -<fi h) R l - = — (jSffc) R Cl+Cl 



Ci + C i 



c 2 



(4.73) 



(4.74) 



(4.75) 



■ 4.5 

IMPEDANCE MATCHING AND HARMONIC FILTERING 
USING REACTIVE NETWORKS 



Besides the transformers previously discussed, reactive networks can be used to 
match impedances over a narrow frequency range. These networks, properly de- 
signed, also .serve to filter out harmonics of the signal frequency. The filters 
described here are composed only of lossless reactive elements, since resistive com- 
ponents would result in power’s being dissipated in the coupling network while no 
power is dissipated in a network consisting solely of inductors and capacitors. The 
simplest design method utilizes the fact that at any frequency any series combina- 
tion of resistance and reactance can be converted to an equivalent parallel combi- 
nation of similar elements (or vice versa). 

The input impedances of the two networks illustrated in Fig. 4.26 are equal pro- 
vided 



Zj — i j %s — 



±RpjXp 
R P ± jX P 



RpX\ . X p Rp 

R2 P + X 2 P J R2 p + X 2 p 



(4.76) 
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FIGURE 4.26 

Any series combination of resistance 
and reactance is equivalent to an equiv- 
alent parallel combination at a given 
frequency. 




Since both the real and imaginary parts must 6e equal, Eq. (4.76) is equiva- 
lent to 





D _ R ? X l 
1 Rl + H 


(4.77) 


and 


„ X,*} 

s 


(4.78) 



It is seen that the series and parallel reactances will be of the same type (since 
they are of the same sign). If one is capacitive, the other will be also. The equations 
for converting from series to parallel impedances can be derived in a like manner 
(equating admittances). They are . 





R 

p R, 


(4.79) 


and 


y R ‘ +X - 
p ~ X, 


(4.80) 



The application of these relationships is best illustrated by an example. 

example 4.6. The input impedance of a transistor amplifier is equal to 10 £2 in series 
with 0.2 /xH. Design a matching network so that the input impedance is 50 £2 at 
20 MHz. 
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FIGURE 4.27 

Network discussed in Example 4.6. 



Solution. At 20 MHz the inductive reactance of a 0.2- fill inductor is 25.1 12. The 
problem then is to convert the series impedance 10 + j'25.1 to a resistance of 50 12, 
using a lossless matching network as illustrated in Fig. 4.27. Equation (4.79) shows that 
the equivalent parallel resistance is larger than the series resistance. In this case. 



10 2 + 25. 1 2 

An 

p 10 



= 73 



which is larger than the desired value of 50 12 . The parallel resistance could be reduced 
by shunting the equivalent 73- 12 resistance with another resistor, but this would result 
in power loss in the coupling network. Equation (4.79) shows that if X s is smaller, R p 
will be smaller. In fact, if X s satisfies the equation 



50 = 



10 2 + X] 
10 



or jX s = j 400 1/2 = j20 

then the correct impedance level can be reached. The magnitude of X s can be reduced 
by adding a capacitive reactance of -;5.1 (0.00156 /xF) in series with the load. If 
this is done, the equivalent parallel resistance is 50 12, and the equivalent parallel re- 
actance is 



. 10 2 + 20 2 

jX p - J 20 =j/25 



The reactance can be canceled by adding a parallel capacitor of — j 25 (318 pF) in par- 
allel. The complete circuit is shown in Fig. 4.28. 



Matching network Load 




FIGURE 4.28 

A lossless matching network 
solution to Example 4.6. 
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FIGURE 4.29 

Network discussed in 
Example 4.7. 



The preceding example illustrates the matching of a load resistance to a larger 
source resistance. The same technique can be used for matching a load resistance to 
a smaller source resistance. 

example 4.7. Design a lossless matching network to couple the impedance shown in 
Fig. 4.29 to a 50- £2 source impedance at 20 MHz. 

Solution. Since the series-to-parallel transformation always results in a larger parallel 
resistance, there is no series reactance that will directly transform the 100- £2 resistor 
to a parallel equivalent of 50 £2 . There are, nevertheless, many possible matching net- 
works that can be used. One network would consist of adding a capacitive reactance 
of — y‘25.1 £2 in series and then adding a reactance in parallel (as shown in Fig. 4.30) 
that will transfer the 100 £2 to a series resistance of 50 £2 . Using this approach, X p is 
selected so that 



R p Xl 100 X 2 p 

R 2 p + X 2 p 100 2 + X 2 p 

Therefore, 

50X 2 p = 50(1 00) 2 

or X p = 100 

The magnitude of X p must be 100 £2, but it can be either capacitive or inductive. 
An inductor would be selected in cases where it is desired to filter the low-frequency 
components from the load, and a capacitor would be selected if it is desired to filter 
the high-frequency components. Once X p Is selected, then a series reactance of the 
opposite sign must be added to cancel the equivalent series reactance (in this case 



-jlSACl >25.1 ft 




FIGURE 4.30 

Intermediate solution to Example 4.7. 
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Z, 



-750 fi -j 25. 1ft 725. IQ 

H( 1 — 1( 

c, c 2 h 




FIGURE 4.31 

A lossless network for 
matching a 1 00 - £2 load to a 
50-12 source. 



X s = — j 50). A completed circuit is shown in Fig. 4.3 1 . If the input impedance is to be 
real at 20 MHz, the corresponding component values are C\ = 159 pF, C 2 =317 pF, 
L] =0.8 ix H, and L 2 = 0.2 /xH. If one preferred to filter the high-frequency compo- 
nents instead, the —j 50-12 capacitor would be replaced by a +7 50- 12 inductor, and 
the shunt inductance would be replaced by a —j 100- 12 capacitance. 



In the design of the coupling networks in the preceding two examples, no 
consideration was given to the frequency response of the circuit. Circuit Q is often 
specified to provide a quantitative measure of the attenuation. Circuit Q is an 
ambiguous term, depending upon the transfer function under consideration. The 
transfer function of the circuit input impedance is generally different from that of 
the transimpedance (the latter is important when the circuit is driven by a current 
source), which is, in general, also different from the voltage-gain transfer function. 
In the previous example it was shown that the equivalent input impedance could be 
represented by a 50- 12 resistor in parallel with capacitive and inductive impedances 
of 100 12. The circuit Q is often interpreted as Q = = 0.5 . This is the Q of the 

circuit input impedance, and it is only valid at one frequency. The transfer imped- 
ance of this circuit (shown in Fig. 4.31) can be written as 



Vote) _ z RlLxC 2 s 2 

It(s) U{S) s 2 (L\ + L 2 )C 2 + R l C 2 s + 1 



(4.81) 



Note that the transfer impedance describes a high-pass transfer function. The 
magnitude of the transimpedance as a function of frequency is plotted in Fig. 4.32. 
The Q of a high-pass or low-pass network has no meaning in terms of bandwidth. 

The transfer impedance represents a high-pass transfer function, and the Q of 
such a filter cannot he interpreted as the center frequency divided by the bandwidth 
as in the bandpass .filter. Also, if the source is a voltage rather than a current source, 
it is the voltage transfer function that is of interest. Since the voltage transfer func- 
tion Will be different from that of the transimpedance, the <2’s will not generally be 
the same. Whether the source is a voltage or current source must be specified before 
the Q of the circuit can be determined. The network of Fig. 4.31 can be made to 
have a bandpass transfer impedance by adding a parallel resonant network across 
the input as shown in Fig. 4.33. If this network is antiresonant at 20 MHz, then the 
input impedance will still be 50 £2 at that frequency. If this is a high- Q network, the 
Q of the transfer impedance will approximate the Q of the parallel network. If 
precise circuit impedance and frequency characteristics are required, it is better to 
use network synthesis techniques and computer-aided design programs. 
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FIGURE 432 

Frequency response of the magnitude of the transimpedance of the circuit 
shown in Fig. 4.31. 





FIGURE 4.33 

The high-pass transimpedance 
shown in Fig. 4.31 has been 
converted to a bandpass trans- 
fer function by the addition of 
the parallel resonant circuit at 
the input. 



Voltage Gain 



Since no power is lost in a lossless network, 

. p — p, 

1 o — 1 in 

If the' input impedance of the network is matched to the source resistance, 

V 2 V 2 

p — s _ 1-9- 

in ~ 4 R s R 0 



so the magnitude of the voltage gain is 

A v = 



1 [Ro_ 

2 y R s 



See Fig. 4.34. 
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■ 4.6 

FILTER DELAY AND SIGNAL DISTORTION 



The design of filter frequency-response characteristics has been largely concerned 
with the magnitude of the frequency response. Filter phase characteristics are also 
of importance in modem communication systems. The effect of phase shift on the 
signal is seen by determining the response of a linear filter F(s) to an input signal 
V, (s). The filter output 

V 0 (s) = Vi(s)F(s) 

If the filter output signal is to be a delayed replica of the input signal (that is, undis- 
torted in shape), then 

V 0 (t) = Vi(t-T) 
and V 0 (s ) = Vi(s)e~ sT 



Therefore, the filter characteristics for this undistorted response must be of the form 



Hs) = 



Vq(s) = .-sT 
Vi f (j) 



( 4 . 82 ) 



The magnitude of the filter response 

\F(jw)\ = \e~' otT \ = 1 

must not vary with frequency, and the filter phase shift as a function of frequency 
arg F(joj) = aige~ JwT = -coT 

must be linear if the output waveform is to be a delayed replica of the input signal. 
If the pjiase shift is not linear, then not all frequency components of the input signal 
are delayed to the same degree. 

The filter delay has become an accepted method of describing the effect of 
phase nonlinearities on the input waveform. The common definitions for describing 
filter delay are group delay and phase delay. Group delay describes the delay of a 
group of frequencies; phase delay describes the delay of a single sinusoid. Group 
delay (also called envelope delay ) is defined as 



D(co) = - 



d arg F(a>) 



( 4 . 83 ) 



dco 
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and phase delay is defined as 



<Pd(o>) = - 



arg F(co) 



(4.84) 



where F(co) is the filter phase shift in radians. The group delay is the negative of 
the slope of the filter phase shift. The filter group delay and the phase delay will be 
equal at all frequencies if the filter phase shift is linear. That is, if arg F(co) = —coT, 
then 

dcoT coT 

D(co) = — - — = T and <f>n(a)) — — = T 
dco co 

For other filters the two delays are not the same. 

example 4.8. Compare the group and phase delays of a first-order low-pass filter. 

Solution. For a first-order low-pass filter, the filter response is 



nim) = G + 0 

where col is the — 3-dB frequency. The phase shift is 



so the phase delay is 



arg F(jco) = — tan — 

0>L 



<Pd(co) = 



tan 1 



and the group delay is 



(Or 

D {( o ) = - T — 3 

co 1 + co L 



The two delays are plotted as a function of frequency in Fig. 4.35. 




FIGURE 4.35 

Phase delay 0 D (<w) and group delay D(co) of a first-order low-pass filter. 
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Phase-equalizer circuits, which have phase shifts but whose gain magnitudes 
do not change as a function of frequency, can be added to the filter in order to lin- 
earize the phase response over the filter passband. 3 Equalization can result in a 
phase-frequency diagram such as the one illustrated in Fig. 4.36. The phase is linear 
across the passband ( o>i — a>\) and can be approximated by 

arg F((o) = —To) — 0 o 

where — $ 0 is the phase at a> = 0. The nonzero value of the phase at co = 0 is 
known as phase-intercept distortion. This type of distortion can affect modulated 
signals whose carrier contains information. The problem will be described by show- 
ing the effect of phase-intercept distortion on an amplitude-modulated signal. 

A carrier modulated by a sine wave is described by the equation 



S{t) — (1 + m COS£D m /) cos 0 ) c t 

m m 

= COS (O c t -I- — cos (0) c — (O m )t + — cos (co c + co m )t 

where o) m — modulating frequency 
m — modulating index 
(i> c = carrier frequency 

and 1 + mcos co m t is known as the signal envelope. The modulated signal has a 
frequency component at the carrier frequency plus upper and lower sidebands at 
the sum and difference frequencies (co c ± co m ). If the modulated signal is passed 
through a linear phase filter that has phase-intercept distortion, the output signal 
(assuming the filter gain is constant) is 

m 

S 0 - cos [cu c (r -T)-9 0 ] + — cos [(co c - co m )(t - T) - 0 O ] 

m 

+ — cos [(co c + co m )(t — T) — G 0 ] 

2 (4.87) 

= [1 + m cos (o m (t - T )] cos co c - (V + 




FIGURE 4.36 
Phase response of a network 
that includes phase- 
equalization circuitry. 
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The envelope of the signal is delayed by the group delay T. If the group delay had 
not been constant, the two sideband signals would not have been delayed equally 
and the resulting envelope would also have been distorted. For the modulated sig- 
nal the carrier component has been delayed by phase delay. If synchronous detec- 
tion is used (see Chap. 12), the output amplitude can be reduced because of the 
phase-intercept distortion. 



■ 4.7 

PROBLEMS 

4.1 (a) Determine the Q, bandwidth B, and resonant frequency of the circuit illustrated in 
Fig. P4. 1 . 

(b) Repeat (a) with a 50- £2 resistor added in series with the voltage source. 




FIGURE P4.1 

A series resonant circuit. 



4.2 For the circuit of Prob. 4.1 find the frequency at which the voltage across the capacitor 
is a maximum. Express the capacitor voltage at any frequency in terms of the circuit Q. 
Is this frequency the resonant frequency of the circuit? Explain. 

4.3 Derive Eq. (4.6). 

4.4 (a) Calculate the resonant frequency Q and bandwidth of the circuit illustrated in 

Fig. P4.4. 

(b) What is the attenuation of the third harmonic compared to the fundamental fre- 
quency amplitude? Of the fifth harmonic? 

4.5 Repeat Prob. 4.4 for the case where a 5- £2 resistor is in series with the inductor. 




1 FIGURE P4.4 

l A parallel resonant circuit. 

^50kfl 



4.6 A 0.1-^iH inductor with a Q u of 100 at 1 MHz is used in a series resonant circuit with 
a 50- £2 load resistor. What must be the capacitance for the circuit to resonate at 1 MHz? 
What is the circuit 0? 
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4.7 The output impedance of the transistor used in the amplifier shown in Fig. P4.7 is 
50kft. Does this affect the circuit bandwidth? What will the bandwidth be if the 
inductor has a Q u of 100? The capacitor C = 160 pF. 




A transistor amplifier with a tuned circuit load. 



4.8 Derive the equivalent turns ratio for a closely coupled step-down autotransformer. 

4.9 If C 2 = 100 pF, for what value of C\ will the input impedance of the circuit in 
Fig. P4.9 be real at 20 MHz? Are there any values of C 2 for which C 1 cannot 
be adjusted to make the input impedance real at this frequency? 

0.4 FIGURE P4.9 

- V . 

A load resistance and loss- 
less matching network. 

r l = 100 0 




4.10 Design a lossless coupling network to match a 50- £2 load to a 20- ft source resistance. 
What are the component values if the operating frequency is to be 20 MHz? Is the 
transfer impedance a low-pass bandpass or a high-pass circuit? What about the input 
impedance? What is the magnitude of the circuit’s voltage gain? 
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4.11 Design a lossless coupling network that matches a 10 + 5y-ft load to a 50- ft source 
impedance. 

4.12 Design a lossless coupling network that matches a 10- ft load in parallel with a 
+5 j- ft reactance to a 50- ft source. 

4.13 Design a lossless coupling network that matches a 50- ft load impedance to a 15- ft 
source impedance. Do the Q values of the input impedance and the transfer impedance 
have practical significance? What is the bandwidth of the transimpedance? What is the 
magnitude of the circuit’s voltage gain? 

4.14 Determine the value of C 2 for the circuit shown in Fig. P4.14 to be resonant at w 0 = 
4 x 10 6 rad/s. Determine the circuit input impedance and also the output voltage at the 
resonant frequency if / = 10 -2 sin (4 x 10 6 f). The transformer is tightly coupled. If 
the unloaded Q of the secondary coil Q 2 is 70, what is the circuit bandwidth? Also, L x 
is 0.30 /xH, and M is 3 /xH. 



M 




FIGURE P4.14 

A transformer circuit with 
a tuned secondary. 



4.15 Find (approximate) the half-power bandwidth of the circuit shown in Fig. P4.15. Here 
C is 1000 pF, L is 10 /xH, r is 1 ft, and R is 10 kft. 




FIGURE P4.15 

A parallel resonant circuit. 



4.16 In Prob. 4. 1 5, if the circuit is excited by a 1- A peak sinusoidal current source with a fre- 
quency of 5 times the resonant frequency of the circuit, what will be the amplitude of 
the output? 

4.17 Design a lossless coupling network that matches a load impedance of 100-1-5 j ft to a 
50- ft source impedance. 
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4.18 The transistor in the circuit shown in Fig. P4.18 has an input impedance of 1 kfi and 
an output impedance of 80 k£2. The unloaded Q of the inductor is 100. The transistor 
current gain fi is 100. 

(a) What is the resonant frequency of the amplifier? 

( b ) What is the amplifier bandwidth? 

(c) What is the radio of the third harmonic output to the fundamental output? 

(d) What is the voltage gain at resonance? 




FIGURE P4.18 

A voltage amplifier with a tuned circuit load. 



4.19 Show that the gain-bandwidth product of the single-tuned inductively coupled circuit 
is given by Eq. (4.52). 

4.20 For the circuit shown in Fig. P4.20, L\ = L 2 = 20 fx H and M = 8 fiH. What value 
of C is required for the input impedance to be resonant at 1 MHz? What will be the 
circuit Q? . 




FIGURE P4.20 

An autotransformer. 
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4.21 Derive expressions for the voltage gain as a function of frequency, center frequency, 
and bandwidth of the circuit shown in Fig. P4.21. 




FIGURE P4.21 

A bandpass filter. 



4.22 A low-pass filter consists of two first-order low-pass filters connected in cascade. If the 
— 3-dB bandwidth of each filter section is 100 kHz, what are the phase and group 
delays of the composite filter at 1000 kHz? 



4.23 Calculate the output voltage of the amplifier in Fig. P4.23. 




V2 9V 



FIGURE P4.23 



4.24 Calculate the output voltage of the amplifier in Fig. P4.24. 

*4.25 (a) Design a parallel-tuned circuit which resonates at 1 MHz, using a 1/iH inductor 
with a Q of 100. Determine the accuracy (or inaccuracy) of Eq. (4.22). Evaluate 
the circuit’s response, using steady-state analysis and by determining the transient 
response to a 10-MHz sine wave input. The two responses should agree. (Note that 
the analytical solution to this problem is relatively simple. Some of the parameters 
used in the computer transient simulation will need to be optimized in order to get 
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9V 




FIGURE P4.24 



the results of the two simulations to agree, including the time step and RELTOL 
parameters). 

(b) Repeat (a) with the circuit driven by a voltage source (with a 50- £2 source resis- 
tance) driven common -emitter amplifier (using a Q2N2222A with a jS of 100 and 
a single 9-V supply). The voltage gain at the resonant frequency should be 10 
(±10 percent). 

(c) Design a lossless matching network for the tuned circuit so that the amplifier input 
impedance is 50 £2 resistive at the resonant frequency. Verify the result. 

4.26 (a) Design an unbalanced parallel-tuned circuit amplifier with a voltage gain of 10 (or 
greater) at the resonant frequency (using Q2N2222A transistors with a ^ of 100 
and a single 9-V supply) which resonates at 1 MHz using a 1 fi H inductor with a 
Q of 100. Determine the accuracy (or inaccuracy) of Eq. (4.22). Evaluate the cir- 
cuit’s response, using steady-state analysis. The circuit is driven by a voltage 
source with a 50- £2 source resistance. The circuit should be designed so that the 
resulting Q is as high as possible. 

(. b ) Design a balanced version of the circuit specified in (a). 
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High-Frequency Amplifiers and 
Automatic Gain Control 



■ 5.1 

INTRODUCTION 

Various applications in high-frequency communication circuits require amplifiers. 
Amplifiers connected to the output of mixers, modulators, and demodulators serve 
as buffer amplifiers, where they provide a constant-load impedance and gain. Other 
applications include IF amplifiers, repeaters for cable communications, power 
amplifiers, power-amplifier drivers, and video amplifiers. This chapter considers the 
design of amplifiers for applications in which the actual frequency response of the 
transistors must be considered. Transistors have an upper frequency limit beyond 
which they do not provide any gain; the frequency response of various transistor 
amplifier configurations is evaluated in this chapter, and then methods for extend- 
ing the frequency range of the amplifiers are described. Amplifiers must often auto- 
matically adjust gain in response to variations in the input signal amplitude. This 
ability is called automatic gain control, or A GC. Several AGC systems are analyzed 
in Sec. 5.4. 

■ 5.2 

HIGH-FREQUENCY PERFORMANCE OF BIPOLAR AND 
FIELD-EFFECT TRANSISTOR AMPLIFIERS 

k 

BJT High-Frequency Model 

The bipolar transistor’s frequency-dependent properties are accounted for by includ- 
ing the base-emitter capacitance C n , the base-collector junction capacitance C M , 
and the collector-to-emitter terminal capacitance C 0 in the small-signal equivalent 
circuit shown in Fig. 5.1. The capacitance C R is actually composed of a diffusion 
capacitance plus a capacitance that represents the space charge layer present at the 
base-to-emitter junction. The junction capacitances vary inversely with the voltage 
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FIGURE 5.1 

A small-signal, high-frequency equivalent circuit of the bipolar transistor. 



across the junction. A detailed description of these capacitances can be found in the 
literature. For our purposes all parameters in the model can be assumed to be inde- 
pendent of frequency. Although this is not true for all transistors, there are a large 
number of devices for which the model is accurate at frequencies up to 100 MHz. 

At higher frequencies parasitic components, such as lead inductance, become 
important. How the capacitances limit high-frequency performance can be seen by 
calculating the short-circuit current gain. To do this, the output is short-circuited as 
shown in Fig 5.2. Since r Q and C Q are short-circuited, no current flows through 
them and 

Io = ~{gm -jtoCJV 

It is the case that in the frequency region of interest I 0 « — g m V. The voltage V is 
given by 



j(or n {C n + C M ) + 1 



so the short-circuit current gain is 



A — — 

h 



~gm^7i 



-fi 



jor-xiCn + C M ) 4- 1 



(5.1) 



j cor^iC* + C^) + 1 

The low-frequency short-circuit current gain is /?. At higher frequencies the gain 
is reduced because of the two capacitances. The —3 -dB frequency is referred to as 
cop, and 

'• ^ = [r„(C„ + C„)]-' =2nU (5-2) 




FIGURE 5.2 

Equivalent circuit for calculating the high-frequency, short-circuit current gain. 
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At the frequencies near and above cop the current gain becomes frequency- 
dependent, and the base and collector currents are no longer in phase. 

An important figure of merit for the transistor is the frequency f T at which the 
magnitude of short-circuit current gain becomes unity. That is, 



1*1 = 1 = 



£ 

(1 + (<U 7 -r„(C T + C M )] 2 }'/i 



P 



or 



(Of 



p 

fjriCjt + C M ) 



gm 

Cjt + C M 



(5.3) 



Note that both a>p and co T depend upon the transistor’s operating point. The 
transconductance g m is directly proportional to the collector current: Although C n 
and C M are not as dependent on the operating point, they do depend on the junction 
voltages. Increasing the collector bias current will increase f T . Although C n is 
normally not specified on data sheets, is usually given as C cb (collector-to-base 
capacitance) or C ob (output capacitance, common-base configuration). 

example 5.1. The 2N3904 is specified to have an f T of 3 x 10 s Hz, a ft of 100, 
and C 0 b = 4 pF . Determine the parameters to be used in the hybrid - tt model. The 
collector direct current is 10 mA. 



Solution . Since the collector current is 10 mA, 



r* 



0.026 x 100 

ooi 



= 260 



and g m = 40 x 10" 2 = 0.4 S - 

Then C n is determined from Eq. (5.3): 

A s 0.4 

(o T = 2tt( 3 x 10 8 ) = 

Cjr + 

or C* + Cfj, = 210 pF 

So C„ = 206 pF 

The resistance r a is normally not given, but a value of 15 kQ is a good approximation. 



Current Gain-Bandwidth Product 

The unity gain frequency f T is also referred to as the current gain-bandwidth prod- 
uct of the device, since 

— gmf n Oip 

and g m r n is the magnitude of the low-frequency short-circuit current gain: 

—&m r n ^ —§m —(Of 

j(or„(C K + C M ) + 1 j(o{C n + C M ) jco 

So, at any frequency greater than a>p the magnitude of the short-circuit current gain 
is readily determined. 
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example 5 . 2 . What would the short-circuit current gain be at 10 MHz for the 2N3904 
transistor of the preceding example? 

Solution . Since the gain-bandwidth product is 3 x 10 8 Hz, at 10 MHz the gain will be 



A,- = 



3 x 10 8 
10 7 



— 30 



The gain-bandwidth product of the device serves as a useful rule of thumb for 
estimating the gain at any frequency. At frequencies below the magnitude of the 
current gain is equal to /3. 



FET High-Frequency Model 

The performance of a field-effect transistor is limited at high frequencies by para- 
sitic capacitances, as is that of the bipolar transistor. The high-frequency perfor- 
mance can be described in terms of the equivalent circuit shown in Fig. 5.3. The 
gate-to-source capacitance C gs and the gate-to-drain capacitance C g j are junction 
capacitances that are inversely related to the voltage across the junctions. The 
actual relationship depends upon the particular manufacturing process used, but 
since the source voltage will be less than the drain voltage, C gs will usually be 
larger than C g j. The drain-to-source capacitance is the stray capacitance asso- 
ciated with the device package. The capacitances of junction and insulted-gate 
field-effect transistors differ in how they vary with the operating point, but the 
small-signal amplifier models are similar. We will now discuss the high-frequency 
behavior of these amplifiers. 

The hybrid- 7 r models of the junction and field-effect transistors are shown in 
Fig. 5.4. The only difference between the BJT and FET equivalent circuits is the 
resistor r n included in the small-signal model for the bipolar transistor. The mid- 
frequency input impedance of the common-emitter amplifier is r„ , whereas that 
of the common-source amplifier is very large and is considered to be infinite. The 
output circuits of the two devices are the same except that the bipolar transistor 
is essentially a current-controlled device, while the FET is a voltage-controlled 
device. Also, the transconductance of bipolar transistors is proportional to the 
collector direct current, while the transconductance of a field-effect transistor is 




FIGURE 5.3 

A small-signal, high-frequency equivalent circuit of a field-effect 
transistor. 
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FIGURE 5.4 

High-frequency equivalent circuits of (a) the BJT and (b) the FET. 



proportional to the square root of the drain direct current. Nevertheless, the circuit 
models are identical, and the same equations can be used for both. Before studying 
the frequency-dependent properties of these amplifiers, we will discuss a network 
theorem that is extremely useful for the analysis of transistor amplifiers. 



Miller’s Theorem 



Consider the network configuration indicated in Fig. 5.5. Nodes 1 and 2 are inter- 
connected by the impedance Z At any frequency the voltage gain between these 
two nodes can be given as 





Generally K is frequency-dependent. 

We will now show that the current I\ drawn from node 1 through Z can be 
obtained by disconnecting Z from terminal 1 and by bridging an impedance 
Z/(l — K) from node 1 to ground. This follows since 



Vi-V 2 Vi - KV X _ V,(l - K ) Vi 

z " z “ z “ Y x 




(5.5) 



where 
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FIGURE 5.5 

A voltage amplifier with 
impedance Z connected 
between the input and output. 



Therefore, if Z is replaced at node 1 by an impedance Zj connected between 
node 1 and ground, the current leaving node 1 will be the same. The current 
leaving node 2 is 



where 



h 



Z 2 



V 2 - Vi 

z 

KZ 
K - 1 



v 2 - v 2 /k v 2 
z ~ z 2 



(5.6) 



If Z 2 is connected between node 2 and ground, the current leaving node 2 will be 
the same. Miller’s theorem states that if the network illustrated in Fig. 5.5 has a 
voltage gain K between two nodes, then any impedance connected between those 
two nodes can be replaced by an impedance at each node connected to ground, 
as illustrated in Fig. 5.6. The values of the impedances are given by Eqs. (5.5) 
and (5.6). 




FIGURE 5.6 

An equivalent circuit of the amplifier shown in Fig. 5.5 but 
without the feedback resistor. 
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FIGURE 5.7 

A common-source amplifier. 



High-Frequency Response of FET Amplifiers 



Common-source amplifier 

The utility of Miller’s theorem can be appreciated by applying it to the analysis 
of the high-frequency performance of the FET amplifier illustrated in Fig. 5.7. 
The small-signal, high-frequency equivalent of the amplifier is given in Fig. 5.8. 
If R g ^> R, thenV^ « V- t , and the midfrequency voltage gain is 

, _ V 2 _ ~ 

Av — y — 8rn R I 



where 



*1 = 



Rl + I'd 



We will now use Miller’s theorem to replace the gate-to-drain capacitance by two 
capacitors, one connected from gate to ground and one connected from drain to 




FIGURE 5.8 

A small-signal, high-frequency equivalent circuit of the common-source amplifier. 
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A small-signal, high-frequency equivalent circuit of the common-source amplifier obtained by applying Miller’s theorem to the 
circuit shown in Fig. 5.8. 
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ground, as illustrated in Fig. 5.9. The impedance from gate to drain is Z = 
(jo)C gd )~ { , so the impedance to be added from gate to ground is [Eq. (5.5)] 

z t = lj<oC gd ( 1 - A.)]- 1 = ljo>C gd (l + g m R' L )]-' 
and the impedance to be added from drain to ground is [Eq. (5.6)] 

A.. T /I + V" 1 

Z 2 = 



Mw)] 



jcoC g d(A v 1) 

The gate-to-drain capacitance is replaced by a capacitor 

C\ — Cgd( 1 + 

connected from gate to ground, and a capacitor 

1 "F 



Ci = c gd - 



8 m 



(5.7) 



(5.8) 



connected from drain to ground. If the voltage gain is large, the capacitance shunt- 
ing the input is large. In a high-gain inverting amplifier any capacitance connected 
from input to output is equivalent to the same capacitance shunting the input, but 
with its value amplified by the voltage gain. This is known as the Miller effect. The 
Miller effect limits the high-frequency performance of high-voltage-gain amplifiers. 

If we again assume that R <§; R g , the complete frequency-dependent transfer 
function for the circuit of Fig. 5.9 is 



where 

and 



Vo 8m Rt 

V - (JvRCt + 1 ){j 0 )R' L C o -u 1) 



Ct — C gs -f- C gd ( 1 + gmR'i) 



Co 



CgdO + gmR'i ) 
gmK 



+ c ds 



(5.9) 



The amplifier has two high-frequency poles in the left-hand plane: 

a>\ = -(RC T y x (5.10) 

and o>2 = -(R' L C 0 Y X ( 5 - n ) 

Unless R is very small, the magnitude of a>\ will usually be much smaller than the 
magnitude of a>i because Cj is much bigger than C 0 . Actually, the approximation 
used in applying Miller’s theorem is such that the frequency response is not accu- 
rate beyond the lower of the two poles. At higher frequencies the voltage gain A v is 
complex, ‘‘but it was assumed to be real in deriving Eq. (5.9). 



example 5.3. A 2N5486 FET with a transconductance g m of 2 x 10 3 S and an r d 
of 13 k£2 is used in the amplifier shown in Fig. 5.10. Also C gs = 5 pF and Cgd — 
1 pF = C ds . Determine the high-frequency response of the amplifier. 



Solution. The small-signal, high-frequency equivalent circuit is illustrated in Fig. 5.11. 
Since R < R g , the midfrequency voltage gain is given as 



A v = gm Rl 



(-2 x 10 _3 )(6 k£2 x 13 kft) 



- 8.2 



6kQ+ 13k£2 
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FIGURE 5.10 

The common-source amplifier discussed in Example 5.3. 



5 kQ 1 P p 




FIGURE 5.11 

The high-frequency equivalent circuit of the amplifier shown in Fig. 5.10. 



Therefore, 

C T = 5 + 1(1 + 8.2) = 14.2 pF 

and C 0 = 1 + 1 = 2.1 pF 

The high-frequency pole due to the input circuit is [Eq. (5.10)] 

-wi % ( RC T y l = [(5 x \&)(\A2 x 10- 12 )]- 1 = 1.41 x 10 7 rad/s 

and the high-frequency pole due to the output circuit is [Eq. (5.11)] 

-o >2 = (£ l Co)~ 1 = [(4.1 x 10 3 )(2.1 x 10 l2 )]“ l = 11.6 x 10 7 rad/s 

The upper comer frequency is approximately 1.4 x 10 7 rad/s and is determined by the 
input circuit. The estimate for a second high-frequency pole obtained using the approx- 
imation is not accurate. 

The application of Miller’s theorem in the preceding example was somewhat 
of an approximation. The approximation involved using the midband gain, which is 
frequency-independent, as an approximation for the voltage gain at all frequencies. 
To be more precise, the frequency-dependent gain should be used. Since the gain 
will generally be complex, the capacitance must be replaced by complex imped- 
ances in the application of Miller’s theorem. However, the approximation is suffi- 
ciently accurate if Miller’s theorem is used with the midband gain. To illustrate 
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the accuracy, the circuit of Fig. 5.8 can be analyzed directly. If we again assume 
that R g > R, the equilibrium equations can be written as 

+ V s iC g5 + (V, - V„)sC ed = 0 



and 



— VgSC g d 4- V 0 sC g d + — + gm V g + VoSCj s = 0 

K-i 



where 



K = 



raRL 
r d + Rl 



If Vg is eliminated, the voltage gain is found to be 

Y?L — £ — ~(g« ~ s Cgd)R'i 

Vi s 2 RR' L [C gd C gs + Cd s {Cgd + C gs y\ + s[g m CgdRR'i 

HC gd + C ds )R' L + (C gd + C gs )R] + 1 (5.12) 

This transfer function differs from that obtained using the approximation for Miller’s 
theorem. The main difference is that a high-frequency zero has been added in the 
right half of the s plane. However, the frequency response is close to that ob- 
tained previously; the validity of the approximation is illustrated by the following 
example. 

example 5.4. The previous example used the approximation to Miller’s theorem to 
determine the high-frequency response. Determine the high-frequency response using 
Eq. (5.12). 

Solution. For this amplifier g m = 2 x 10 -3 , C gs = 5 x 10 -12 , C gd = 10 -12 , R — 
5 x 10 3 , and R' L = 4.1 x 10 3 . If these values are substituted into Eq. (5.12), the trans- 
fer function zero is found to be located at 



W; = 2x 10 9 rad/s 

and the two poles are located at 

(o p i = — 1.3 x 10 7 rad/s 
and a > P 2 = —33.7 x 10 7 rad/s 

The actual frequency response obtained from a computer simulation of the ampli- 
fier is plotted in Fig. 5.12. The — 3-dB comer frequency is located at 1.3 x 10 7 rad/s 
(2.1 x 10 6 Hz), whereas a comer frequency of 1.4 x 10 7 rad/s was obtained with the 
approximation. The zero is located at a much higher frequency and has a negligible ef- 
fect on the transfer function within the passband of the amplifier, but it does affect 
the rate of attenuation and phase shift at high frequencies. 

In general, the midfrequency gain can be used with Miller’s theorem to obtain 
a sufficiently accurate high-frequency amplifier model. This approach greatly sim- 
plifies the analysis since it isolates the input and output stages of the amplifier. At 
frequencies above the — 3-dB comer frequency the approximation error increases. 
At sufficiently high frequencies the amplifier rolls off at —6 dB per octave, not 
at— 12 dB per octave as predicted by Eq. (5.9). 
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dB 




FIGURE 5.12 

Frequency response of the voltage gain (magnitude) of the amplifier circuit shown in 
Fig. 5.11. 

Since the common-gate and source-follower small-signal, high-frequency equi- 
valent circuits are simplified versions of the common-base and emitter-follower 
small-signal circuits, they will not be analyzed here. The results derived in the fol- 
lowing section for the high-frequency response of BJT amplifiers are directly 
applicable to FET amplifiers. 



High-Frequency Response of BJT Amplifiers 
Common-emitter amplifier 

The small-signal, high-frequency model for the common-emitter amplifier is 
shown in Fig. 5.13. If R s and r n are combined into the single resistor 

# — ^ sTn 

, • . v 4- r n 




FIGURE. 5.13 

A small-signal, high-frequency equivalent circuit of a common-emitter amplifier. 
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FIGURE. 5.14 

A simplified equivalent circuit of a common-emitter amplifier. 



and if r 0 and R L are also combined 



, ToRl 
R\ = — ° - 

r 0 + Ri 



(5.13) 



the equivalent circuit is as shown in Fig. 5.14. This is identical to the high- 
frequency circuit for the common-source amplifier; hence the results derived for 
the frequency response of the common-source amplifier apply equally well to the 
common-emitter amplifier. 



example 5.5. The amplifier shown in Fig. 5.15 uses a 2N3904 BJT with an f T of 
3 x 10 8 Hz, a p of 100, and a ^ob uf 4 pF. Here is the output capacitance of a 
common-base amplifier. It is usually included on a company’s transistor specification 
sheet because it is easy to measure. The capacitance of the hybrid- n model is appre- 
ciably less 1 than C 0 b, but 4 pF has been assumed for C^in this example. This means 
that the actual high-frequency bandwidth will be greater than predicted. Calculate the 
upper 3-dB frequency of the amplifier. The collector direct current is 10 mA. Here C D 
is assumed to have a negligible effect on the frequency response. 

Solution. Example 5.1 showed that a 2N3904 transistor with a collector direct current 
of 10 mA, had r„ = 260 Q, g m = 0.4 S, and C n — 206 pF. 
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The small -signal, high-frequency equivalent circuit is shown in Fig. 5.16. The par- 
allel combination of the two base-biasing resistors is shown as a 2.66-k £2 resistor. The 
parallel combination of this resistor and the 260- £2 emitter resistance is 237 £2. It has 
also been assumed that the transistor output impedance is much greater than the 600- £2 
load impedance. The midfrequency output voltage is 

Y Rl x 237 

° " 237 + 500 1 



-0.4 x 600 x 237 
737 



Vi = 



-77.2 V;- 



The midfrequency base-to-emitter voltage gain is —g m Rl = 240, so the approximate 
high-frequency, small-signal circuit is as shown in Fig. 5.17. The equivalent input 
Miller capacitance is 960 pF. If the input circuit is replaced by its Thevenin equivalent, 
the circuit is as shown in Fig. 5.18. This circuit topology is the same as that given in 
Fig. 5.9 for the FET amplifier. Hence Eqs. (5.10) and (5.11) can be used to find the 
two high-frequency poles 

- Wl = [161(1166 x 10- 12 )]- 1 = 5.3 x 10 6 rad/s 
and — ct >2 = [600(4 x lO -12 )]- 1 = 33.2 x 10 7 rad/s 



Since |a>i j |ct> 2 1 , the high-frequency performance is determined by the input circuit. 
The upper — 3-dB frequency of this amplifier is equal to |n>i | . 




FIGURE. 5.16 

A high-frequency equivalent circuit of the amplifier shown in Fig. 5.15. 




FIGURE 5.17 

An approximate equivalent circuit of the amplifier shown in Fig. 5.15. 
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FIGURE 5.18 

A simplified equivalent of the circuit shown in Fig. 5.17. 



The high-frequency common-emitter circuit of Fig. 5.14 is identical in topolo- 
gy to the small-signal, high-frequency equivalent circuit given in Fig. 5.8 for the 
common-source amplifier. Therefore, Eq. (5.12) is also correct for the common- 
emitter circuit. The corresponding equation for the BJT is found by changing the 
notation to correspond to that of the BJT circuit: 

Vo_ _ A _ -(gm ~ sC^R'b 

Vth “ “ * 2 J?*UCjtC m + C 0 (C* + Q)] + s[R(jC x + C M ) 

+ R' l {C^ + C 0 ) + gmC^RR'J + 1 (5.14) 

Now R' l is given by Eq. (5.13), and R is equal to the parallel combination of 
R s ,r n , and any bias resistors connected between the base terminal and ground. 
Also 4^ is the Thevenin equivalent voltage of the input circuit consisting of these 
resistors. 

example 5.6. Calculate the exact frequency response of the amplifier shown in 
Fig. 5.15, using Eq. (5.14). 

Solution. If the values from Example 5.5 are substituted into Eq. (5.14), the transfer 
function is 



V 0 -(0.4 -sx4x 10~ 12 )(966 x 10 3 ) 

V* ~~ s 2 ( 79.6 x 10-* 8 ) +j( 190.2 x 10~ 9 ) + 1 

The transfer function has a zero 

v 

an = 10 11 rad/s 

and two left half-plane poles 

<i)\ — —5.5 x 10 6 rad/s 

and a >2 — —2.41 x 10 9 rad/s 

In this example the bandwidth approximation obtained using the Miller theorem is 
almost the same as that obtained from the more complex formula. This approximation 
does provide an easy method for estimating the frequency response. Precise estimates 
require a great deal more calculation or, preferably, some method of simulation. 
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Common-Base Amplifiers 

Common-base amplifiers are used in many high-frequency circuits because they 
have a wider bandwidth than does the equivalent common-emitter amplifier. A typ- 
ical common-base amplifier circuit is shown in Fig. 5.19. The small-signal, high- 
frequency model for this amplifier is shown in Fig. 5.20. The reasons for the wider 
bandwidth of the common-base amplifier are that (1) the midfrequency input resis- 
tance, given by Eq. (2.17) 



Z, » ~ = ( gm )-' 

P 

is 1/jS times that of the common-emitter amplifier and (2) the equivalent Miller 
capacitance connected across the input is 

Cm = C a { 1 — A v ) 





FIGURE 5.19 

A common-base amplifier. 





FIGURE 5.20 

A small-signal, high-frequency equivalent circuit of the common-base amplifier. 
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as for the common-emitter amplifier, but in the common-base amplifier A v is posi- 
tive. If the voltage gain is greater than 1, the Miller capacitance will be negative and 
will reduce the total capacitance from emitter to base. The total input capacitance 
can, in fact, become negative, which means that the input impedance is inductive. 
Because of the small input impedance the transistor collector-to-emitter resistance 
r 0 can be ignored with no sacrifice in accuracy. 

The equivalent circuit can then be drawn as shown in Fig. 5.21. In this figure 
the voltage source has been replaced by an equivalent current source / = Vi/R s , 
and the resistor R is the parallel combination of the three resistors 



R = Rs\\R E \\rJP 

V = (I- 8 m V)Z 

IZ 

V = 



1 + 8mZ 

R 



The emitter voltage V is then 
or 

where 
and 

Therefore 

I 1 -f jcoCrR/il + g m R) 
The comer frequency of the input circuit is then 

1 + g m R 
0)1 ~ \C t \R 

and the comer frequency of the output circuit is 

A v — \ 



Z - - 

1 -T jcoRCj 

C T = C„ + CM - A v ) 
V R/(l+g m R) 



(5.15) 



(5.16) 



(5.17) 



where 



C —C 

^ M — '-'0 



A v 




FIGURE 5.21 

An equivalent circuit of the common-base amplifier, obtained using Miller’s theorem. 
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FIGURE 5.22 

The common-base amplifier 

discussed in Example 5.7. 



For the common-base amplifier the output-circuit comer frequency can be lower 
than the comer frequency of the input circuit. The particular characteristics of each 
amplifier must be evaluated. 

example 5.7. Calculate the gain and frequency response of the common-base ampli- 
fier illustrated in Fig. 5.22. The same transistor (and collector direct current) is used as 
in Example 5.5 (where the frequency response of the common-emitter amplifier was 
calculated). The collector-to-emitter capacitance is assumed to be C 0 = 1 pF. 

Solution. The high-frequency equivalent circuit is given in Fig. 5.23. The midband 
emitter-to-collector voltage gain is 

y =g m X L = 240 

so the Miller capacitance is 

C M = 1 - 240 = -239 pF 
and the collector-to-ground Miller capacitance is 



C — 

^ AA 



239 

240 



1 pF 



1 pF 




FIGURE 5.23 

A high-frequency equivalent circuit of the amplifier shown in Fig. 5.22. 
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Since R t = (g m ) -1 = 2.5 Q, the midfrequency voltage gain is 




The voltage gain is much less than that of the common-emitter amplifier because of the 
low input resistance. 

The high-frequency pole due to the output circuit is [Eq. (5.17)] 

— o >2 — (600 x 5 pF)" 1 = 3.33 x 10 8 rad/s 

The high-frequency pole due to the input circuit can be determined using Eq. (5.16). 
The equivalent resistance is 

R = 500 || 300 1| 260 = 109 £2 

and the total capacitance 

C T = 206 - 239 = -33 pF 

is negative. The sign of the capacitance affects the phase shift but not the magnitude of 
the frequency response or the comer frequency. The high-frequency pole of the input 
circuit [Eq. (5.16)] 

-a> x = ( RC t )-’ = 2.78 x 10 8 rad/s 

is slightly smaller than the pole due to the output circuit, so the high-frequency response 
is determined by the input circuit. A plot of the input susceptance, as determined by 
computer simulation, is shown in Fig. 5.24. At low frequencies the susceptance is neg- 
ative (inductive), as predicted using Miller’s theorem. It does, however, increase in 
magnitude with increasing frequency. At higher frequencies, the voltage gain decreases 
and the susceptance becomes capacitive (about 1.5 x 10 7 Hz). 



Emitter-Followers 

The emitter-follower has a positive voltage gain less than unity, so one would pre- 
dict from Miller’s theorem that this circuit has a wider bandwidth than the common- 
emitter amplifier. The emitter-follower does, in fact, usually have the widest band- 
width of the three amplifier configurations. The high-frequency response can be 
determined from the emitter-follower equivalent circuit shown in Fig 5.25. For pur- 
poses of analysis we will redraw the circuit as shown in Fig. 5.26. In this circuit 
/ = Vi/Rg and 



where 


Z — ' 

jwC^Ri -+* 1 

^ _ *v Rf> 

R s + Rb 


(5.18) 


Also, 


Tjr 

z — 

jo)r n C n + 1 


(5.19) 



jcoRoCo + 1 



and 



(5.20) 
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/ 




FIGURE 5.26 

An emitter-follower equivalent circuit. 



where 



Ro 



r 0 Rh 
r o + Rl 



The input current divides into the two currents I\ and / 2 . The amplifier response is 
derived from the three equations: 

/ = h + h 

V\ = I\Zj — I 2 Z n + V 0 
V a = (1 + g m Z k )I 2 Z l 

If / 1 and / 2 are eliminated from these three equations, the transimpedance is found 
to be 



Yz — y — Z + gmZjr) 

I - T ~ , Z, +Z„ + (l + g„Z„)Z 1 



(5.21) 



This complicated equation can be simplified for most practical applications. It will 
usually be the case that Z L ~ R L . If Z, Z n , which will be the situation if the 
amplifier is driven by a current source, the transimpedance is then 



Z T 



Rl( 1 + g m Z n ) = Rl 



1 "T gm^Tt ~T Cjr 

ju>r n C n + 1 



(5.22) 



The amplifier will have a pole at 

-<£>„ = (rM- 1 (5.23) 

which is approximately equal in magnitude to the current gain-bandwidth product 
of the device divided by /?. The amplifier also has a zero at 



(o z = - 



(1 “b 8m r n) 



(5.24) 



If the amplifier is driven by a voltage source with a source resistance R s <$C Rb, then 
Z, ~ R s , and the voltage transfer function simplifies to 



Vo Ri(i + g m z„) 



V{ R s + Z„ + R l ( 1 + g m Z n ) 



(5.25) 
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FIGURE 5.27 

The emitter-follower discussed in 
Example 5.9. 



which has a zero at 



—o>z = 



1 "t" 8m r n 
fnC n 



(5.26) 



and a pole at the lower frequency 



— ^ 8m r x)RL 

r n Cjt(R s + Rl ) 



(5.27) 



These equations contain several approximations, but they do provide good esti- 
mates for the design and analysis of high- frequency* emitter-follower amplifiers. 
The following example illustrates their application. 



example 5.8. Estimate the frequency response of the amplifier illustrated in Fig. 5.27. 
The same values for load and source resistance are used as in Example 5.7 with the 
common-base amplifier. The transistor is biased so that g m is again 0.4 S. 



Solution. For this amplifier R b R s and Rl <5C r 0 , so the amplifier bandwidth can be 
estimated using Eq. (5.27): 



(Op 



500 + 260 + 105(600) 
260(206 x 10“ 12 )(500 + 600) 



= 1.112 x 10 9 rad/s 



The zero frequency is found from Eq. (5.26) to be 

— a>z = 2.01 x 10 9 rad/s 

TJik model predicts that the frequency response does not decrease above a> z , but as with 
the Miller approximation, these equations are also an approximation and the high- 
frequency gain will decrease at —6 dB per octave. 



Differential Amplifiers 



Differential mode frequency response 

A BJT differential amplifier with matching transistors is shown in Fig. 5.28. 
For differential input signals (Vj = —V 2 ) the two base currents are equal and 
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FIGURE 5.28 



opposite, and the emitter node is at virtual ground. Thus the circuit, for the small- 
signal response to the differential input, can be drawn as shown in Fig. 5.29. The 
two halves of the circuit are the same, with responses equal in magnitude and oppo- 
site in sign to the two input signals. The frequency response of the differential 
amplifier can thus be determined from an analysis of the simpler circuit shown in 
Fig. 5.30. A small-signal circuit equivalent to that of Fig. 5.30 is shown in Fig. 5.3 1 . 




FIGURE 5.29 
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v FIGURE 5.30 




This small-signal circuit is equivalent to the circuit shown in Fig. 5.8 (for the 
common-source simplifier). Thus 




V 0 /2 




Vi (jcoRCr + 1)0g^lCW + l)(Gr + Rs) 


where 


R' l = r 0 R L /(r o + R l ) 


and 


R RsK7T 

R s + 7Tr 




C = C + Cn(l+g m R f L ) 


and 


r r 0 
C ° T ^ .gmK 



This differential amplifier has the same Miller capacitances as does the single- 
transistor common-emitter amplifier. Since 



4 

' ‘ d V d 2V< 

The frequency-dependent small-signal gain of the differential amplifier is 

_ 

d ~ (r* 4- R s )(jo)RC T + \)(ja>R r L C 0 T + 1) 

This circuit has two high-frequency poles 



1 
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Vi 




and 



0)p2 = 



1 

R'lCoT 



Because of the approximations involved in applying Miller’s theorem, only the 
smaller of these two poles is an accurate representation of the high-frequency res- 
ponse. This smaller pole is approximately the -3-dB bandwidth of the differential 
amplifier. 



Common-mode frequency response 

The equivalent circuit that is used to determine the frequency response of the 
common-mode gain is shown in Fig. 5.32. 

As long as all components are matched, the differential amplifier’s common- 
mode gain (balanced output) is zero. Component mismatches do create frequency- 
dependent changes in the common-mode gain, but these are usually second-order 
effects. Even with ideal components, the single-ended (unbalanced) common-mode 




FIGURE 532 
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gain is not zero. Because of the circuit symmetry, the common-mode (unbalanced 
output) gain can be determined from the circuit shown in Fig. 5.33. 

A detailed analysis of this circuit is quite involved, but usually the emitter resis- 
tance is a very large impedance, since it is desired to have a small common-mode 
gain, and the higher the value of the emitter resistance R E , the lower the common- 
mode gain. For the case in which the emitter time constant dominates (the most 
common case), the single-ended common-mode gain is 



— ^z.(l + JmCeRe) 

2 Y e 



This equation shows that the common-mode gain starts increasing with frequency at 



(x>z 



1 

C e Re 



This increase in common-mode gain with frequency represents a degradation in the 
performance of the differential amplifier. At frequencies higher than oj z , additional 
parasitic effects also come into play, and the common-mode gain begins to decrease 
with increasing frequency. The complete high-frequency analysis is well suited for 
computer simulation. 

example s.9. A BJT differential amplifier with current-source biasing is shown in 
Fig. 5.34. The emitter current in Q\ and Qi is approximately 1 mAper transistor. The 
equivalent load resistance R' L is approximately 10 times as large as the equivalent 
source resistance R, but the input Miller capacitance is more than 80 times larger than 
die capacitance shunting the load, so one would expect the upper comer frequency to be 
determined by the input pole 



Oipx = 



1 

JC~ T 



The frequency response of the differential gain is plotted in Fig. 5.35 and the common- 
mode gain frequency response is plotted in Fig. 5.36. 

The differential gain begins to decrease before the common-mode gain has increased 
significantly, and within the region of constant differential mode gain, the common-mode 
frequency response is not a factor in amplifier performance. 
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V(Q 2 :c) Frequency 

FIGURE 5.36 



High-Speed Operational Amplifiers 

Operational amplifiers are finding more and more high-frequency applications as 
their frequency of operation extends to several hundred megahertz. In addition to 
the extremely versatile voltage feedback operational amplifiers, current feedback 
amplifiers with high bandwidths are now available. Voltage feedback op amps are 
now available with gain-bandwidth products in excess of 2 x 10 9 Hz (2 GHz) and 
current feedback operational amplifiers with gain-bandwidth products in excess of 
8 GHz. Both types of operational amplifiers find application in high-frequency 
circuits. 

Voltage feedback operational amplifiers 

The commonly used operational amplifier is a voltage feedback (VFB) device 
which develops a signal proportional to the error voltage (V+ — V_). It was shown 
in Chap. 2 that the gain-bandwidth product of this device (also called the unity gain 
frequency cot) is 

a>T = A 0 co 0 

where a> 0 is the — 3-dB frequency (rad/s) of the internally compensated operational 
amplifier and A c is the dc gain. When the operational amplifier is used to realize an 
amplifier, the bandwidth, due to negative feedback, will be much wider than the op- 
amp bandwidth, but the op-amp bandwidth will be the main factor in determining 
the closed-loop bandwidth. 
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FIGURE 5.37 



Consider the noninverting amplifier shown in Fig. 5.37. For this circuit the 
closed-loop transfer function is 

Vo _ A 
V, ~ 1 + A/a 

where A is the ideal closed-loop gain 

1 + Ri 

A = 

Ri 

and a is the transfer function of the operational amplifier 

A 0 

a = 

1 + j(o/a) 0 

The closed-loop transfer function can be written as 

V 0 _ A 0 /( 1 + A 0 /A) 

Vi 1 + jco/[(D 0 (l + A 0 /A)] 

The open-loop gain A 0 will be much larger than the closed-loop gain A, so that the 
transfer function simplifies to 

Vo = A 
Vi \ + ja)Af(D T 

The closed-loop bandwidth is the op amp’s gain-bandwidth product (unity gain 
frequency) divided by the closed-loop gain. As the voltage gain of the amplifier 
increases, the bandwidth of the amplifier decreases. It is readily shown that the 
bandwidth of the inverting amplifier also decreases in proportion to the closed-loop 
gain. 

Slew rate 

A simplified equivalent circuit for a VFB op amp is shown in Fig. 5.38. The 
capacitor C c across the high-voltage-gain stage is a compensating capacitor added 
so that the closed-loop transfer function will be stable. This capacitor causes the 
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C c 




open-loop gain of the circuit to roll off with increasing frequency at a rate of — 6- 
dB per octave, and its value is selected so that additional frequency roll-off caused 
by the capacitors internal to the op amp does not occur until approximately the op 
amp’s unity gain frequency. This compensating capacitor also limits the maximum 
rate of change of output voltage. The amplifier’s slew rate SR is defined as 




For a step input (ej = V+ — V_) to the circuit shown iirFig. 5.38, 

max Anax 

“ c “ ~c7 

The slew rate is limited by the maximum current out of the transconductance 
amplifier. Slew rate limiting is a nonlinear effect which plays an important role in 
VFB op amps in high-speed applications. The SR will be increased by decreasing 
the transconductance of the first stage. It appears that a lowering of the transcon- 
ductance of the input stage will lower the slew rate, but the compensating capacitor 
required for good closed-loop stability is given by 




Oij 



so the slew rate 



_ Ana z&>T 
8m 

is actually inversely proportional to the transconductance of the first stage. Since 
FETs have a lower transconductance than B JTs for typical input stage operating cur- 
rents, they can be expected to provide a higher slew rate. 

Voltage feedback op amps are very versatile and cost-effective and are avail- 
able with a wide variety of bandwidth, noise, power, and precision specifications. 
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Current feedback operational-amplifier circuits 

The conventional operational amplifier is a voltage-controlled device with high 
impedance levels. The upper frequency response of these devices is limited by the 
Miller capacitances and the transistor cutoff frequencies. Transistors can switch 
currents much more rapidly than they can switch voltages. Devices which feed back 
current rather than voltage can be expected to have a higher bandwidth. Any ampli- 
fier which generates an error signal in the form of current is referred to as a current 
feedback amplifier . 

The circuit model of a current feedback operational amplifier is shown in 
Fig. 5.39. The input stage consists of a unity-gain voltage amplifier with high input 
impedance and low output impedance. This input buffer amplifier causes the invert- 
ing node voltage to follow the non-inverting node voltage. Amplification is provid- 
ed by a transimpedance amplifier with transimpedance gain Z which creates an 
output voltage that is Z times that of the current flowing out of the input buffer 
amplifier. The current feedback amplifier is usually realized by using the current- 
mirror topology illustrated in Fig. 5.40. The current mirrors function so that the two 
currents out of the current mirror are equal. 

Since the input buffer amplifier has a very high input impedance, it has negligi- 
ble current flow and thus 



I n — I\ — I2 

and because of the two current mirrors, the current through capacitor C is 



Thus the output voltage is 



h — h - h = In 



Vo(jco) = 



In 

jcoC 




FIGURE 5.39 
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FIGURE 5.40 



The output current of the op amp’s input voltage buffer serves as the error signal in 
the current feedback (CFB) differential amplifier, just as the error voltage does in 
the voltage feedback operational amplifier. The performance of the current feed- 
back op amp can be further evaluated by analyzing its performance in realizing the 
nonin verting voltage amplifier shown in Fig. 5.41. In the current feedback op amp, 
the current out of the inverting node will be /„. Summing currents at the inverting 
node gives 

- V, , Vn-Vc 

" *1 *2 



Because of the input buffer amplifier 
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and thus 

Also, in the CFB op amp 




V 0 = I n Z(jco) 



so the closed-loop transfer function is 



K 

Vi 




1 

1 + R 2 /Z(jco) 



If the impedance Z is sufficiently large. 



Vo 

Vi 



-s 



The gain of the noninverting voltage amplifier realized with the ideal current feed- 
back op amp is the same as that realized with the more familiar ideal voltage 
feedback op amp. The impedance Z{jco) should be as large as possible to closely 
realize the ideal transfer function. The impedance Z(jo)) is conveniently realized 
with a capacitor C in parallel with a resistor R a , giving the current feedback op amp 
very high transimpedance at low frequencies provided that R a is sufficiently large. 
The frequency-dependent gain properties of the circuit are primarily determined 
by Z(jco). 

For the noninverting amplifier with 



Z(ja>) = 



Ra 

1 + Ra(j(*>C) 



the closed-loop transfer for the noninverting amplifier transfer function is 



Vo 

Vi 




1 

1 + R 2 (j<oC) + R 2 j R a 



Normally, R 2 « Ra 



and the closed-loop gain expression simplifies to 

, ^ = (> + -) 1 

v, V ■ nj l + RiijioC) 

An Important feature of the current feedback op amp is that the closed-loop 
bandwidth 



is independent of the closed-loop gain. The closed-loop gain can be increased by 
decreasing R x without affecting the closed-loop bandwidth. And R 2 is constrained 
to be much less than the op amp’s R a . When the nonideal model for the amplifier is 
considered, particularly the output impedance of the input buffer amplifier, current 
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feedback op amps do have some reduction in bandwidth with increasing gain, but 
bandwidth reduction with increasing gain is much less than that of voltage feedback 
op amps. 



Cascade of Identical Stages 



If a large voltage gain is required, it is often convenient to cascade several identical 
stages. If each stage has a voltage gain A and a single pole at the upper comer fre- 
quency (o p , the voltage transfer function of each stage is 

A 

Av jco/(Op + 1 

If n of these stages are cascaded, the overall transfer function will be 



At — 



A" 

( jO)/(O p + 1 )" 



(5.28) 



The overall low-frequency gain is the nth power of the voltage gain of a single 
stage. The overall bandwidth co\ is that frequency at which the gain magnitude is 
0.707 times its low-frequency value. That is, 



or 



A" 

= 0.707 A" = 

\(ja>/(D p + 1)|" 




A" 

2V* 



The bandwidth is 

o>, = w p (2'" - 1) 1/2 (5.29) 

The bandwidth &>i obtained by cascading n identical stages each of bandwidth m p 
is reduced by the factor (2 1/n — 1) 1/2 of the single-stage bandwidth. This factor is 
referred to as the bandwidth reduction factor. 

example 5 . 10 . Two identical stages, each with a voltage gain of 20 dB and a band- 
width of 10 MHz, are cascaded. What are the overall gain and bandwidth? 

Solution. Since each stage has a gain of 20 dB, the overall low-frequency gain is 40 dB. 
TJie overall bandwidth is 

f x = 10 7 (2 ,/2 - 1) 1/2 = 6.43 MHz 



■ 5.3 

BROADBANDING TECHNIQUES 

The preceding analysis emphasized that the most troublesome factor in the de- 
sign of high-frequency, high-gain amplifiers is the Miller capacitance connected 
between the input and output. As the gain is increased, the Miller capacitance 
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A simplified equivalent circuit of a common-emitter 
amplifier. 




increases; it is this capacitance that invariably limits the upper frequency response. 
Applications can require narrowband amplifiers, which include some type of tuned 
circuit, or broadband amplifiers, such as video amplifiers, in which the gain must be 
kept relatively constant over several decades of frequency. The following section 
describes methods for improving amplifier frequency response by the modification 
of the basic amplifier circuit. 

Consider the simplified small-signal equivalent circuit of the common-emitter 
voltage amplifier shown in Fig. 5.42. Here die output capacitance has been neglect- 
ed, and the equivalent Miller capacitance is 



For this amplifier 



Cm — Cn + C /4 (l + g m Ri\ 




gm^n R-l ( j M C M r Tl R s ^ 

r„ + R s \ r„ + R s 



The midband voltage gain is 



and the bandwidth is 



^ mill — 



gm r rt Rl 

r n + R s 



(5.30) 



r n + Rs 
C M^n Rs 



rad/s 



(5.31) 



This expression shows that the bandwidth can be increased by decreasing R s . There 
is a limit below which the bandwidth can be reduced by reducing R sy since the analy- 
sis ignored the base-spreading resistance r' b , which is in series with R s (for bipolar 
transistors). For low values, R s should be replaced by R s + r' b in Eq. (5.31). The 
analysis does imply that if the source resistance is very large, the bandwidth can be 
increased by using a source- or emitter-follower for the first stage. There is also a 
limit beyond which the approximate circuit is no longer valid and the bandwidth is 
determined by the output circuit capacitance. However, the expression does show 
that the source impedance should be as small as possible in order to maximize the 
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voltage gain and bandwidth. The bandwidth can often be extended by modifying the 
amplifier input circuit. Input compensation is a method of extending the circuit band- 
width for applications in which the source resistance cannot be reduced. 



Input Compensation 

The bandwidth of a single-stage amplifier can be extended by adding frequency- 
sensitive components to the circuit. The method is often referred to as broadband- 
ing. Figure 5.43 illustrates a method of broadbanding using input compensation. 
For this circuit the voltage gain is 

. ~~ j)CT Rl Zjz 

v ~ z a + z s 



where 

and 

If C s is selected so that 
then the voltage gain 



= 



jojr n C M + 1 

R< 



Z t = 



ja)R s C s + 1 



R S C S — 



•4-v 



gmRh ? j r 
r^ ~\~ Rs 



(5.32) 



is independent of frequency. Input compensation can be used to cancel the effect of 
the Miller capacitance on the input with no reduction in voltage gain. In this case the 
bandwidth will be determined by the output capacitance; it is 

B = \R,.(C„ + C M )}-' (5.33) 



where C' M is the equivalent Miller capacitance reflected across the output and C a is 
the output capacitance (collector-to-emitter capacitance plus any external shunt 
capacitance). 




FIGURE 5.43 

A broadband version of Fig. 5.42 obtained by adding C s . 
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example 5 . 11 . Consider the voltage amplifier shown in Fig. 5.44 which uses a 
2N3904 transistor. The biasing is such that the transistor parameters are the same as in 
Example 5.5. Calculate the voltage gain and bandwidth. Then determine the value of 
C s required to cancel the effects of the Miller capacitance on the input side of the cir- 
cuit, and determine the resulting gain and bandwidth. 

Solution . The results of Example 5.5 showed that the equivalent circuit for this partic- 
ular amplifier can be simplified to that shown in Fig. 5.45. The midfrequency voltage 
gain is —77.2, and the calculated bandwidth of the input circuit co\ = 5.3 x 10 6 rad/s. 
If Cj is selected so that 

500Cj = 237 x 1 166 pF or C s — 553 pF 

then the bandwidth will be determined by the pole of the output circuit 

B = (600 x 4 x 10" 12 )" 1 = 4.17 x 10 8 rad/s 

Input compensation has significantly widened the bandwidth with no reduction in mid- 
frequency gain. A knowledge of r' b is required for a more accurate prediction of the 
increase in bandwidth. 




FIGURE 5.45 

The equivalent circuit of Fig. 5.44 with the input compensation capacitor C 3 
added. 



182 



chapter 5: High-Frequency Amplifiers and Automatic Gain Control 



The preceding analysis has ignored the base-spreading analysis r’ b of bipolar 
transistors; r' b cannot be shunted with a capacitor, since one terminal of the resistor 
is internal to the device and so limits the minimum value of input impedance. This 
base-spreading resistance limits the improvement that can be realized with input 
compensation of BJT amplifiers. 



Feedback 



Input compensation does increase the system bandwidth, but it requires that the 
transistor parameters be known. If this is not possible, or is undesirable, as in 
designs to be mass-produced, feedback is a good alternative. Negative feedback 
widens the bandwidth at the cost of a proportional reduction in loop gain. Feedback 
also has the advantage that it makes the system response much less sensitive to 
parameters over which the designer has little or no control. The block diagram rep- 
resentation of a negative-feedback amplifier is shown in Fig. 5.46. Here G is the 
transfer function of the system without the feedback factor H, and the transfer func- 
tion with feedback is 



Vo = G 
V, ” 1 + GH 



(5.34) 



The forward loop gain G and/or the feedback ratio H can be frequency-dependent. 
And GH is known as the open-loop gain, and — GH i£ referred to as the loop trans- 
mission. If the magnitude of the open-loop gain \GH\ 1, then the closed-loop 
gain is 




(5.35) 



The loop response can be designed to depend essentially on the feedback factor H, 
which is under the designer’s control, and to be independent of the forward gain G, 
which depends on the transistor parameters. The feedback formulation is usually 
difficult to apply directly to transistor amplifiers because of the circuit complexity; 
but it is an accurate approximation that if the amplifier bandwidth without feedback 
is B, then the bandwidth Bf of the system with negative feedback is 

, ' B f « B|1 + GH\ B\GH\ (5.36) 




FIGURE 5.46 

Block diagram representation of a negative- 
feedback amplifier. 
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Consider the amplifier with gain A 0 and bandwidth a> L which can be represented by 
the transfer function 



G(jw) = 



Ap 

1 + j(o/a) L 



The gain-bandwidth product of this amplifier is GB = A 0 co L . If a frequency- 
independent negative-feedback factor H is included, the closed-loop transfer func- 
tion becomes 

Vo _ G(ja>) _ A 0 I" j(o ~T ! 

V t ~ 1 + ~ 1 + A 0 H [ (o L { 1 + A 0 H)\ 

The bandwidth has been increased from co L to Bf = a> L (\ + A 0 H ), but the gain 
has been reduced. The gain-bandwidth product is still 

G = i + A 0 H ) = 



example 5.12. An amplifier has an open-loop gain of 40 dB and a bandwidth of 
10 7 rad/s. If 20 dB of feedback is added to the amplifier, what are the closed-loop gain 
and bandwidth? 



Solution. The closed-loop gain has been reduced by 20 dB (a factor of 10), so the 
closed-loop gain is 40 — 20 = 20 dB, and the closed-loop bandwidth has increased pro- 
portionally: 

B f = 10 x 10 7 = 10 8 rad/s 

It is generally true that feedback will not increase the gain-bandwidth product. 
The increased bandwidth is obtained with a proportional reduction in gain. Feed- 
back does have the advantage of also reducing the system’s sensitivity to the ampli- 
fier components that cannot readily be controlled by the designer. 

In transistor amplifiers there are four types of feedback. A current can be fed 
back that is proportional to the output voltage or current, or a voltage can be fed 
back which is proportional to the output voltage or current. The input and output 
impedances are increased or decreased depending upon the particular type of feed- 
back employed. The following discussion concerns the two most frequently used 
methods of single-stage feedback. 



Current-to- Voltage Feedback 

The amplifier shown in Fig. 5.47 illustrates a frequently used method of single-stage 
negative feedback. Here a voltage proportional to the load current is fed back to the 
input via the emitter resistor R E . It is readily shown that this feedback increases the 
amplifier input impedance and decreases its output impedance. The simplified 
small-signal, high-frequency equivalent circuit is shown in Fig. 5.48. Although this 
circuit can be analyzed directly, the resulting frequency-dependent transfer func- 
tion is too complicated to be of much general utility. A good approximation to the 
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FIGURE 5.47 

A common-emitter amplifier with 
current-to-voltage feedback. 





FIGURE 5.48 

A simplified high-frequency equivalent circuit of the amplifier shown in Fig. 5.47. 



circuit’s frequency-dependent behavior can be obtained by calculating the gain and 
bandwidth without feedback and the midfrequency gain with feedback, then deter- 
mining the feedback ratio H from this. The upper frequency bandwidth can be esti- 
mated using Eq. (5.34), provided the upper comer frequency is known for the case 
in which there is no feedback. 

The midfrequency gain without feedback [Eq. (2.7)] is 



where 



-^mid — 



R = 



V 0 8m R-L ^ti 

V;~ r n +~R 

Rs\\R b 



v; = 



VjR b 
Rb + R s 



and 



Rb 



Rbi Rb2 
Rbi + Rbi 



It is assumed that R L <£ r 0 . The voltage gain with the feedback resistor R E 
added is 



Vo _ _ ~g m RLrn!{r n + R) 

V:~ mid_ l + (l + P)R E /(.R + r„) 



(5.37) 
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The open-loop gain is ' 

QH — _ _ Sm^L r n (1 + P)Re 

r„ + R r„ + R g m RLf n 

Since the gain G without feedback is known, the feedback factor is 

H _ ~(1 + P)Re 
gmRLr n 

If (1 +/&)*£»*,+* 



(5.38) 



(5.39) 



then 



(■4 mid)/ 



gmf 7i Rl 

(1 + P)Re 



H~ x 



-Rl 

Re 



This equation states that the midfrequency gain with feedback can be made 
independent of the transistor parameters, which vary from transistor to transistor. 
The use of negative feedback to make the circuit insensitive to parameters not under 
the designer’s direct control is a most important function. Another important feature 
is that negative feedback increases the circuit bandwidth. For this circuit the upper 
— 3-dB frequency without feedback is 



(Ol 



rJR 

R + r n 



[C„ + CA 1 + g m /?r)] 



-i 



(5.40) 



so the upper — 3-dB frequency with feedback is estimated to be 



l+ "k + r, J 



(5.41) 



This is an approximation since GH is actually a frequency-dependent transfer func- 
tion. The method and accuracy of the approximation are illustrated by the following 
example. 



example 5.13. Figure 5.49 illustrates the same amplifier as used in Example 5.5, only 
emitter feedback has been added. The small-signal equivalent circuit is as shown in 
Fig. 5.50. Here R b is 2.655 k£2, and R is 421 £2. 




FIGURE 5,49 

The common-emitter amplifier discussed 
in Example 5.13. 
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FIGURE 5.50 

A small-signal equivalent circuit of the amplifier shown in Fig. 5.49. 




FIGURE 5.51 

Voltage 'gain and gain-bandwidth product as a function of the 
emitter feedback. 



The magnitude of the gain without feedback was found to be A v = 77.2, and the 
corresponding bandwidth (obtained with computer simulation) is B = 0.84 x 10 6 Hz. 
The gain-bandwidth product is 

GB = 77.2(0.84 x 10 6 ) = 65.15 x 10 6 Hz 

The gain-bandwidth products for selected values of R E were obtained by computer 
simulation, and the results are plotted in Fig. 5.51. The transconductance g m was kept 
constant and independent of Re- As R E approaches Rl, the gain V 0 j V{ approaches the 
asymptotic value of R L /R E . The gain-bandwidth product decreases as R E increases. 
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For R l = R e the bandwidth is 36 MHz, and GB is 29.7 x 10 6 Hz. The bandwidth can 
be markedly improved with the addition of emitter feedback. 

For the common-emitter amplifier with an emitter resistor, the amplifier mid- 
frequency input resistance (from base to ground) is 

Ri — r x + (1 + P)Re 

Emitter feedback also increases the input impedance. If a small input impedance is 
needed for impedance matching, then voltage-to-current feedback can be used. 



VoItage-to-Current Feedback 



The common-emitter amplifier shown in Fig. 5.52 generates a feedback current 
through the resistor Rp which is proportional to the output voltage. That this circuit 
reduces the input impedance can be determined by analyzing the small- signal, mid- 
frequency equivalent circuit shown in Fig. 5.53. The input current is 



and the output voltage is 




V- Vo 
Rf 



Vo — —g m V Rl. + 




Rl 



If V 0 is eliminated from these two equations, the input impedance is found to be 



Z, = 



V 

I 



r n 



Rf + Rl 

1 + gmRL 



(5.42) 



v+ 




FIGURE 5.52 

A common-emitter amplifier with 
voltage-to-current feedback. 



+ 
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FIGURE 5.53 

A small-signal equivalent circuit of the amplifier shown in 
Fig. 5.52. 



This same expression holds true for FET amplifiers with r n ~co. The feedback 
resistor R F reduces the input impedance; in addition, this form of feedback can 
reduce the circuit sensitivity to variations in the transistor parameters and can widen 
the amplifier bandwidth. The midfrequency voltage gain of the circuit shown in 
Fig. 5.53 can be determined from the two equations 



Vi - V _ V-V 0 | V 
R s R f r n 

V V — V 

and 8mV + -^- + -~ = 0 

k l Rf 

The voltage gain is 

^ _ V<> _ i 8m ~ Sf 

Vi S (gL + 8f)(8s + 8f + 8rn) + (—gmgF + gp) 



(5.43) 



Normally g m g F , g m R l U and g s g K . Under these conditions the voltage 

gain expression simplifies to 



4, 

which in turn simplifies to 



-g m RL 

1 + gpRL + gm Rl (Rs/ Rf) 




provided 

Rs 

gm Rl. — 1 

Rf 



The gain can be made independent of the transistor parameters by using feed- 
back. The gain is a maximum with Rp = oo (no feedback); the feedback reduces 
the gain, so the feedback is negative. The frequency response of this circuit can also 
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be estimated by calculating the loop gain GH. If r 0 is neglected, the gain without 
feedback (assuming R s <$c r„) is A v = — g m RL ■ The gain with feedback is 

. gm^h 

1 + gpRl + gm^Li^s/ R f) 

So the open-loop gain 



OH — gpR^ + g m R l — — (5.44) 

k f 

can be used for estimating the closed-loop bandwidth. The following example illus- 
trates the accuracy of the approximations. 

example 5 . 14 . The preceding example evaluated the effect of emitter feedback on 
the gain and bandwidth of the common-emitter amplifier. Here the effects of voltage- 
to-current feedback are considered by analyzing the same amplifier, except that now 
voltage-to-current feedback is used. The amplifier is shown in Fig. 5.54. The amplifier 
is again biased so that g m — 0.4 S, and it is assumed to remain constant. The voltage 
gain and gain-bandwidth product as a function of Rf/R s are plotted in Fig. 5.55. In the 
ratio Rfj R s , note the accuracy of the approximation even through r„ is not as large as 
R s .) The gain-bandwidth product varies from a low of 59.5 x 10 6 Hz for a gain of 
unity to 65.1 x 10 6 Hz for a closed-loop gain of 17.9. The constancy of the gain- 
bandwidth product indicates that the effect of the negative feedback on bandwidth can 
be easily estimated using the approximations given in this section. 

For this amplifier the voltage-to-current feedback results in a more constant 
gain-bandwidth product than did the current-to- voltage feedback. This is particular- 
ly true for small values of loop gain. Each amplifier must be evaluated on an indi- 
vidual basis; the type of feedback to be used will most often be determined by the 
desired input impedance level. Another feedback technique for controlling the gain 
and impedance levels uses transformers as the feedback element. 




FIGURE 5.54 

Feedback amplifier analyzed in 
Example 5.14. 
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Rp/R s 



FIGURE 5.55 

Voltage gain and gain-bandwidth product, as a function of shunt 
feedback of the amplifier shown in Fig. 5.54. 



Lossless Feedback Amplifiers 2 



The two methods already described for increasing the bandwidth with negative 
feedback used a resistor or resistors to create the feedback signal. Since any resistor 
adds noise to the circuit, resistive feedback also decreases the amplifier’s noise 
performance (that is, it increases the noise figure). Also, the transistor output is 
delivered to the feedback network instead of to the load, in proportion to the feed- 
back ratio. Figure 5.56 illustrates a method of lossless feedback that does not have 
these two limitations. The feedback is realized with a three-winding transformer 
connected to the common-base transistor amplifier so that it can simultaneously 
provide gain andvimpedance-matching. The transformer is wound with the polari- 
ties as shown, and the two turns ratios with respect to the primary are m: 1 and n: 1 
The .following analysis is simplified by making the close approximation that the 
common-base current gain is unity. If the transformer is lossless, the input power is 
equal to the power out, or 

— (1 + n)l[ 

I X V + I\nV + I 2 mV = 0 or I 2 = — 
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FIGURE 5.56 

A common-base amplifier with lossless feedback. 
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Another advantage of this circuit is that the transformer turns ratios can be 
selected for impedance matching. For resistive loads 



Zi = 



1 + n + m 
m 2 



Rl 



If 



\ + m +n = m 2 



(5.47) 



then Zi = R l . 

Also, the amplifier output impedance can be determined using the equivalent 
circuit shown in Fig. 5.57 (where it is again assumed that V be V ). 

The output voltage V 0 = mV, and the output current l 0 equals — 7 t + / 2 . If the 
transformer is considered ideal, then 

j - d +«)/ 1 



and 



-(m + 1 + n) 
l 0 ~ >\ 



m 



so 



7 _ Yl _ m V 

I a m + 1 + n 1 1 



m 



R c 



m + 1 + n 

Therefore, if R s = R L — R and m 2 = m - 1 - 1 + n, the transistor input and out- 
put impedances are also equal: Z, = Z Q = R, The corresponding voltage gain is 

m 2 

A„ = 



(m + n + 1)2 



m 

2~ 



Since the common-base amplifier has a current gain close to unity, the power gain 
A p ^ A v . 

For a common-base amplifier without feedback the voltage gain is approxi- 
mately 



A 



Rl 

Rs 




FIGURE 5.57 

A small-signal equivalent circuit of the 
amplifier shown in Example 5.14. 
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If the load and source impedances are equal, the maximum voltage gain is unity. 
Since the voltage gain with feedback is A v = m/2, the feedback can increase the 
voltage gain. This is positive feedback, which implies that the feedback will reduce 
the bandwidth by approximately the same factor that the gain is increased. This 
feedback technique employs the common-base configuration, which has a much 
wider bandwidth than the common-emitter configuration, and then sacrifices some 
of the greater bandwidth for an increase in voltage gain. If R L is much larger than 
R s , the feedback can reduce the voltage gain. The analysis always depends on the 
particular component values. The technique has the additional advantage of being 
able to match the amplifier input and output impedances. It is well suited as an ele- 
ment in a cascade of identical amplifiers. 

example 5 . 15 . The same transistor with the same collector current (g m = 0.4) as 
used in the two preceding examples is used to implement the common-base feedback 
amplifier shown in Fig. 5.58. Table 5.1 presents the results obtained from a computer 
simulation of the circuit. 

The GB product decreases as the gain is increased. For voltage gains of 6 or more, 
GB is less than that obtained with the common-emitter amplifier using the same tran- 
sistor and collector direct current. For this amplifier the input and output impedances are 
500 £2. 

For the design of high-frequency amplifiers, the most important step is to se- 
lect a transistor with a sufficiently high gain-bandwidth product. The techniques 
of high-frequency design become important only when other transistor specifica- 
tions (such as power level and noise figure) limit the selection to transistors with an 




FIGURE 5.58 

Lossless feedback amplifier discussed in Example 5.15. 
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91 TABLE 5.1 



Gain-bandwidth product of a common-base amplifier with lossless feedback 



TUrns ratio 


Voltage gain 


Bandwidth, Hz 


Gain-bandwidth 
product, Hz 


0 


0.976 


79.4 xlO 6 


77.5 xlO 6 


4 


1.984 


11.22x 10 6 


22.2 x 10 6 


6 


2.975 


4.67 xlO 6 


13.9 xlO 6 


10 


4.95 


1.6 xlO 6 


7.92 x 10 6 


20 


9.615 


4.22 xlO 5 


4.06 xlO 6 



insufficient gain-bandwidth product. The previous discussion has shown how the 
bandwidth of single-stage amplifiers can be extended. 



Neutralization 

A technique known as neutralization was first used in radio-receiver amplifier 
design to extend the frequency of operation by neutralizing the parasitic capacitance 
C M , which appears between the input and output terminals. It consists of canceling 
the feedback current through with an equal and opposite current. The most fre- 
quently used method of neutralization employs the circuit shown in Fig. 5.59. Here 
the transformer inverts the phase of the output voltage; if the neutralizing imped- 
ance equals the impedance of the parasitic capacitance*, the neutralizing current will 
cancel the current through C M . If the circuit were accurate and the parasitic capac- 
itances were known precisely, neutralization would be a wideband technique; but in 
practice it results in a relatively narrowband amplifier. Just as the development of 
the pentode vacuum tube with much lower feedback capacitance than that of earli- 
er triodes eliminated the need for neutralization in commercial radio receivers, the 



C N 




FIGURE 5.59 
A voltage amplifier with 
neutralization. 
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FIGURE 5.60 

Another method of neutralization. 



improvement in high-frequency performance of transistors reduced the need for 
neutralization in transistor amplifiers. Another method of neutralization that can be 
used for narrowband amplifiers is given in Fig. 5.60, where the value of inductance 
is chosen so that it forms a parallel resonant circuit with the capacitance at the 
frequency of interest. Neutralization is particularly useful in tuned-input, tuned- 
output amplifiers where the feedback capacitance can cause oscillation (see 
Prob. 7.16). A frequently used neutralization circuit is. shown in Fig. 5.61 where 
the phase inversion is obtained with a center-tapped output transformer. 



Cascode Amplifiers 

The analysis of the single-stage amplifiers shows that the upper frequency limit of 
the amplifier is usually determined by the pole of the input circuit. The bandwidth 
can be increased either by decreasing the source resistance or by decreasing the 



I * 1 ( "I 





FIGURE 5.61 

A neutralization circuit employing a center-tapped transformer. 
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FIGURE 5.62 

A BJT cascode amplifier. 



voltage gain (which reduces the Miller capacitance). If neither of these reductions 
is possible, it may still be possible to meet the gain and bandwidth specifications by 
using a two-stage amplifier consisting of a common-emitter (or common source) 
amplifier followed by a common-base (or common-gate) amplifier. This configura- 
tion, illustrated in Fig. 5.62, is known as the cascode amplifier. Although the circuit 
can readily be analyzed by a brute-force approach, we will use an intuitive approach 
as it provides more insight into the design process. The common-base amplifier has 
a low input resistance of approximately r„//3 and a -unity current gain. Since the 
input resistance of the common-base stage, which is low, serves as the load resis- 
tance for the first stage, the voltage gain of the first stage will be low. This means 
that the Miller capacitance for the first stage will be low, and the first-stage band- 
width will be increased. The first-stage input impedance is r„, so the voltage gain 
of the first stage will be 



— r 






+ R : 



8m \ 



P 



Since the collector direct current is the same for both stages and the transistor cur- 
rent gains are assumed equal, g mi = g m2 and r n] — r n2 ; therefore 







fjl "t” Rs 



The voltage gain of the first stage is less than unity. The base alternating current of 
the first transistor is 



Rs + r n 

Since the current gain of the first stage is f$ and that of the second stage is approxi- 
mately 1 , the output current is 

-fiVt 



U * -fih = 



Rs "I" r n 
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FIGURE 5.63 

A small-signal model of the cas- 
code amplifier output stage. 




and the output voltage is 



V 0 = I 0 Rl = 



~PRlV> 

R S + r 7T 



So the voltage gain of the cascode circuit 



Vo = -PRl 
V i R s -\-r n 



(5.48) 



is about the same as can be realized with a single-stage amplifier, but since the first 
stage no longer has a gain greater than unity, its bandwidth is increased even if a 
large source resistance is used. The second stage, which does have a voltage gain 
greater than 1, has an input impedance that is small (r^/ ft). The bandwidth for the 
second stage can be determined from the small-signal model shown in Fig. 5.63. 
For this stage the midffequency voltage gain is 



A 



v 2 — 



Vo 

V 



= g m Rt 



If the voltage gain is large, the small-signal equivalent circuit can be replaced by 
that of Fig. 5.64. Since the stage is noninverting, the equivalent Miller input capac- 
itance is negative, reducing the input capacitance, and since the equivalent input 
impedance is r n f ft, the bandwidth of this stage will usually be determined by the 
capacitance across the output. The magnitude of the output pole is given by 

+ cyr 1 (5.49) 

This two^stage cascode amplifier has a voltage gain equal to what can be 
obtained from a single-stage common-emitter amplifier, but it has an appreciably 




FIGURE 5.64 

An equivalent small-signal model of the cascode amplifier output stage. 
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wider bandwidth. The cascode amplifier finds extensive application in high- 
frequency amplifiers and as the input stage of operational amplifiers. 



S 5.4 

AUTOMATIC GAIN CONTROL 

Received signals are often subject to fading (slow variations in the amplitude of the 
received carrier). Fading required the first radio set operators to continually adjust 
the receiver gain in order to maintain a relatively constant output volume. This led 
to the design of the automatic volume-control circuit, which detects the amplitude 
of the received signal and automatically adjusts the gain in order to maintain a con- 
stant output signal level. 3 Automatic volume control, now generalized and known 
as automatic gain control ( AGC) , is one of the most useful circuits in modem com- 
munications receivers. In addition to maintaining constant output signal levels, it is 
used in a variety of applications, including signal encoding and decoding and oscil- 
lator amplitude stabilization. 

The basic elements of an AGC system are illustrated in Fig. 5.65. The input sig- 
nal is amplified by a variable gain amplifier (VGA) whose gain depends on a con- 
trol signal V c . The amplified signal may be further amplified to produce the output 
signal V Q . Some parameter of the output signal, such as carrier amplitude, sideband 
power, or depth of modulation, is detected and compared with a reference signal 
V R . The difference between these two signals is then filtered and used to control the 
gain of the variable gain amplifier, the gain-controlling signal being either a voltage 
or current. If the input signal is amplitude-modulated, the AGC circuit must not 
respond to changes in amplitude modulation or else the AGC loop will distort the 
modulated signal. This distortion is prevented by restricting the AGC circuit band- 
width so that it does not respond to the modulating frequencies; but AGC can still 
compensate for signal fading, which is relatively slow compared to the lowest mod- 
ulating frequency. 




FIGURE 5.65 

An automatic gain control system. 
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FIGURE 5.66 

Idealized voltage-transfer characteristics 
of an AGC system. 



The characteristics of an ideal AGC circuit are shown in Fig. 5.66. For low 
input signal levels the AGC is inoperative, and the output signal is linearly related 
to the input signal. When the input signal level is greater than V \ , the ideal AGC cir- 
cuit maintains the output level constant until the input level reaches V 2 . For larger 
signal levels the output is again a linear function of the input signal level. The elim- 
ination of the AGC action at very high gain levels is often done to prevent system 
instability problems. 

The automatic gain control system described here is a negative-feedback sys- 
tem. The control signal represents an error signal between the amplitude of the out- 
put and the reference signal. As the input signal amplitude varies, the control signal 
varies in a manner to minimize the error signal. The requirements of an AGC loop 
differ depending upon the particular type of modulation of the input signal. The 
AGC requirements for AM receivers are usually more stringent than those for FM 
and pulse-modulation receivers. 

The desired signal range at several points in the receiver is an essential design 
parameter. It is necessary to keep the signal levels sufficiently large that receiver 
noise does not degrade the performance; but the signal levels must not exceed the 
linear range of the devices, or else distortion will occur. Signal range requirements 
are the most critical in the input stage, where differences in signal strength are the 
greatest. 



Theory of Automatic Gain Control 

An AGC system is an inherently nonlinear system, and there seldom are general 
solutions to the nonlinear equations that describe the system dynamics. There are, 
however, certain systems for which a closed-form solution can be found, and for 
most systems an approximate solution can be derived in terms of a small-signal 
model. 

Figure 5.67 illustrates an AGC system that can be solved analytically. In this 
system the variable gain amplifier P obeys the control law 

P = K { e +aV ' 

V a = ViK ]e +aV ‘ 



so 



(5.50) 
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FIGURE 5.67 
A linear (in decibels) 
AGC system. 



where V, and V 0 represent the envelope amplitudes of the input and output, respec- 
tively, and the logarithmic amplifier gain is 

V 2 = a In Vi = In K 2 V 0 



where K 2 is the gain of the envelope detector. The envelope detector output is 
always positive, so the output of the logarithmic amplifier is a real number (positive 
or negative). The control voltage is then 

V c - F(s)(V r - V 2 ) = F(s)(V r - In K 2 V 0 ) 

where F(s) is the filter transfer function. 

Since the variable gain amplifier obeys an exponential law 

In V 0 - aV c + In V { Ki 



the control voltage is 



That is, 



aV c = In V 0 — In V, K t 



In V 0 [l ± aF(s)] = In Vi + aF(s)V r + In K x - aF(s ) In K 2 
The response to the input signal is 

' " In V 0 [\ + «F(s)] = In V { + aF(s)V r 

Since In V 0 — 2.3 log V c , 

2.3 

In V 0 — —e 0 = 0.U5e o dB 



Let e 0 and c, denote the output and input, respectively, in decibels. Then 

e, 8.7 aF\s)V r 

1 -t -aF(s) ~ 1 +aF(s) 



e< 



(5.51) 
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FIGURE 5.68 
An equivalent block 
diagram representation of 
the AGC system shown in 
Fig. 5.67. 



This particular AGC circuit is described by a linear differential equation, provided 
the input and output quantities are expressed in decibels. The system can then be 
represented by the linear negative-feedback system shown in Fig. 5.68. The loop 
dynamics are described by the filter F(s) and the factor a of the variable gain ampli- 
fier. Normally F(s) will be a low-pass filter, since the loop bandwidth must be lim- 
ited so that it does not respond to any amplitude modulation present on the input 
signal. Loop stability will depend on the order of the filter and the loop gain. The 
steady-state change in the output, in response to a change in the input, is 



^ = [l+aF(0)]-‘ (5.52) 

where F( 0) is the dc gain of the filter. It is desired to keep the change Ae 0 as small 
as possible in response to changes in the input amplitude. This is accomplished by 
making the dc loop gain as large as possible. 

If F(s) is a first-order filter described by 



F(s) = 



K 

s/B + 1 



where K is the dc gain of the filter and B is the filter bandwidth, then the dc char- 
acteristic is 



Ae 0 



Ac, 

1 +aK 



(5.53) 



The total dc output of the system shown in Fig. 5.68 is 

e, 8.655V r a/f 

€ 0 — 1 - a 

1 +aK 1 +aK 



(5.54) 



Since the loop transmission aK is normally much greater than 1, the output e D 
equals 8.655 V T . The output amplitude in decibels is proportional to the reference 
voltage Y r . AGC loops ' containing a reference voltage are referred to as delayed 
AGC. T^iis term does not imply that the gain control is delayed because of band- 
width limitation, but rather that the AGC loop contains a reference signal. Simple 
AGC loops, which do not contain a reference voltage, are common in inexpensive 
radio receivers. 

The closed-loop transfer function for the loop with the first-order low-pass 
filter is 



A Ae, s/B -1- 1 

A e 0 — 



1 +aK s/[B(\+aK)\ + \ 



(5.55) 
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FIGURE 5.69 

Frequency response of the AGC system 
shown in Fig. 5.67. 



This system is inherently stable for all aK >0, since the closed-loop pole will be 
in the left half-plane for all a K >0. The magnitude of the frequency response of 
the closed-loop system is plotted in Fig. 5.69. AGC loops have a high-pass filter 
characteristic in response to changes in the amplitude of the input signal. That is, at 
high frequencies there is little AGC. For amplitude-modulated signals the comer 
frequency co L should be lower than the lowest modulating frequency com'. 

o>i = B(\ + aK) < com 

This implies that the filter bandwidth should be much less than the lowest modulat- 
ing frequency, since the negative feedback increases the closed-loop bandwidth. 

It was stated that it is desirable to keep the dc loop gain as large as possible in 
order to maintain a constant output level. One method is to use an integrator as the 
filter F(s). That is, F(s) — C/s. An ideal integrator has infinite gain at direct cur- 
rent, so the steady-state output amplitude will not change in response to slowly 
varying changes in the input amplitude. The output for this particular filter is 

8.6 V r a 

e 0 (s) - ——p; + , ^ 

s 4- aC 5 + aC 



For constant inputs the steady-state output is again proportional to the reference 
voltage: 

lim e 0 (t) = —~ 

' . ■ * t-*OQ C 

example 5 . 16 . Determine the time response of the AGC loop illustrated in Fig. 5.67 
[with F(s) = C/s ] to a step change in the input amplitude. 

Solution. Since the system is described by linear differential equations, superposition 
can be used to calculate the change in the output . That is, 



Ae 0 {5) = 



s Ae t (^) 
s + aC 



For a unit (decibel) step change in the input 

Ae,.(s) = s~ l 
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FIGURE 5.70 

An AGC system with two nonlinear components. 



and Ae 0 (,s) = (s + aC) -1 

so, A e„(t) — e~ aCt 

The output (in decibels) exponentially decays toward zero in response to a step change 
in the input amplitude. The time constant of the decay is equal to the —3 -dB frequency 
of the AGC loop (<w„ = aC). 



Another AGC Model 

Many AGC loops do not contain the logarithmic amplifier which results in a linear 
model when used with an exponential-type variable-gain amplifier. For some AGC 
systems it is still possible to derive linear small-signal models. The small-signal 
limitation implies that the system analysis is valid for small changes from a partic- 
ular operating point. Figure 5.70 illustrates a block diagram model for an AGC sys- 
tem in which the variable-gain amplifier and the detector are the only nonlinear 
components in the loop. To simplify the notation without loss of generality, the 
gains of the detector, the difference amplifier, and the amplifier following the 
variable-gain amplifier will be assumed to be unity. Then the system can be repre- 
sented by the simplified block diagram shown in Fig. 5.71 where V 0 and V; now 




FIGURE 5.71 

A simplified model of the 
AGC system shown in 
Fig. 5.70. 
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refer to envelope values and F is the frequency-dependent transfer function of the 
low-pass filter and amplifier combined. The output voltage V 0 equals P V t , where 
the gain P of the variable-gain amplifier is a function of the control voltage V c . The 
control voltage is 



V c = (K - V 0 )F 

The differential change in output voltage is 

dV a d , dP 

_ = _ ( PV j ) = P + K- 

Since d? - dP dVc - — dVc dV ° - — F) dV ° 

S.iite W ~ ~ W c W 0 dVi ~ dv}~ F) ~dVi 



Eq. (5.57) can be written as 



^( x + FVi ^\ = P 

dV, V dVj 

d ^lh = ( l + FV JL.\ 

JI / l 1 V ‘ 111 I 



(5.56) 



(5.57) 



(5.58) 
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So the normalized change in output voltage is 

AVp A, 

(5) = 

V 0 s + KVi 

and —(0 = A>e- KV " 

Vo 

This last example illustrates how the loop dynamics can depend on the ampli- 
tude of the input signal. For AGC systems in which control of the transient response 
is critical, more complex loops are usually required. 

If the variable-gain characteristic P(V C ) is known, it is possible to numerically 
evaluate the dc characteristics of the loop by choosing a value of control voltage as 
the starting point. 

EXAMPLE 5.18. The AGC loop illustrated in Fig. 5.71 employs a variable-gain amplifier 
with a square-law characteristic 

P(V C ) = V; 

Determine the dc voltage as a function of input voltage for a reference voltage of 1 V. 

Solution. The simplest solution is to calculate the input and output voltages for a 
specified control voltage. For example, if V c = 0.5 V, then V 0 = V r — V c = 0.5 V, 
and 



V; = 



Vo 



0.5 



P(V C ) 0.5 2 



= 2 V 



A plot of the static input-output characteristic is given in Fig. 5.72. The output voltage 
varies 20 dB as the input voltage increases from 0.1 V to an arbitrarily large voltage. 
Over this same range of input voltage the control voltage decreases from 1 to 0 V. 




FIGURE 5.72 

Voltage-transfer characteristic of the AGC system of 
Example 5.18. 
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The AGC systems discussed here all provide a continuous monitoring of the 
output amplitude and a continuous adjustment of the variable-gain amplifier. There 
are many systems in which the output load is monitored intermittently and the gain 
adjusted during these intervals. For the remainder of the time the control loop is an 
open circuit, and the gain is held constant during this interval. Television receivers 
are an example of a gated AGC system. If the gated signal that is used for the AGC 
action does not contain any modulation such as the TV synchronization pulses, then 
the AGC system bandwidth can be made quite wide to give very fast response, with- 
out suppressing the modulation between pulses. Pulse-type AGC systems have been 
analyzed using sampled-data techniques. 4 This approach has utility when a linear 
model can be obtained for the system. 



AGC System Components 

The designer of AGC systems has several variable-gain-amplifier (VGA) control 
laws from which to choose. The selection criteria include frequency response, 
available range of control voltage, and desired range of the variable-gain amplifier. 
A VGA whose gain is an exponential function of the control voltage can have a 
wider variation in gain than can, for example, a variable-gain amplifier with a linear 
control function. Multipliers have a linear control law by definition. Dual-gate 
MOSFETs and pin-diode attenuators are two of the many circuits that exhibit an 
exponential control law. Bipolar differential amplifiers, commonly used in inte- 
grated circuits, have a voltage gain that is proportional to the collector bias current, 
so the gain can be varied by adjusting the collector direct current. Figure 5.73 illus- 
trates a simplified differential amplifier with the transistor g 3 serving as a constant- 
current source. The collector current of / 3 is 

Ic = I,e v ’ /Vr 

so the gain of the amplifier (proportional to l c ) is an exponential function of the 
control voltage V R . The circuit (with the bias network) shown in Fig. 5.74 can serve 




FIGURE 5.73 

An exponential amplifier for AGC 
applications. 
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FIGURE 5.74 

A logarithmic amplifier for AGC 
loops. 



as a logarithmic amplifier for AGC loops that use one. Since the negative terminal 
of the operational amplifier is at ground potential. 



/. = j- = Ic = 1*™ 



and the output voltage is 



V 0 = V T In 



v; 

R.Js 



which is a logarithmic function of the input voltage. 



■ 5.5 

PROBLEMS 

5.1 Add a capacitor to the amplifier shown in Fig. P5.1 which will make the upper 3-dB fre- 
quency 20 kHz. Indicate where the capacitor is to be connected. What is the smallest 
value of capacitance that can be used? 



)\ 




FIGURE P5.1 

A common-emitter ampli- 
fier with voltage-to-current 
feedback. 
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5.2 Add a capacitor to the amplifier shown in Fig. P5.2 which will make the upper 3-dB fre- 
quency 20 kHz. Indicate where the capacitor is to be connected. What is the smallest 
value of capacitance that can be used? (The transistor is biased so that the transconduc- 
tance g m = 10 -3 S.) 




FIGURE P5.2 

A common-source amplifier. 



5.3 The transistor used in the amplifier shown in Fig. P5.3 has a ft of 100, a C K of 4 pF, 
and Cfj. = 5 pF. What is the current gain-bandwidth product of the transistor? What is 
the upper 3-dB frequency of the amplifier? 




FIGURE P5.3 

A common-emitter 
amplifier. 



5.4 What is the upper 3-dB frequency of the amplifier shown in Fig. P5.4? The transistor 
£ = 100. 
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FIGURE P5.4 

An emitter-follower circuit. 



5.5 Design an amplifier (using discrete Q2V2222A transistors) with a minimum voltage 
gain of 40 dB. The source impedance is 500 and the load impedance is 50 Q. The 
upper 3-dB frequency is to be 30 kHz and the lower -3dB frequency is 5 Hz. 

5.6 What are the midfrequency voltage gain and upper 3-dB comer frequency of the 
two-stage amplifier shown in Fig. P5.6? The transistors have identical characteristics: 
g m = 10 -3 S, r d = 10 5 £2, C ds = 3 pF, C gd = 1 pF, and C gs = 3 pF. 




FIGURE P5.6 

A two-stage FET amplifier. 

5.7 Calculate the gain and frequency response of the common-gate amplifier illustrated in 
Fig. P5.7. See App. 2 for transistor specifications. The transistor is biased so that the 
transconductance g m = 12 x 10“ 3 S. 
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FIGURE P5.7 

A common-gate 
amplifier. 



5.8 Calculate the gain and high-frequency performance of the amplifier shown in Fig. P5.8. 
The U310 transistor is used. See App. 2 for transistor specifications. The transistor is 
biased for g m = 12 x 10' 3 S. 




5.9 It is desired to build an amplifier with a gain of 40 dB using amplifiers with a gain- 
bandwidth product of 10 7 Hz. Will a wider bandwidth be obtained using a single-stage 
amplifier or cascading two amplifiers, each with a gain of 20 dB? 

5.10 Derive an approximate expression for the high-frequency performance of a Darlington 
amplifier. 

5.11 Design a lossless feedback amplifier using a 2N3904 transistor that has a voltage gain 
of 6 and an input impedance of .50 Q. The source resistance is 50 Q, and the load 
impedance is 300' £2 . 

r 

5.12 What will be the gain and bandwidth of the amplifier shown in Fig. P5.3 if the bypass 
capacitor is removed from the emitter resistor? (Hint: Estimate the bandwidth, assum- 
ing the gain-bandwidth product remains constant.) 

5.13 What will be the gain of the amplifier shown in Fig. P5.2 if the bypass capacitor 
is removed from the source resistance? Estimate the bandwidth, assuming the gain- 
bandwidth product remains constant. 

5.14 Derive an expression for the high-frequency response of an FET cascode amplifier. 
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5.15 Design a cascode amplifier using 2N3904 transistors. The load impedance is 1 kQ , and 
the source is 500 £2 . Bias the amplifier so that the voltage gain is approximately 25. 
What is the predicted upper frequency limit of the amplifier? 

5.16 Show that the control law K/V c results in the AGC system shown in Fig. 5.70 having 
constant loop transmission. 

5.17 Repeat Example 5. 18 for the case in which the reference voltage is 2 V and the control 
voltage can vary from 0 to 2 V. 

5.18 Plot the static input-output transfer characteristic of an AGC system in which the 
variable-gain amplifier obeys the control law 

P(V e ) = e v --l 

5.19 Add a finite output resistance to the input buffer amplifier of the current feedback op- 
amp model shown in Fig. 5.39, and derive an expression for the bandwidth of a nonin- 
verting amplifier realized using a current feedback op amp. 

5.20 A voltage amplifier has a gain-bandwidth product of 1000. Compare the bandwidth 
obtained by realizing an amplifier with a gain of 1000 by using one of these devices to 
use three of these devices, each operated with a voltage gain of 10. 

5.21 Determine the output voltage of the differential amplifier in Fig. P5.21. Both transis- 
tors have ft of 100 and a unity gain frequency f T = 300 MHz at a collector current 
of 2 mA. AlsoCjr and C u are equal. Determine the upper —3 -dB frequency of the dif- 
ferential gain. 



+9 




FIGURE P5.21 



212 



chapter 5: High-Frequency Amplifiers and Automatic Gain Control 



*5.22 Design a voltage amplifier with a midband gain of 20 dB, a center frequency of 10 
MHz, and a bandwidth of 1 MHz, using capacitor, inductors (all inductors have a Q 
of 100), chokes, resistors, and transistors. Transistor specifications are as follows: 
Both NPN and PNP are available with £ = 100 and a unity gain frequency of 
300 MHz at a collector current of 2 mA. And C n and C u are equal. The source resis- 
tance is 500 ohms and the load resistance is 50 ohms. 

*5.23 Design a high-frequency video amplifier with a voltage gain of 50 (±10%). The 
source impedance is 500 £2 , and the load impedance is 50 Q . The output voltage is to 
be 2 V p-p (±10%) . The frequency response should be from 50 Hz to as high as pos- 
sible. Verify your design (including linearity) using computer simulation. Assume 
both PNP and NPN transistors are available and they can be modeled by 

MODEL MODI NPN BF = 100, VAF - 50, IS = l.E-12, TF - . 6NS, TR ■ 60NS, CJB 
= 5pF, CJC ■ 5pF, MJt ■ .5, MJE ■ .3333, VJC - .75, VJE = .75 

Also, dual 9-V supplies are available. Limit the total supply current to about 100 mA. 
State the amount of supply current used. (The source resistance cannot be shunted). 
Be sure to include a transient response in your report. Use a pulse input for the tran- 
sient response. Use standard-value resistors and limit the size of the capacitors to 100 
fi F. There should be at most 10% overshoot to a step input. 
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Hybrid and Transmission-Line 

Transformers 



■ 6.1 

INTRODUCTION 

In addition to the transformers described in Chap. 4, there are two other kinds of 
transformers that are frequently used in communication circuits. The three-winding 
and transmission-line transformers can both be configured for adding and/or sub- 
tracting multiple inputs. Another particularly useful transformer, called the hybrid 
transformer, consists of a four-port circuit that provides isolation between selected 
signals (ports) and at the same time provides for maximum transfer between the 
other two ports. In the following sections of this chapter the three-winding and 
transmission-line transformers will be analyzed, and we will demonstrate how they 
can both be used to create the hybrid transformer. The idealized behavior of these 
transformers, most useful for design and analysis, will be presented, along with the 
description of more detailed models that are best analyzed by computer methods. 



■ 6.2 

THREE- WINDING TRANSFORMERS 

It is often required that voltages in certain sections of an electric circuit induce volt- 
ages in selected branches and at the same time isolate other branches. The three- 
winding transformer is the most widely used means to accomplish this end. To illus- 
trate the technique, the ideal three-winding transformer will first be evaluated. 

Consider the ideal transformer of Fig. 6.1 with an N : 1 turns ratio between each 
half of the primary and the secondary winding. Since the transformer is ideal, 

V l = V 2 = NV 3 (6.1) 

Also, no power is dissipated in an ideal transformer, so the power output is equal to 
the power supplied: 

I\V\ + I 2 V 2 = — /3V3 (6.2) 
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FIGURE 6.1 

A center-tapped transformer. 



or (/i + I 2 )NV 3 = — I 3 V 3 

Therefore, the current relation in this ideal transformer is 



~h — N(I\ I 2 ) (6.3) 

Consider now the ideal transformer used to couple the four voltage sources and 
source resistances as shown in Fig. 6.2. The three current-loop equations are 

Ei - £4 = h (Zi + Z 4 ) - / 2 Z 4 + NV 3 (6.4) 

-E 2 + £4 = -Ii z 4 + I 2 (Z 2 + Z 4 ) + V 3 (6.5) 

= /3Z3 + V 3 (6.6) 

If Eq. (6.6) is used to replace V 3 , Eqs. (6.3) through (6.5) can be written (in 
matrix notation) as 



" E 1 -E 4 - ne 3 ■ 




"/r 


~e 2 + e 4 — ne 3 


= A 


h 


0 




_/ 3 _ 



where the matrix 



(6.7) 





FIGURE 6.2 

A circuit with four voltage sources and a center-tapped trans- 
former. 
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A = 



Z\ + Z 4 
-Z 4 
N 



-z 4 -nz 3 - 

Z 2 + Z 4 — W Z 3 
N 1 



( 6 . 8 ) 



It is possible to select the impedances so that there is isolation between ports. 
For example, to isolate port 4 from £3, the current in response to £3, through 
Z 4 (/i — / 2 ), should be zero. The current 1\ in response to £3 is 

F -NZ 4 E 3 -N(Z 2 + Z 4 )E 3 



where det A is the determinant of the matrix A. Also, the current I 2 in response to 
£3 is 



/* = - 



[N (2Z 4 + ZQ]£ 3 
det A 



so the current through Z 4 in response to £ 3 is 

N{Z X - Z 2 )£ 3 



h ~ h = 



det A 



( 6 . 10 ) 



( 6 . 11 ) 



Port 4 will be isolated from port 3 if Z 1 = Z 2 . That is, if Z\ — Z 2 , an applied volt- 
age £3 will not develop a voltage across Z 4 . This property of the center-tapped 
transformer is one of the reasons this type of transformer is so often used. An 
example of its application can be found in the impedance-bridge circuit illustrated 
in Fig. 6.3. An unknown impedance can be inserted as Z 2 , and then Z\ is adjusted 
until the voltage across Z 4 is zero. This occurs only when Z\ is equal to Z 2 . Very 
fine resolution can be obtained using a null detector to measure and amplify the 
voltage across Z 4 , or a current meter can be used in place of a voltmeter. If the volt- 
age across Z 4 is zero, the current through Z 4 is also zero. 

If, in addition, ports 1 and 2 are to be isolated from each other, / 2 in response to 
£1 must be zero. That is, 

—Ei(N 2 Zi - Z 4 ) 

h ~ toA (6 I2) 





FIGURE 6.3 

An impedance-bridge circuit 
that uses a center-tapped 
transformer. 



AA/V 
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So / 2 will be zero for all if 




Z 3 



(6.13) 



Ports that are isolated from each other are said to be conjugate. We have seen that 
ports 3 and 4 will be conjugate if Z\ = Z 2 and that ports 1 and 2 are conjugate if 
Z 4 /Z 3 = N 2 . If both sets of ports are conjugate, the transformer is said to be bicon- 
jugate. 

example 6 . 1 . If identical loads are placed on the transformer primary so that I\ = h 
and V\ = V 2 , what is the impedance R' seen looking into port 3 of the transformer cir- 
cuit shown in Fig. 6.4? 

Solution. Since R { = R 2 = R, ports 3 and 4 are conjugate; therefore, the current I\ - / 2 
is zero, and terminals a and b can be either short- or open-circuited. The secondary 
resistance is 



V 3 _ Vi/N _ _ff_ 
h ~ 2A7i “ 2N 2 



If only half of the primary is used (R\ = 00 ) so that I[ = 0, then 

r > = Y± = YiHL = A 

h NI 2 N 2 

provided that terminals a and b are short-circuited together. 

A second property often required of center-tappecktransformer circuits is that 
all four source impedances (Z 1 , Z 2 , Z 3 , and Z 4 ) be matched for maximum power 
transfer. For the center-tapped transformer of Fig. 6.2, with the port impedances 
matched for isolation, Eq. (6.8) becomes 



Ei-Et-NE 3 - 




Z j 4 - Z 4 — Z 4 — Z 4 / N 






£2 + £4 — NEi, 


= 


— Z 4 Z\ T Z 4 — Z 4 /A 




h 


0 




N N 1 




_/ 3 _ 



The input impedance at port 1 is defined to be 

Z„ = fi-Z, (6.15) 

h 





o 



h 



Ys 



a — 



R ’ 



FIGURE 6.4 

The transformer circuit dis- 
cussed in Example 6.1. 
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since Zj is taken as the source impedance of E x . If Eq. (6.14) is solved for I x in 
response to £j, it is found that 



I\ _ Zj +■ 2 Z 4 
E\ det A 

where det A = (Z, + Z 4 ) 2 + 2Z 4 (Z! + Z 4 ) + Z\ = (Zj + 2Z 4 ) 2 
Therefore, 

£1 . (Z!+2Z 4 ) 2 „ 

h Zi+2Z 4 1+ 4 

and Z, = 2Z 4 

Thus for maximum power transfer from port 1 , 

7* 

Z 4 = -i 
2 

where Z* is the complex conjugate of Z\. 

The input impedance of port 3 is likewise defined as 

„ V 3 Ei 

z h = ~r = t “ z 3 ( 6 . 21 ) 

'3 *3 

and can be determined by solving Eq. (6.14) for / 3 in response to £3. That is, 

Z, + Z 4 -Z 4 -#£3 

Z 4 Zj Z 4 — A ® 3 

N N 0 



(6.16) 

(6.17) 

(6.18) 

(6.19) 

( 6 . 20 ) 



h = 



det A 



or 



Therefore 



h _ N 2 Z 4 + N 2 Z 4 + 2N 2 (Z\ + Z 4 ) 7N 2 {Z\ + 2Z 4 ) 



Ei 



(Zi + 2Z 4 ) 2 



(Zi + 2Z 4 ) 2 



- Z ~ — - 7 = Zl + 2Z4 _ 7 

• ; . • * 3 / 3 . 3 2iv 2 3 

Since ports 1 and 2 are isolated, Z 4 = N 2 Z 3 and 

z =^L 
" 2W 2 

Thus for maximum power transfer from port 3, 

7* 

Z 3 = 1 



2N 2 



( 6 . 22 ) 

(6-23) 

(6.24) 

(6.25) 

(6.26) 



which is the same requirement obtained for port 1 . 
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It is easily shown that these relations will also result in maximum power trans- 
fer from ports 4 and 2. That is, if the transformer is biconjugate and one port is 
matched for maximum power transfer, they are all matched for maximum power 
transfer. To summarize these findings, if in the ideal transformer circuit of Fig. 6.2 

Zi = z 2 = z 



and 




Z* 
IN 2 



the transformer will be biconjugate with all ports matched for maximum power 
transfer. A biconjugate transformer with all four input impedances matched for max- 
imum power transfer is referred to as a hybrid transformer . : 



Asymmetric Three-Winding Transformers 

The ideal transformer we have been considering has equal turns ratios on both sides 
of the center tap. If the turns ratios are not equal, the impedances can still be 
matched for port isolation and maximum power transfer between ports. Consider 
the ideal transformer shown in Fig. 6.5. (Purely resistive impedances will be con- 
sidered here without loss of generality.) The turns ratio from the secondary to the 
top section of the primary is kN and from the secondary to the bottom section of the 
primary is N. Since the transformer is ideal, 

V, = kNVi ~ (6.27) 

V 2 = NV 3 (6.28) 

and the power to the transformer is equal to the power output, so 

Vj/j + V 2 I 2 = -V 3/3 (6.29) 

or kNI { + Nh = ~h (6.30) 




FIGURE 6.5 

A circuit incorporating an asymmetric three-winding transformer. 



6.2 Three- Winding Transformers 



219 



The loop equations are 

— £4 4- E[ — kN \ 3 = /i(/?i + £4) — I 2 R 4 (6.31) 

£4 — £2 ~ NV 3 — — 1\ £4 + /2(/?2 + £4) (6.32) 

£3 = 7 3 £ 3 + V 3 (6.33) 

If Eq. (6.33) is used to eliminate V 3 , Eqs. (6.31) through (6.33) become 



£1 — £4 — kNE 3 ~ 




" £j + /? 4 -£ 4 -kNR 3 ~ 




r 7i i 


—£2 + £4 — j V £ 3 


= 


-£ 4 £ 2 + £4 — A 7?3 




h 


0 




— 1 
1 




- h . 



or E — Al (6.34a) 

In order for port 2 to be isolated from port 1, l 2 must be zero in response to E\. 
Since 



h_ _ - kN 2 R 3 + /? 4 
£1 det A 



(6.35) 



port 2 will be isolated from port 1 (and port 1 from port 2), provided 

£4 = N%k (6.36) 

In order for port 3 to be isolated from port 4, / 3 must be zero in response to £4. 
Since 



h 



£1 + £4 —£4 — £4 

— £4 £2 + £4 £4 

kN N 0_ 

det A 



(6.37) 



h_ _ kNR 2 - NRi 
£4 det A 



(6.37a) 



port 3 will be isolated from port 4 if 

£1 = ££2 (6.38) 

In the same manner it can be shown that if Eq. (6.38) holds, then port 4 is also iso- 
lated from port 3. 

Equations (6.36) and (6.38) provide the relations between the resistor values in 
order that the asymmetric tapped transformer have the first property of the hybrid 
transformer. We will now determine the resistance required at each port in order for 
the transformer to also have the second property of maximum power transfer 
between ports. For maximum power transfer at port 1, it is necessary to determine 
the port’s input resistance 



£«i 




(6.39) 
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The. response I\ to the voltage E\ can be found by solving Eq. (6.34) [with 
Eqs. (6.36) and (6.38) substituted for /? 3 and Ri, respectively] 



/i = 



E x -R 4 -R 4 /N 

0 R 1 /k + R 4 -R 4 /{Nk) 
0 N 1 



det A 



Therefore, 



det A 



(6.40) 



(6.40a) 



/ 1 R\/ k + R 4 + R 4 /k 

The value of the determinant A in the case in which the ports are isolated (biconju- 
gate) is given by 



det A 



( ^1 R 4 \ R 4 R\ 

= s '(T +S4+ T + Sl ) + nr 



— h R 4 H — : 1 - ^4 

k 

[Rx+ R 4 (\+k)] : 



+ 2Rj + + kRl 



(6.41) 



so 



— — R\ + R 4 (l + k) 
n 



Therefore, for maximum power transfer from port 1, 

= /? 4 (l+k) 



(6.42) 



Likewise, the resistance at port 3 can be calculated using Eqs. (6.34), (6.36), (6.38), 
and (6.41): 



h = 



R\ + R 4 — R 4 — kN E$ 
— R 4 R\/k-\-R 4 — N Ei 

kN N 0 



Thus — 1 = 



det A 

£3 [«, + K 4 (l+i :)] 2 

h 



{ W 2 (l + *)[£,+ £ 4 ( 1 + 1)]}' 1 



R\ + R 4 { 1 + k) 



N 2 k(l+k) 

Since ports 3 and 4 are conjugate [and using Eq. (6.42)], 



Ei Ei R 4 R[ 

h = ~h~ 3 = ~ kN 2 = N 2 k(l+k) 



(6.43) 

(6.44) 
(6.44a) 

(6.45) 



That is, 



Ri = 



R 1 

N 2 k(\+k) 



(6.46) 
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for maximum power transfer from port 3. This is also the condition for maximum 
power transfer from port 1 . 

It should be observed that once the port isolation properties have been estab- 
lished, the equations can be solved in a much easier manner. For example, if it is 
desired to calculate the response to an applied voltage £ 3 , the network can be 
drawn as shown in Fig. 6.6 (since I] — 1 2 = 0). The secondary voltage and current 
can be found from the two equations 





-h = kl\N + I 2 N = N(k + 1)7, 


(6.47) 


Since 


5? 

1 

II 


(6.48) 


we have 


y _ ~I\R R h 

3 N ~ N N(k 4 - 1) 


(6.49) 


Thus 







E* __ R R _ R ^ 

h 3 h N 2 (k + 1 ) ” N 2 k 



(6.50) 



which agrees with the result previously obtained for the input impedance. 

Table 6.1 summarizes the resistance relations required for the asymmetric 
transformer to have isolated port pairs and maximum power transfer between ports. 

example 6 . 2 . A transformer circuit is illustrated in Fig. 6.7. Determine the turns 
ratio N and R 4 so that the circuit is a hybrid transformer, and determine the output vol- 
tage E 0 . 



Solution. For the circuit to be a hybrid transformer. Table 6. 1 shows that 



N 2 = 



Ri 
2 R~i 



1 

4 



and 




kR 




FIGURE 6.6 

An asymmetric three-winding transformer equivalent circuit in 
which ports 3 and 4 are conjugate. 
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■ TABLE 6.1. 

Resistance relationships in an 
asymmetric hybrid transformer 

Ri = Rk 



Ri = R 



*3 = 



R 

N 2 (\ + k) 



R 4 = 



Ri 

1+k 



kR 
1 +k 



The circuit will be a hybrid transformer provided N = i and R 4 = 25 In this case 
the input impedance of port 1 is 50 Q, so 



h 



Ei_ 

100 



The current h will be zero, so 



and 



E i 

- W ' = -200 



h = 

E 0 = —HRl = 



Power Transfer in Hybrid Transformers 

If power is applied at port Pi , no power is transferred to port P 2 because the ports 
are isolated. Since the transformer is lossless, the power must go to ports 4 and 3. 




FIGURE 6.7 

The transformer circuit discussed in Example 6.2. 
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That is, 



P\ — Ps + Pa 



(6.51) 



Also, since the current through R 4 is equal to the current through R\ and 





P\ 

R 4 = 

1 +* 


(6.52) 


the power distribution for 


an applied power Pi is 






p 4 = p ‘ 

1 +k 


(6.53) 


and 


kP\ 

P 3 = P\ Pa = 

i+jt 


(6.54) 


or 


P 3 N 2 k 2 [R,/(N 2 k)] 

P 4 r 4 


(6.55) 



If the power is applied to port 2, 



Pi — P 3 + P 4 



Since l 4 = / 2 (/ ( = 0), 



and 




(6.56) 

(6.57) 

(6.58) 

(6.59) 



Thus we see that the hybrid transformer can be used to split the power between 
two ports in a ratio determined by the transformer turns ratio. If the power applied 
to port 3 is divided between ports 1 and 2, 

Ps = P\ + Pi (6.60) 



Since l\ = h(P 4 = 0), the power is divided so that 
kP 3 , „ P'S 



Pt = 



and 



Pi = 



or 



1 + k ^ 1+jfe 

If the power is applied to port 4, / 3 = 0, so / 2 = — kly and 

Pi = Ri 
Pi Rik 2 



— = k 
Pi 



= k 



-i 



(6.61) 



(6.62) 



These power distribution results can be summarized as follows: If the power from 
port C is divided between ports B and D in the ratio k , then the power from port A , 
the conjugate port of C, will be divided between ports B and D in the ratio 1 jk. 
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Phase Distribution in Hybrid Transformers 



One other property of hybrid transformers is concerned with the phase shift. While 
the phase shift between three of the four ports will be zero, the phase shift between 
the remaining port will be 180°. Various transformer configurations may be used, 
but in all of them the transmission path will have a phase shift differing 180° from 
the other three phase shifts. For example, consider the response /3 to the applied 
voltages E\ and E 2 . The current / 3 is found using Eq. (6.14): 

_ E x [-Z a N - N{Z\ + Z 4 )] - E 2 [-Z a N - N(Z\ + Z 4 )j 
3 - det A 



and 



Eq = — / 3 Z 3 



(Ei - £ 2 )(Zi + 2Z 4 )VZ 3 
det A 



(E i - E 2 )NZ, 
Z\ 4“ 2Z 4 



(6.64) 



The output is proportional to the difference of the input signals, and the device is so 
used in many communications circuits. 

If we calculate / 4 in response to E\ and E 2 , we obtain 



h — h ~ h 



£ 1 [(Zi + Z 4 ) + Z 4 3 | £ 2 [(Zi + Z 4 ) + Z 4 ] 
det A det A 



E\ + E 2 
Z, -f- 2Z 4 



(6.65) 



If the output is taken across Z 4 , it is proportional to the sum of the two input signals. 
The hybrid transformer can therefore also be used to combine or subtract signals 
and may act as a signal combiner, such as in push-pull circuits. The usefulness of 
the hybrid transformer arises from its ability to isolate ports and, at the same time, 
to match impedances between the ports. The device can also be used to split a sig- 
nal into two components, an operation that is not affected by a failure in the conju- 
gate channel. 



Nonideal Three- Winding Transformer 1 

The previous discussion of the three-winding transformer assumed that the trans- 
former was ideal, with no mutual coupling between the two sections of the primary. 
The derivations describe ideal circuit behavior, but they do not describe the limita- 
tions encountered in a practical circuit. The actual frequency characteristics of a 
three- winding transformer will now be described. 

The equivalent circuit for a nonideal three-winding transformer with identical 
primary windings is shown in Fig. 6.8. Here Lb is the inductance of the secon- 
dary winding, L a is the inductance of one primary winding, M is the mutual induc- 
tance between the secondary and one-half of the primary, and M a is the mutual 
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Ei 




FIGURE 6.8 

A circuit incorporating a nonideal three-winding transformer. 



inductance between the two primary sections. With these definitions, the three loop 
equations are 

£i — £4 — (Z] 4- sL a -T Z 4 )I\ -|- (s M a — Z 4 )/ 2 + sMI$ (6.66) 

—£2 + £4 = ( sM a — Z 4 )I\ + (Z2 + Z 4 + sL a )I 2 + sMI$ (6.67) 



£3 — sMI\ -j- SMI 2 T" ( sL, b “h Z 3 )/ 3 (6.68) 

or £ = A/ ^ (6.69) 

If the current / 3 in response to an applied voltage £4 is calculated, it is readily 
proved that if Z\ = Z 2 , ports 4 and 3 are isolated. 

The current Z 2 in response to E\ is 



£,[(jM ) 2 + (Z 4 - sM„)(sL b + Z 3 )j 
det A 



(6.70) 



where the denominator is the determinant of the A matrix of Eq. (6.69). 

In order for port 2 to be isolated from port 1, it is necessary that 

(sM) 2 + (Z 4 - sM a )(sL b + Z 3 ) = 0 (6.71) 

or, in terms of the steady-state response, 

— w 2 M 2 + Z 4 j(oLb + (o 2 M a L b -+■ Z 4 Z 3 — j(oM a Z 3 = 0 (6.72) 

The coefficient of coupling between the two primary sections can be defined as 

M a 

K a = (6.73) 

L'a 

and the coefficient of coupling between the primary and secondary can be de- 
fined as 




M 

(L a L b )'/i 



(6.74) 
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It follows that 



If 



M a L b — K a L a L b 
K a = K 2 



K a M 2 

K 1 



then Eq. (6,72) reduces to 

7 _ Z ^} (oMa 

Z 3 + jo)L b 

= Z3 

Z^I(j(oK a L a ) + L b /M a 



(6.75) 

(6.76) 

(6.77) 

(6.78) 



which is the required condition for ports 1 and 2 to be conjugate. If, as is the case in 
most practical situations, 



K a o)L a Z 3 

ports 1 and 2 will be isolated, provided that 

Z3M fl _ 2 



U 



= Z 3 Af^ a 



where the turns ratio is defined by 



N 2 = ^ 



(6.79) 

(6.80) 



(6.81) 



This is identical to the requirement for the ideal transformer (K a = 1). Hybrid 
transformers are normally designed with 



Z 3 = 



Z 4 

N 2 K a 



(6.82) 



This requirement can be met over a broad range of frequencies, but the low- 
frequency performance of nonideal center-tapped transformers deteriorates when 
o)L a is no longer much greater than Z 4 ; their high-frequency performance is limit- 
ed by the stray and interwinding capacitances. 



■ 6.3 

trXnsmission-line transformers 

Transmission lines can also be used for impedance matching and power transfer. 
One of the principal functions of transformers in radio communication circuits is to 
match impedances between two networks. In applications where a narrowband cir- 
cuit is required, the transformer can also serve as an integral part of the tuned cir- 
cuit. However, unless special techniques are used, transformers are restricted to 
relatively narrowband applications, primarily because the interwinding capacitance 
resonates with the transformer inductance. Transformers built to minimize inter- 
winding capacitances are usually bulky, especially if a great deal of power is to be 
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transferred. Thus, engineers seek other means of matching impedance levels when 
large bandwidths are desired. A successful approach has been to construct trans- 
formers using transmission lines. 2 

The distinguishing feature of the transmission-line transformer is that the coils 
are so arranged that the interwinding capacitance combines with the inductance to 
form a transmission line that has no resonant frequencies that would limit the circuit 
bandwidth. For this reason the windings can be closely spaced while maintaining 
effective couplings. The net result of this construction of transmission-line trans- 
formers is a strong high-frequency response. 

Consider the circuit shown in Fig. 6.9. It is assumed that the voltage travels from 
V\ to V 2 via a transmission line. Also 7i is the current at the sending end, and l 2 is the 
current at the receiving end. The loop equations for the circuit can be written as 

Ei = (h + l 2 )R g + V\ (6.83) 

= (/i + h)R g - V 2 + I 2 R l (6.84) 

The two transmission-line equations that relate the voltages and currents on a loss- 
less line are 3 



V\ — V 2 cos pi 4- j l 2 Z 0 sin pi (6.85) 

iV 2 

and / 1 = I 2 cos pi -j- - — sin pi (6.86) 

where / is the line length, p is the line phase constant, and Z Q is the characteristic 
impedance of the line. Both p and Z Q are determined by the line inductance L and 
capacitance C per unit length: 

(6.87) 




FIGURE 6.9 

A transmission-line transformer circuit. 
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and p = (LC) l/2 a> (6.88) 

The line wavelength is 

A = (6.89) 

0 



The line inductance and capacitance depend upon the wire size and distance 
between conductors. Transmission-line transformers are normally made by twisting 
the two conductors together. The characteristic impedance decreases as the number 
of turns per unit length increases. 4 Figure 6.10 illustrates a typical plot of charac- 
teristic impedance as a function of the number of turns per centimeter. 

If Eq. (6.85) is used to eliminate Vi, the equilibrium equations are 



Ei = 


R g Rg + jZ 0 sin (51 cos pi 




"/r 


Ei = 


R g R g + Rl ~ 1 




h 


0 = 


_ — 1 cos pi j (sin pi) jZ Q _ 




_v 2 _ 



Thus 

R g E { cos pi 

R g Ei -1 
, -1 0 (sin pi)/Z 0 



(6.90) 



(6.91) 



£;(1 + COS ($ 1 ) „ 

2/^(1 + cos pi) + R l cos pi + j(R g R L + Zl)(sm (51) / Z 0 



and the output power is 



P. = \h\ Z RL 



Ef(\ + cos 0I) 2 Ri, 

[2R g (l + cos PD + R l cos m 2 + ( R s Rl + Z 2 ) 2 (sin 2 j8Z)/ZJ 



(6.92) 




_ FIGURE 6.10 

The characteristic impedance of a twisted- 
pair transmission line as a function of the 
number of twists. 



Twists per centimeter 
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The value of characteristic impedance Z 0 for which the output power is a max- 
imum can be found by setting 



dPo 

dZ 0 



= 0 



The maximizing value of Z Q is found to be 

Z. = (R g R L ) ]/2 

independent of the line length i 

Now with the value of characteristic impedance Z it = (R K R L ) i/2 , 

Ef( 1 + cos fil) 2 Ri. 



p 0 = \U\r l = 



[2/?^(l 4 cos pi) -f Rl cos pi] 2 4 4R f ,R / sin 2 pi 



(6.93) 



(6.94) 



To determine the value of R L for which P a is a maximum, the derivative 
dP 0 /dR L is set to zero. The maximizing value of R L is 



Rl = 



2/? g (l + cos pi ) 
cos pi 



(6.95) 



which is equal to 4 R g for pi w 0. For Z v = (R g R L ) 1 ^ and R L = 4 R g , Eq. (6.94) 
can be written 



P n = 



Ei(\ 4 cos pi) 2 R L 



{Rl/[ 2(1 4 cos pi)] 4 Rl cos pi} 2 4 R 2 sin 2 pi 
4£?(1 + cos pi) 



R l ( 5 cos 2 pi 4 6 cos pi 4 5) 

Since the maximum available power from the source P A is 

E f _ E f 
a ~w s ~t l 

the ratio of output power to available power is 

P 0 (14 cos pi) 2 



|(1 4 | cos pi 4 cos 2 pi) 



(6.96) 



(6.97) 



(6.98) 



Equation (6.98) shows that the frequency response of this circuit starts to roll 
offi^hen cos pi becomes significantly less than 1, and the power gain is zero when 



pi = n 



or 



71 X 

co 2 



(6.99) 



The power gain is zero when the line is one-half wavelength long. Transmission- 
line transformers are designed so that the line length is normally less than one-tenth 
of a wavelength at the highest frequency of interest. The shorter the physical length 
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of the line, the higher the upper cutoff frequency of the device. Transmission-line 
transformers can be built with twisted-pair wires to have an upper cutoff frequency 
above 100 MHz. The upper frequency limit can be extended into the gigahertz 
region using thin-film fabrication techniques. 

Equation (6.98) indicates that the low-frequency response extends down to zero 
frequency. Actually, the transmission-line model is not valid at the lower frequen- 
cies. This is seen when the circuit of Fig. 6.9 is redrawn as shown in Fig. 6.11 where 
the transformer is modeled as an autotransformer. 

The step-down autotransformer can be replaced by the equivalent circuit shown 
in Fig. 6.12. It is readily shown that for the two circuits to be the same 



N = 




( 6 . 100 ) 



where L is the total inductance shunting Rl and the inductance 



Z /9 — co 



h 

/. 



h = 0 



If the circuit in Fig. 6.12 is closely coupled with k 
behavior is described by 



( 6 . 101 ) 



1, the low-frequency 



Where 






R ' 



NE;[sL 2 R' L /(R g + R’ l )] 

1 +sL 2 (R g + R' L )/(R g R' L ) 

N 2 R l 



( 6 . 102 ) 

(6.103) 




S 



FIGURE 6.11 

A low-frequency equivalent circuit of the 
circuit shown in Fig. 6.9. 



(1 - k 2 )L2 hIN 




FIGURE 6.12 

Another low-frequency equivalent cir- 
cuit of the circuit shown in Fig. 6.9. 
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the — 3-dB frequency is 



(On 



Ml 

L 2 (R g + R’ l ) 



(6.104) 



To reduce this cutoff frequency for a given R g , L needs to be increased. This 
can be done by increasing the line length, but, as previously shown, this reduces the 
higher-frequency limit of the device. Another method for increasing the inductance 
L is to wind the wires on a magnetic core of high-permeability material, since 
the inductance of a conductor is directly proportional to the permeability of the sur- 
rounding medium. Since equal and opposite currents flow in the two windings, the 
core does not influence the internal magnetic fields or the characteristic impedance 
of the line. The core’s sole role is to minimize the shunting current that deter- 
mine the lower cutoff frequency. The core does not couple energy from input to out- 
put (except perhaps at the lowest frequencies); rather, the power is coupled through 
the dielectric medium of the transmission line. Therefore, small ferrite cores can be 
used in transmission-line transformers operating at relatively high power levels. 

The analysis of circuits containing transmission-line transformers can be 
simplified by analyzing the transmission-line transformer under ideal conditions 
(that is, the line is assumed lossless and matched so that Vi = V 2 ). Consider the 
transformer in Fig. 6.13. Since the sum of the voltage drops around the loop Vj + 
E 2 — v 2 — Ei is 0 if V\ = V 2 , then E\ — E 2 . Also, in the ideal transmission 
line, I\ = l 2 ; thus under ideal conditions the circuit can easily be analyzed. 

For the ideal case, 

h = h " (6.105) 



and Ei = E 2 (6.106) 

Thus V L = E 2 + Ei = 2 Ei (6.107) 




FIGURE 6.13 

A 4 : 1 impedance step-down transformer. 
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and I L = h (6.108) 

since Rl ~ ~ — — — - = 4Z ( (6.109) 

h h 

In this case the transmission line serves as a step-down transformer, thereby 
reducing the load impedance by a factor of 4. For maximum power transfer, Rl 
must satisfy the relation 

Rl = 4R g ( 6 . 110 ) 

and the line characteristic impedance must be 

Z 0 = (R L ,R S ) ,/2 = 2R S (6.111) 

Step-Up Transformer 



The transmission-line transformer can also be used as a step-up transformer if used 
as shown in Fig. 6. 14. If the line is ideal, 





h=h- 


= 7 


(6.112) 


and 


CN 

II 


= E 


(6.113) 


Therefore 


I L = 2/ 




(6.114) 




v l = e 


- 


(6.115) 




V l 


E 


(6.116) 


and 


r l = —E 
h 


= 21 


The input impedance 


N 

II 


2E 

= y = 4 R l 


(6.117) 



will be 4 times the load impedance. 



h 




FIGURE 6.14 

A 4:1 impedance step-up transformer. 
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FIGURE 6.15 

An (iV + l) 2 :1 impedance step-up transformer. 



Larger impedance ratios can be obtained using multiple cores, as shown in 
Fig. 6.15. The current I from the first core flows into the primary of the second 
core. This same current is also transferred to the secondary of the second core and 
hence through the third core, etc. It is evident that the total load current is 

I l = (N + 1)I (6.118) 

where N is the number of cores. Also, if each line is matched, the load voltage 
V L = E will also be equal to the voltage across the output of each transmission-line 
transformer. The input voltage Vi must then be 







V, = (N + 1 )E 


(6.119) 


Hence 




r l = e 
(A + l)/ 


(6.120) 


and ' 




(N + l)E 

ft a — — 

8 I 


(6.121) 




(6.123) 
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Hybrid Transformer 

Transmission-line transformers can also be used to realize the versatile hybrid 
transformer, as in the circuit illustrated in Fig. 6.16. Three loop equations for the cir- 
cuit can be written as 



E\ — E 4 = I\(Z\ + Z 4 ) — / 2 Z 4 4- a 2 (6.124) 

— E 2 + £4 = — / 1 Z 4 + / 2 (Z 2 + Z 4 ) + a\ (6.125) 

£3 — I 3 R 3 T a \ (6.126) 

In addition, if the transmission line is ideal, 

ai — a 2 (6.127) 

and the following circuit identities hold: 

I\ = / (6.128) 

h = h - h (6-129) 

/ + / 3 + / = / 4 (6.130) 

If I and I 4 are eliminated from these three equations, it is found that 

-h = h + h (6.131) 



Equations (6.124) through (6.126) and (6.131) are identical to Eqs. (6.3) 
through ( 6 . 6 ) developed for the center-tapped transformer (with AT = 1 ), so the 
results developed for that circuit apply here also. In particular, the ports of the 
center-tapped transformer will be biconjugate if 

Zj = Z 2 (6.132) 

and Z 3 = Z 4 (6.133) 




FIGURE 6.16 

A transmission-line hybrid 
transformer. 
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FIGURE 6.17 

A class B push-pull amplifier incorporating transmission-line 
transformers in the output stage. 



The transformer will be a hybrid transformer provided the additional relation 

Z 3 = y (6.134) 

is satisfied. 



A Power Output Stage 

Figure 6.17 illustrates a method for combining the outputs of a class B push-pull 
amplifier to drive an unbalanced load R i. Two transmission-line transformers are 
used. The circuit operation can be easily understood by considering the transmission- 
line transformers one at a time. If the upper transistor Q \ is on and the bottom tran- 
sistor is off, the circuit can be drawn as shown in Fig. 6.1 8 . (Ignore for the moment 
that the load is not balanced.) If the current through R L is /, then the current supplied 
by E x must be 21. If E\ is off (open) and E 2 {Qi) is on, then half the current supplied 




FIGURE 6.18 

An equivalent circuit for analyzing 
transformer T\. 
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/ 




FIGURE 6.19 

A balanced-to-unbalanced (B ALUN) trans- 
former. 



by E 2 will pass through R L (but in the direction opposite to that supplied by E\). The 
transformer T\ serves to combine the two class B push-pull outputs. 

The current in both transformer windings is I, so the current through R L is also 
I, and the current supplied by the generator is 21. The input impedance of the trans- 
former circuit (Fig. 6.18) is = Vi/{21). The voltage at the bottom of R L is V\, 
and the voltage drop across R 4 is Vi -fa, where a is the voltage across the trans- 
former. Then V t = V, + 2a and 



Z; = 



Vi_ 

21 



V, 

21 



a R l 

+ 2/=*< + T 



(6.135) 



since R L = 2a j I. 

This is the impedance seen by the amplifier with output impedance R g . The 
remaining problem is that one side of the load in Fig. 6.18 is not grounded. TTiis is 
solved by using a transmission-line transformer, as shown in Fig. 6.19, to convert 
from an unbalanced to a balanced load. It is easily shown that the impedance seen 
by the source E t is R L . Therefore, the transformer' T\ combines the two transistor 
outputs and serves as an impedance matcher. The transformer T 2 converts the bal- 
anced output to an unbalanced load. 

Transmission-line transformers are relatively broadband and have very effec- 
tive high-frequency performance (to several hundred megahertz). However, they do 
not have as good a low-frequency performance as conventional transformers and 
can only realize the turns ratio of n + 1, where n is an integer. 



ft 6.4 

PROBLEMS 

6.1 Derive the relation between Z\ and Z 2 for port 3 of Fig. 6.2 to be isolated from port 4. 
Show that the equations 

Z 4 Z* 

Z ] = Z 2 = Z and Z 3 — — — — — — 

N 2 2N 2 

will result in maximum power transfer from ports 2 and 4 of the circuit shown in 
Fig. 6.2. 

6.3 If the applied voltage £, = 1 V rms in the circuit shown in Fig. P6.3, what is the output 
power? 
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FIGURE P6.3 

A three-winding transformer circuit. 



6.4 Show that if R\ = &/? 2 , then port 4 is isolated form port 3 in the transformer illustrated 
in Fig. 6.5. 

6.5 Derive an equation for the current through the detector D of the bridge circuit in 
Fig. 6.3 (as a function of R\ and /? 2 ) if the detector has zero input impedance. 

6.6 Derive the necessary conditions for ports 3 and 4 of a nonideal transformer to be conju- 
gate. 

6.7 Design a transformer circuit for taking the difference of two signals. The load imped- 
ance as well as each source impedance is to be 50 £2 . What is the minimum value of pri- 
mary inductance which should be used at 20 MHz? 

6.8 An autotransformer with a common ground for all ports is shown in Fig. P6.8. Deter- 
mine the necessary relationships between the resistances in order for the transformer to 
be a hybrid transformer. Assume the transformer is ideal with no mutual coupling 
between turns. 



A aN kN 




FIGURE P6.8 

A three-winding autotransformer that can be used as a 
hybrid transformer. 
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6.9 Derive the relation required for the characteristic line impedance in order to obtain the 
maximum power transformer relation [Eq. (6.93)]. 

6.10 Derive Eq. (6.95). 



6.11 Verify Eq. (6.100). 



6.12 Figure P6.12 illustrates a circuit in which neither side of the load is grounded. Deter- 
mine the value of Rl for maximum power transfer. 





FIGURE P6.12 

An unbalanced-to-balanced 
transformer circuit. 



6.13 For the hybrid transformer illustrated in Fig. 6-5 (A: = 1), determine the responses at 
ports 1 and 2 to signals applied at ports 3 and 4. Compare the phases of the output 
signals with those obtained at ports 3 and 4 from signals applied at ports 1 and 2. 

6.14 Figure P6.14 illustrates a transmission-line transformer circuit that can be used with 
balanced loads. What should R L be for maximum power transfer? 




FIGURE P6.14 

A transformer circuit with a 
balanced load. 



6.15 Design a transmission-line transformer circuit with an input impedance 
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6.16 Derive the relation among R x , R 2 , R 2 , and R 4 required for the circuit shown in 
Fig. P6. 16 to be a hybrid transformer. Assume the transmission line is ideal. 




FIGURE P6.16 

A transmission-line transformer 
circuit that can realize a hybrid 
transformer. 



6.17 Design a transmission-line transformer circuit for combining the outputs of two 
class A amplifiers operating in push-pull. The load is 50 £2 unbalanced. 

6.18 What is the input impedance of the transmission-line transformer circuit shown in 
Fig. P6.18? 




FIGURE P6.18 

A circuit incorporating 
three transmission-line 
transformers. 



6.19 A class B push-pull amplifier requires that the load seen by each transistor be 6 £2. The 
Ibad is 50 £2 unbalanced. Design a transmission-line coupling circuit which results in 
maximum output from the transistors. What should the characteristic impedance of 
each transmission line be? 

*6.20 Design a three winding transformer for splitting a signal from a 50 ohm source equally 
between two 50 ohm loads. Assume the transformer coefficient of coupling is .95. 
Select the inductors so that the lower cutoff frequency is approximately 100 Hz. Veri- 
fy your design using computer simulation. 
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Oscillators 



■ 7.1 

INTRODUCTION 

An electronic oscillator is a circuit with a periodic output signal but with no peri- 
odic input signal. It functions by converting dc power to a periodic output signal (ac 
power). A harmonic oscillator is one in which the output signal is approximately 
sinusoidal. If a crystal resonator is used in the circuit to closely control the oscillat- 
ing frequency, the oscillator is referred to as a crystal-controlled oscillator. Modem 
communication systems often contain several oscillators, including a crystal- 
controlled reference oscillator, a voltage-controlled oscillator (VCO), and a voltage- 
controlled crystal oscillator (VCXO). There exist many integrated circuits that can 
be used for generating a periodic output signal, but oscillator design is one area in 
which discrete transistors have a marked advantage. Communication circuits 
require high-frequency, low-noise oscillators, and integrated-circuit components 
often cannot meet the noise and frequency specifications. 

In this chapter, these various oscillators and three different methods of oscilla- 
tor analysis are described. First, two mathematical approaches based on linear feed- 
back theory and circuit analysis will be pfesented. Subsequently, a less rigorous 
approach will be presented, one which provides additional insight into the design 
process. After, die conditions for oscillations are derived, we will discuss the crystal 
resonator. It will be shown that the crystal serves in oscillators as a very narrowband 
circuit ^nd that the design of crystal-controlled oscillators is essentially the same as 
that of oscillators that do not contain a crystal. 

M 7.2 

CONDITIONS FOR OSCILLATION 

Electronic oscillator circuits are feedback networks, and the extensive results of lin- 
ear feedback analysis can be used for oscillator analysis and design. Oscillators are 
inherently a nonlinear circuit, but linear analysis techniques are the most useful for 



241 



242 



chapter 7: Oscillators 



analysis and design. They provide accurate information for predicting the frequen- 
cy of oscillation but have limited use for predicting the amplitude of oscillation. In 
this section we will consider the most widely developed method of linear feedback 
analysis, basing our discussion on interpretation of the block diagram model. 



Nyquist Stability Criteria 

Figure 7.1 shows, in block diagram form, the necessary components of an oscil- 
lator. It contains an amplifier with frequency-dependent forward loop gain G(ja)) 
and a frequency-dependent feedback network H(jco ). The output voltage is 
given by 

ViG(j(o) 

K ~ l+G(jo)H(ja» 

For an oscillator, the output V 0 is nonzero even if the input signal V, is zero. 
This can be possible only if the forward loop gain is infinite (which is not practical) 
or if the denominator is 



1 + G(jco)H(jco) = 0 

at some frequency co 0 . This leads to the well-known condition for oscillation — the 
Nyquist criterion: At some frequency a> 0 

G(jco 0 )H(j(o 0 ) = -1 ^ (7.1) 

That is, the magnitude of the open-loop transfer function is equal to 1, or 

\G{j(o 0 )HU(Oo)\ = 1 (7.2) 

and the phase shift is 180°, or 

arg G(j( 0 o )H(jct) 0 ) = 180° (7.3) 

This can be expressed more simply as follows: If in a negative-feedback system, the 
open-loop gain has a total phase shift of 1 80° at some frequency a> 0 , the system will 
oscillate at that frequency, providing the open-loop gain is unity. If the gain is less 
than unity at the frequency where the phase shift is 180°, the system will be stable; 
if the gain is greaterdhan unity, the system will be unstable. If positive feedback is 
used, the loop phase shift must be 0°. That is, arg G{jco 0 )H{jo) 0 ) = 0°. 




Vi 



FIGURE 7.1 

Block diagram representation of a linear 
negative-feedback system. 
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The preceding expressions for oscillation are not precise for some complicated 
systems, but they are correct for those transfer functions normally encountered in 
oscillator design. The conditions for stability are also known as the Barkhausen cri- 
teria, which state that if the closed-loop transfer function is 



Vo _ __b_ 
Vi l -fifi 



(7.4) 



then the system will oscillate, provided (Jif3 — 1 . This is equivalent to the Nyquist 
criterion, the difference being that the transfer function is written for a loop with 
positive feedback. Both versions state that the total phase shift around the loop must 
be 360° at the frequency of oscillation, and the magnitude of the open-loop gain 
must be unity at that frequency. 

If a single-stage common-emitter (or common-source) amplifier is used with 
feedback from collector to base, as illustrated in Fig. 1.2a, then the feedback net- 
work must supply 1 80° phase shift since there is 1 80° phase shift between the base 
and collector signals. If a common-base (or common-gate) amplifier (illustrated in 
Fig. 1.2b) is used, there is no phase shift between the emitter and collector signals; 
therefore, a necessary condition for oscillation is that there be no phase shift be- 
tween the input and output of the feedback network. If a small phase shift occurs in 
the forward loop, this must be compensated for by an equal and opposite phase shift 
in the feedback network. 

An amplifier with feedback but without a frequency-sensitive network can be 
made to oscillate. However, the frequency of oscillation will be difficult to control. 
Since the primary purpose of the feedback network is to control the frequency of 
oscillation, the network is designed so that the Nyquist criteria are satisfied at only 
a single frequency. 

The following analysis of the relatively simple circuit shown in Fig. 7.3 illus- 
trates the method of determining the conditions for oscillation. The linearized (and 
simplified) equivalent circuit of Fig. 7.3 is given in Fig. l.Aa (with the feedback 
loop opened), in which the transistor output resistance r D is ignored, as is the large 




W 




Feedback 

network 




q_ 



( b ) 



FIGURE 7.2 

( a ) A system in which the feedback network must provide 180° phase shift in 
order for oscillations to occur; (b) a system in which the feedback network must 
provide 0° phase shift for oscillations to occur. 
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FIGURE 7.3 
A grounded-base oscillator 
circuit. 





(a) A small-signal equivalent circuit of the grounded-base oscillator; 

\b) the circuit of Fig. 1.4a, but with the feedback path opened and termi- 
nated in the correct resistance. 



biasing resistor R B . Also, the capacitor connected to the base is assumed to be so 
large that the base is at ground potential for the small-signal analysis. Note that the 
transistor is connected in the common-base configuration and has no voltage phase 
inversion (i.e., the feedback is positive). The conditions for oscillation are 

\G(jco 0 )\H(j(o 0 )\ = 1 
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and because the amplifier is noninverting, the phase shift of the network must also 
be arg G(jco 0 )H(jco 0 ) = 0°. 

The loop gain is calculated by opening the feedback loop, applying a signal, 
and measuring the return difference. It is necessary that when the loop is opened, 
the impedance seen at any point be the same as it is with the loop closed. In this case 
it is convenient to open the loop at the transistor emitter. The impedance shunting 
the capacitor C% is the resistor R E in parallel with the input impedance r ( - of the 
common-base amplifier. In the discussion of the common-base amplifier (Chap. 2), 
it was shown that the input resistance of the common-base circuit is 



n — 



0 



so the equivalent circuit of Fig. 7.4a can be redrawn as shown in Fig. 7.46. The cir- 
cuit analysis can be greatly simplified by assuming that 

<MC 2 + c,)] 2 r' « 

\ r « + R e J 

and that the Q of the load impedance is high. In this case the circuit (see results for 
capacitive transformers in Chap. 4) reduces to that of Fig. 7.5, where the resistor 
shunting C 2 has been replaced by an equivalent resistance shunting C\ and C 2 . The 
circuit shown in Fig. 7.5 is not the small-signal equivalent of Fig. 7.3; rather it is a 
small-signal equivalent of the open-loop circuit with the loop or feedback network 
opened at the emitter and the circuit terminated in the correct impedance. The net- 
work could be opened at other points, but opening it at the emitter is very convenient 
because it is relatively easy to determine the terminating impedance at this point. 

The feedback voltage is given by 



Ci + C2 



and the equivalent resistance reflected across the coil is 

_ ( Ci_±_CA 2 

eq ~ + R e \ C, ) 



(7-5) 




FIGURE 7.5 

A circuit equivalent to Fig. 7.46, provided [a)(C 1 + C 2)/?] 2 1 
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The forward loop gain is 



where 

and 



y = G(joj) = g m Z L 

Y l = Z~ L X = O^L)- 1 + + R L l + 

c= Gy C 2 
C!+C 2 



The feedback ratio is 



— = H(ja>) = 
V o 



C i 

C] + c 2 



A necessary condition for oscillation is that 

arg G(j(o)H (jco) = 0° 



(7.6) 

(7.7) 



(7-8) 

(7.9) 



Since H does not depend on frequency in this example, if arg GH is to be zero, the 
phase shift of the load impedance Z L must be zero. This occurs only at the resonant 
frequency of the circuit where 





co 0 


K^rr 


(7.10) 


At this frequency 




rj _ ^eq Rl 

L ~ R n + r l 


(7.11) 


and 


Rea R L Cj 

G(joj)H(jco) = g m ~—~~ „ ' 

5m + R c + C 


(7.12) 



The other condition for oscillation is the magnitude constraint that 



\G(ja>)HU<o)\ = g m 



7?eq Rl Ci 
Rp q + Rl Ci + C 2 



= 1 



(7.13) 



example 7.1. The preceding results will now be used to design a 20-MHz common- 
base sinusoidal oscillator using a transistor with a minimum fi of 100. 

Solution. Oscillator design consists of a trial-and-error procedure using Eqs. (7.5) 
through (7.13). As a starting point we will assume a bias current I c = 1 mA; then the 
common-base input resistance is 



i Yt 

n = g m = = 26 

*C 

Since this is so small, we can safely assume that the emitter bias resistor Re is much 
larger than r h so [from Eq. (7.5)] 
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Equations (7.5) through (7.13) were based on the assumption that 

(MG + C,)] 2 }- 1 « rf 

If (<oC 2 )~ l ** 8, 

then (a>C 2 ) -1 < 



and the above inequality is satisfied so the assumption was justified. 

Practically, a factor of 10 difference will usually satisfy the <5C inequality. In addition, 
for oscillations to occur, the loop gain [Eq. (7. 12)] must be at least 1 . In oscillator design 
the loop gain is usually selected to be about 3, which allows for some error in the 
approximation. With a loop gain greater than 1, the system is unstable and the oscilla- 
tions increase in amplitude until the transistor current begins to saturate. When this 
occurs, the of the transistor is reduced, and thus g m is also reduced. This reduces the 
loop gain and stabilizes the amplitude of oscillation. In this example the loop gain is 



\GH\ 



Ci + C2 




Ci + C2 

C, 



So Ci = C 2/2 = 500 pF. The value of the inductance is found from Eq. (7.10) to be 
L = 0.19 /xH. Also, /?eq = 234 Q. A load resistor Rl can be shunted across the induc- 
tor without affecting the calculations if it is much bigger than R^. In this case a load 
resistance of 1500 £2 could be safely added. The complete design would require select- 
ing a supply voltage and bias resistors so that the quiescent collector current is 1 mA. A 
completed circuit schematic is given in Fig. 7.6. 



The preceding oscillator analysis was based on a linear model for the circuit. In 
practice, the analysis provides a good approximation for the frequency of oscilla- 
tion and the minimum gain required, but it provides no information about the ampli- 
tude of oscillation. The system is initially unstable, and as the output amplitude 
increases, the transistor begins to saturate, resulting in a reduction of loop gain and 
a stable oscillating amplitude. Such oscillators are referred to as self- limiting to dis- 
tinguish them from oscillators that use an external means of regulating the oscilla- 
tion amplitude. 




12 V — 



i 



FIGURE 7.6 

The oscillator circuit designed in Example 7.1. 
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Circuit Analysis 



Identifying the open-loop gain is particularly useful for oscillator analysis and 
design. Further illustrations of this technique are given throughout this chapter. 
There are circuits in which it is difficult to identify the open-loop gain. For this rea- 
son two additional methods of oscillator design and analysis will be presented. A 
direct analysis of the circuit equations is frequently simpler and more informative 
than the block diagram interpretation (particularly for single-stage amplifiers). 
Figure 7.7 illustrates a transistor amplifier with three external impedances connect- 
ed. Terminal 1 represents the base terminal of a bipolar transistor or the gate termi- 
nal of a field-effect transistor, and terminal 3 represents the emitter or source termi- 
nal. The three external impedances, then, represent feedback connections between 
the transistor terminals. The small-signal equivalent circuit is given in Fig. 7.8. We 
will assume that the transistor output impedance is sufficiently large, and it will be 
neglected in the following analysis. Note that at this point the ground node for the 
circuit has not been identified. It will be subsequently shown that many different 
oscillator configurations can be realized for different grounds points. 

The loop equations are then 

V i = Ii(Z 2 + Z 3 ) + V + g m VZ 2 (7.14) 



and 



V = 



hZ x Zj 
Z\ + Zi 



(7.15) 




FIGURE 7.7 

A generalized transistor oscillator 
circuit. 




FIGURE 7.8 

A small- signal equivalent circuit of Fig. 7.7. 
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For the amplifier to oscillate, currents h and I\ must be nonzero, even when 
Vi = 0. This is only possible if the system determinant A 



(7.16) 





z 2 + z 3 


1 + 8 m Z 2 


A = 


Z, 


- 41 ) 



is equal to 0. That is, 



Z\ + Z 2 + Z 3 + — (Z 2 + Z 3 ) + g m Z x Z 2 — 0 



(7.17) 



For the bipolar junction transistor (BJT) this reduces to 



(Zi + Z 2 + Z 3 )Zj 4- Z\Z 2 fi + Z](Z 2 4- Z 3 ) = 0 (7.18) 

Only the case in which the transistor input impedance Z, is real will be consid- 
ered here (Z, = r n ). The more complicated case in which Z { is complex can be 
analyzed in the same manner. Normally Z, will have a parallel capacitive compo- 
nent that can be included in Z\. Assume for the moment that Zj, Z 2 , and Z 3 are 
purely reactive impedances. [It is easily seen that Eq. (7.18) does not have a solu- 
tion if all three impedances are real and positive.] Since both the real and imaginary 
parts must be zero, Eq. (7.18) (with Z, = r n ) is equivalent to the two equations 



fn{Z\ + Z 2 + Z 3 ) — 0 (7.19) 

and Z,[(1-|-£)(Z 2 + Z 3 )]=:0^ (7.20) 

Since ft is real and positive, Z 2 and Z 3 must be of opposite signs for Eq. (7.20) to 
hold. That is, 

(1 + p )Z 2 - — Z 3 (7 21) 

Therefore, since r n is nonzero, Eq. (7.19) reduces to 

Z l + Z 2 -(l+ JB)Z 2 = 0 (7.22) 

or Z\ = /1Z 2 

Since ft is positive, Z ( and Z 2 will be reactances of the same kind. If Z x and Z 2 
are capacitors, then Z 3 must be an inductor. An example of such a circuit with the 
ground located at the junction between Z 2 and Z 3 is shown in Fig. 7.9. This circuit 
is referred to as a Colpitts oscillator, named after the man who first published such 
a circuit "for a vacuum tube oscillator. If the emitter is grounded, the oscillator will 
be as shown in Fig. 7.10. This circuit has become known as a Pierce oscillator. If 
Z\ and Z 2 are inductors and Z 3 is a capacitor, the circuit is known as a Hartley 
oscillator. A common-base Hartley oscillator is illustrated is Fig. 7.11. 

Equations (7.21) and (7.22) describe the necessary conditions for oscillation 
when the components external to the transistor are assumed to be ideal. These equa- 
tions should be used with caution because they apply only to the ideal case. It 
appears that the conditions for oscillation are independent of the transistor input 
impedance. This is because the three external impedances are assumed to be purely 
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FIGURE 7.9 

A Colpitts oscillator. 



L FIGURE 7.10 




reactive. In this case^the circuit will oscillate even without the transistor. The tran- 
sistor is needed in the practical situation to supply the energy dissipated into a non- 
ideal inductor and capacitor, to provide a means for amplitude limiting, and to 
fumistf the energy that the oscillator must supply to the external circuitry. The pre- 
ceding analysis will now be applied to the case of the nonideal component. 

If Zi, Z 2 , Z 3 , or Z, is complex, the preceding analysis is more complicated, 
but the conditions for oscillation can still be obtained from Eq. (7.18). For exam- 
ple, if in the Colpitts circuit, there is a resistor r in series with L(Z 3 = r + jcoL), 
Eq. (7.18) reduces to the two equations 



r 

coCi 



= 0 



rA<oL - (fflC,)- 1 - (®C 2 )-'] - 



(7.23) 
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r ’ r -i^; +(MC ' r '‘ oL = 0 



If we define for notational simplicity 



1 + r/r n 



(7.24) 



(7.25) 



then the resonant frequency at which oscillations will occur is found from Eq. (7.23) 
to be 






1/2 ^ -1 



(7.26) 



The resistance in series with the inductor changes the resonant frequency, but since 
r is normally much less than r„ the change is small. For oscillations to occur, Eq. 
(7.24) must also be satisfied. That is. 



(o 2 0 C x C 2 



(7.27) 



It can be shown that if the product rr n is greater than that given by Eq. (7.27), 
oscillations will die out. If rr K is smaller than that given by Eq. (7.27), the system 
will be unstable and oscillations will increase in amplitude. Equation (7.27) illus- 
trates the importance of the transistor current gain ft. As r is increased, the current 
gain must be increased to sustain oscillations. Also, it becomes increasingly difficult 
to satisfy Eq. (7.27) as the frequency is increased. In general, it is advantageous to 
have 

X C ,X C2 = (^C.Cj)-' 

as large as possible since then r can be sufficiently large. However, if C\ and C 2 
are too small (large X C] and X c ,), then the transistor input and output capacitors 
which shunt C i and C 2 , respectively, become important. A good, stable design will 
always have C i and C 2 much larger than the transistor capacitances they shunt. 

example 7.2. Design a 5-MHz Colpitts oscillator using a 10-ju.H inductor with an 
unloaded Q u of 100. The transistor fi is 100. 

Solution. ,From Bq. (7.26) the equivalent capacitance is 

_ inn 



c; + c 2 



= 100 pF 



We will assume that C[ and C \ are equal; then the maximum r„ is found by using 
Eq. (7.27). The series resistance of the inductor is 

r = 3.14 ft 

One possible solution is to select C\ = C 2 = 200 pF; then from Eq. (7.27), 

3.14r ff = 2.53 x I0 6 - 5 x 10 4 
or r„ = 0.81 x 10 6 ft 
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*1 




FIGURE 7.12 

The oscillator circuit designed in 
Example 7.2. 



Since the transistor transconductance g m — 40/, the transistor must be biased so that 

/ > 3.09 x 10~ 6 A 

A complete circuit is shown in Fig. 7.12. The resistors must be selected so that the bias 
current exceeds the minimum specified. Note that the assumption that r is much less 
than r n is justified in this example. 

example 7.3. In the Colpitts oscillator circuit designed in Example 7.2, what will the 
frequency of oscillation be if the bias current is increased so that r„ = 1000 Q2 

Solution . From Eq. (7.25) 

c; = 199 pF 

so the increased bias current will have a negligible effect and can be ignored. 



Another Interpretation of the Oscillator Circuit 

Although Eqs. (7.19) and (7.20) can be used to determine the exact expressions for 
oscillation, they are often difficult to use and add little insight to the design process. 
An alternative interpretation, originally presented by Gouriet 1 for vacuum tube 
oscillators, will now be presented. It is based on the fact that an ideal tuned circuit 
(infinite Q), once excited, will oscillate indefinitely because there is no resistance 
element present to dissipate the energy. In the actual case where the inductor Q is 
finite, the oscillations die out because energy is dissipated in the resistance. 

It is the , function of the amplifier to maintain oscillations by supplying an 
amount of energy equal to that dissipated. This source of energy can be interpreted 
as a negative resistor r, in series with the tuned circuit, as shown in Fig. 7.13. If the 




L 



FIGURE 7.13 

A resonant circuit including a negative resistor. 
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total resistance is positive, the oscillations will die out, while the oscillation ampli- 
tude will increase if the total resistance is negative. To maintain oscillations, the two 
resistors must be of equal magnitude. To see how a negative resistance is realized, 
the input impedance of the circuit in Fig. 7.14 will be derived. 

If the transistor output impedance is sufficiently large, the equivalent circuit is 
as shown in Fig. 7.15. The steady-state loop equations are 



Vi — Ii(X Cl + Xc 2 ) — h(X c i — px c2 ) 


(7.28) 


0 = —Ii(X Cl ) + Ib(X Cl + r n ) 




(7.29) 


After l h is eliminated from these two equations, Z, is obtained as 




rj _ Vi _ (1 + P)X Ci Xc 2 + fniXc, + Xc 2 ) 


(7.30) 


* h *c, + r* 




If X Cl r„, the input impedance is approximately equal to 






1 + 

-X Cl X C2 + X Cl + Xc 2 




(7.31) 


~ ~Sm , |\.V C.C 2 ^ 

~o>2C,C 2 + [' ,a, Ui+C 2 jj 


-1 


(7.32) 



That is, the input impedance of the circuit shown in Fig. 7.14 is a negative 
resistor 



§m 

(o 2 C { C 2 



(7.33) 



/: „ * 




FIGURE 7.14 

Circuit for generating a negative resis- 
tance. 




FIGURE 7.15 
The small-signal equivalent 
circuit of Fig. 7. 14 with the 
transistor output impedance 
neglected. 
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in series with a capacitor 



Q = 



CxC 2 
C\ + C 2 



(7.34) 



which is the series combination of the two capacitors. With an inductor L (with 
series resistance r) connected across the input, it is clear that the condition for sus- 
tained oscillation is 



§m 

co 2 C x C 2 



and the frequency of oscillation is 



fo = 



2l T 



( L 



Ci c 2 V 72 ]- 1 
Cl +c 2 ) , 



(7.35) 



(7.36) 



This interpretation of the oscillator readily provides several guidelines that can 
be used in the design. First, C 1 should be as large as possible so thatX c , <$C r„. 
Also, Cj and C 2 should be much larger than the transistor output capacitances so 
that the transistor base-to-emitter and collector-to-emitter capacitances have a neg- 
ligible effect on the circuit’s performance. However, Eq. (7.35) limits the maximum 
value of the capacitances, since 



r < 



8n 



cd 2 C\C 2 - co 2 C x C 2 



(7.37) 



where G is the maximum value of g m . For a given series capacitance the product is 
a minimum when Ci = C 2 = C m . Then Eq. (7.37) can be written as 

/ r \ 1/2 

(*>C m )-' > ( — ) (7.38) 



This equation states that for oscillations to be maintained, the minimum permissible 
reactance (a)C m ) 1 is a function of the resistance of the inductor and the transistor’s 
mutual conductance g m . If the two capacitors are not equal, then Eq. (7.37) must be 
satisfied. 

The analytical approach of calculating the input impedance seen from the 
inductor (or capacitor in Hartley oscillators) can be used with all oscillators and is 
often the easiest way to analyze the circuit. The real part of the input impedance 
must negative in order that the active device supply the energy dissipated in the 
inductor (or capacitor). 

An oscillator circuit known as the Clapp, or Clapp-Gouriet, circuit is shown in 
Fig. 7.16. This oscillator is equivalent to the one just discussed, but it was the prac- 
tical advantage of being able to provide another degree of design freedom by mak- 
ing C 0 much smaller than C x and C 2 . It is possible to use C\ and C 2 to satisfy the 
condition of Eq. (7.37) and then adjust C c for the desired frequency of oscillation 
a> 0 , which is determined from 

(d 0 l - (cooCoy 1 - (co 0 Ci)~ l - ( (o 0 c 2 y l = 0 



(7.39) 
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FIGURE 7.16 
A Clapp-Gouriet oscillator. 



The following example illustrates the design procedure. 

example 7.4. Consider the Clapp-Gouriet oscillator shown in Fig. 7.16. The transis- 
tor is operated at a g m of 6 mS. The coil used has an unloaded Q u of 200 at 1 MHz and 
a reactive impedance of 800 $2(r = 4 Q) . What are the required conditions for the cir- 
cuit to oscillate? 

Solution. In order to satisfy Eq. (7.38), we must have 

( \ 1/2 

— J - 25.&S2 

Therefore, at 1 MHz 



C m = 6200 pF 

And C m corresponds to the case of maximum series capacitance of the parallel combi- 
nation of Ci and C 2 and occurs for Ci = C 2 = C m . If both C\ and C 2 equal 6200 pF, 
the reactance of the series combination of C\ and C 2 is 51.6 £2. Then C 0 must be 
selected so that X L = Xc at 1 MHz. If, for example, L = 82 jx H, then X L — 515 Q 
and C 0 should be approximately 343 pF. 

The Clapp-Gouriet oscillator is particularly effective at low frequencies. At 
higher frequencies Q and C 2 must be smaller in order that Eq. (7.37) be satisfied, 
and little fine-tuning advantage is obtained by adding C a . 

The gain requirement for oscillation [Eq. (7.35)] obtained using this model is 
somewhat different from that obtained with the matrix analysis [Eq. (7.27)]. How- 
ever, it is readily shown that when 



then Eq. (7.27) is approximated by 



>V^CiC2 (d 2 C\C 2 



1+0 

(0IC0 



» L 
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Thus the two methods arrive at the same gain requirement for sustained oscillations. 
An exact expression for the required gain cannot be obtained with either model, 
since the actual oscillator analysis requires a nonlinear model; nor is an exact ex- 
pression for the gain necessary. Oscillator design usually consists of realizing an 
open-loop gain 3 or 4 times larger than what the linear analysis predicts to be nec- 
essary for oscillations. This ensures that oscillations will begin. As the oscillation 
amplitude increases, the g m of the active device begins to decrease until a stable 
oscillation amplitude that is self-limiting is reached. 



The Pierce Oscillator 

So far in our discussion we have considered two forms of the Colpitts oscillator. In 
the analysis of the generalized oscillator circuit, no terminal was designated as 
ground. There are often practical reasons for grounding a particular terminal. Fig- 
ure 7.3 describes a form of the Colpitts oscillator in which the base is grounded. If 
the emitter is grounded at the oscillating frequency, the circuit appears as shown in 
Fig. 7.17 or 7.18. And Cf, and C E serve to short-circuit the dc bias resistors Rb and 
Re at the oscillating frequency. This circuit, often referred to as a Pierce oscillator, 
has the beneficial feature that the bias resistors do not shunt the tuned circuit. Resis- 
tors connected across the tuned circuit have the effect of reducing the circuit Q, 
which reduces the frequency stability. The Pierce oscillator (grounded emitter) nor- 
mally has the best frequency stability. (The common-base amplifier is most often 
used in high-frequency oscillators because the cutoff frequency of the common- 
base current gain is approximately fi times greater than that of the common-emitter 
or common-collector configuration.) 

The Pierce oscillator can be analyzed using the small-signal equivalent circuit 
shown in Fig. 7.19. It is assumed that the transistor output impedance is much larg- 
er than X Cr We will analyze the circuit by calculating the loop gain GH. 



R b 




FIGURE 7.17 

A Pierce oscillator. 





FIGURE 7.19 

A small-signal equivalent circuit of the 
Pierce oscillator. 



The voltage 

y __ ~8m^{jX L ~ — jXc 2 )] — jX c , 

jX L ~ jr n X c J{r n - jX C2 ) - jX Cl 

and the voltage fed back is 

v _ Vol-jXcSJi-jX^+rx)] 
~jXc 2 f’n/(—jXc 2 + r n ) + jX L 

If V is eliminated from these two equations, we obtain 

y . 8m 

r ' ° (jcL>Lja>Ci)U<*>r jr C 2 + 1) + j(or n (C 2 + Ci) + 1 

8 m Vox'll 

1 — o) 2 LC{ + jcor n {C\ + C 2 — a) 2 LC\C 2 ) 



(7-40) 



(7.41) 



(7.42) 



In order for the loop phase shift to be 360° , the imaginary term must vanish. There- 
fore, the frequency of oscillation is 
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and it is also required that co 2 0 LC\ > 1 in order for the phase shift to be 360°. That 
is [using Eq. (7.42)], 

(Cl + C 2 )LC X ^ 1 
lc x c 2 

which reduces to 



Ci + C 2 
— > 1 



(7.44) 



Since this is always the case, Eq. (7.43) determines the frequency of oscillation. For 
the open-loop gain GH to be greater than 1 at the resonant frequency, the magnitude 
of Eq. (7.42) must be greater than 1 at the resonant frequency. That is, 

g m r, <o 2 LC i - 1 = - 1 (7-45) 

G 2 



or pc 2 > Ci (7.46) 

This is the same requirement for oscillation as was obtained using the generalized 
circuit analysis [Eq. (7.22)]. 

The type of analysis to use depends on the circuit configuration. Sometimes 
calculating the loop gain is the most convenient. This is often the case with FET 
oscillators, where the gate-to-source resistance can be neglected. The negative- 
impedance interpretation is usually the easiest to use and provides the most insight 
for design. 



m 7.3 

AMPLITUDE STABILITY 

Linearized analysis of oscillator circuits is convenient for determining the fre- 
quency of oscillation, but not for determining the amplitude of the oscillation. The 
Nyquist stability criterion states that the frequency of oscillation is the frequency at 
which the loop phase shift is 360°, but it says nothing about the oscillation ampli- 
tude. If no procedures are taken to control the oscillation amplitude, it is susceptible 
to appreciable drift. v 

The two most frequently used methods for controlling the amplitude employ a 
self-limiting oscillator and an additional circuit or circuit element for amplitude reg- 
ulation/Tlhe self-limiting oscillator is designed to be unstable; i.e., the loop gain is 
made greater than 1 at the frequency where the phase shift is 1 80° . (Usually the 
loop gain is designed to be 2 or 3 times that needed for oscillation.) As the ampli- 
tude increases, the transistor begins to saturate, causing the loop gain to decrease 
until the amplitude stabilizes — this is a self-limiting oscillator. There are nonlinear 
analysis techniques for predicting the amplitude of oscillation, but the results are 
only approximate, except in special idealized cases, and the designer must rely on 
an empirical approach to establish the oscillation amplitude. 

An example of a two-stage emitter-coupled oscillator is shown in Fig. 7.20. 
In this circuit, amplitude stabilization occurs as a result of current limiting in the 
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FIGURE 7.20 

A two-stage emitter-coupled oscillator. 



second stage. 2 This circuit has the additional advantage of output terminals that are 
isolated from the feedback path. The emitter of Q 2 , which is rich in harmonics, is 
normally used for the output. Harmonics of the fundamental frequency can be 
obtained at the emitter of Q 2 by using an appropriately tuned circuit. Note that the 
collector of Q 2 is isolated from the feedback path. 

■ 7.4 

PHASE STABILITY 

An oscillator has a frequency or phase stability that can be considered in two sepa- 
rate parts. First there is the long-term stability in which the frequency changes over 
a period of minutes, hours, days, weeks, or even years. This frequency stability is 
normally limited by the circuit component’s temperature coefficients and aging 
rates. The other part, short-term frequency stability, is measured in seconds or even 
much shorter periods. One form of short-term instability is due to changes in phase 
of the system; here the term phase stability is used synonymously with frequency 
stability. It refers to how sensitive the frequency of oscillation is to small changes 
in phase shift of the open-loop system. It can be intuited that the system with the 
largest rate of change of phase as a function of frequency (d<f>/df) will be the most 
stable in terms of. frequency stability. 

Figure 7.21 contains the phase plots of two open-loop systems used in oscilla- 
tors. 'At the system crossover frequency, the phase shift is —180° (with negative 
feedback). If now some external influence causes a change in phase, say, it adds 10° 
of phase lag, then the frequency will change so that the total phase shift is again 0°. 
In this case the frequency will decrease to the point where the open-loop phase shift 
is 170°. Figure 7.21 shows that A / 2 , the change in frequency associated with the 
10° change in phase of GH 2 , is greater than the change in frequency A/i, asso- 
ciated with open-loop system GH\, whose phase is changing more rapidly near the 
open-loop crossover frequency. 

This qualitative discussion illustrates that d<f>/df\f=f o is a measure of an oscil- 
lator’s phase stability. It provides a good means of quantitatively comparing the 
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FIGURE 7.21 

Phase plots of open-loop systems. 




FIGURE 7.22 
A parallel resonant circuit. 



phase stability of two oscillators. Consider the simple parallel tuned circuit shown 
in Fig. 7.22. For the circuit the transimpedance [see Eq. (4.20)] is 

Vo<Ja>) R 

I{jco) 1 + j Q(o>/(o 0 - a> 0 /a>) 

where co 0 — (LC)~ 1/2 and Q = 



R 



co 0 L 



The circuit phase shift is 



arg — = 4> = —tan' 



1 e(- - *) 

O) ) 



and the derivative with respect to frequency is 

' ; d(p -Qr x CD 2 + 0)1 

' * ~dUo ~ (Q 2 )- 1 + [{0) 2 o ~ co 2 )/((D 0 a >)] 2 co 0 <d 2 

at the resonant frequency 0 ) o 



d<}> 

dco 



-2 Q 



(On 



(7.47) 



(7.48) 



(7.49) 



The frequency stability factor S F is defined as the change in phase divided by 
the normalized change in frequency A 0 )/( 0 o . That is, 

S F = 2Q 



(7.50) 
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where 5Vis a measure of the short-term stability of an oscillator. Equation (7.50) indi- 
cates that the higher the circuit Q, the higher the stability factor. This is one reason that 
high- Q circuits are widely used in oscillator circuits. Another reason is that the tuned 
circuit can be used to filter out undesired harmonics and noise. A piezoelectric or 
ceramic crystal can function in an electronic circuit as an inductor with a very high Q. 

m 7.5 

CRYSTAL OSCILLATOR CHARACTERISTICS 

The previous discussion has shown that a high -Q circuit is desirable in an oscil- 
lator for short-term frequency stability. Piezoelectric (and ceramic) crystals are 
electromechanical devices that have very small dissipative losses and very high and 
stable electric circuit Q' s. For these reasons they are usually employed when an 
oscillator with a very stable operating frequency is desired. 

Crystals are three-dimensional, mechanically oscillating bodies with many 
modes of oscillation. These oscillations are excited through the piezoelectric prop- 
erties and by the arrangement and shape of the electrodes and the crystal itself. 
Through the fabrication of the crystal, one has the capability of selecting certain 
oscillating modes and harmonics. At the electrical terminals of the crystal, the 
observable equivalent circuit contains an infinite number of (lossy) series resonant 
circuits, all connected in parallel and all in parallel with a capacitance C oy which 
represents the static capacitance of the electrode arrangement. This static capaci- 
tance represents the capacitance between the electrodes plus the capacitance of the 
leads and crystal holder. 

An equivalent electric circuit of a crystal is shown in Fig. 7.23. The circuit con- 
tains several series resonant circuits whose frequencies are all approximate (but not 
exact) odd harmonics of the fundamental frequency f \ ; the higher resonant fre- 
quencies are referred to as overtones of the fundamental frequency. In a narrow fre- 
quency region around any resonant frequency f, the circuit can be simplified to that 
shown in Fig. 7.24. This simplified model can be considered sufficiently accurate 
for oscillator design, but precautions are often necessary to prevent the circuit from 
oscillating at an unwanted resonant frequency. 
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FIGURE 7.24 

Electric circuit equivalent of a crystal, valid near the 
crystal’s ith overtone frequency. 



\C, 




Quartz crystals have a Q ranging from about 10,000 to over 1 million. Ceram- 
ic resonators can be fabricated with a Q of several thousand. The inductance L\ 
and capacitance C\ of the equivalent circuit primarily depend on the mass and com- 
pliance of the quartz. The resistance r \ , which represents the losses of the circuit, 
is mainly attributable to damping resulting from the electrodes, crystal mounting 
structure, internal friction, and lead resistance. The circuit components are referred 
to as the crystal motion elements, since they are the electrical equivalents of the 
vibratory (mechanical) motion of the crystal. Typical circuit parameters for funda- 
mental, third, and fifth overtone crystals are given in Table 7.1. Notice that at low 
frequency the series resistance increases exponentially. This is due to the crystal’s 
edge effect, which rapidly decreases the Q and therefore increases the series resis- 
tance. The Q decreases with increasing frequency at higher frequencies, corre- 
sponding to an increase in series resistance. 

Table 7.1 indicates that the dissipation resistance r\ of a crystal is relatively 
small. Figure 7.25 illustrates how the resistance r\ varies as a function of funda- 

11 TABLE 7.1 



Typical crystal data 



Frequency 

MHz 


Mode 


Ri, 

Q 


Ci, 

fF 


Co, 

pF 


1.0 


Fund. 


400 


8 


3.2 


2.097 


Fund. 


270 


10 


4.3 


5.7 ■ 


Fund. 


25 


21 


5.1 


7.16 t 


Fund. 


30 


29 


6.4 


8.5 ' 


Fund. 


20 


27 


5.9 


9.5 


Fund. 


30 


27 


5.5 


20 


Fund. 


20 


26 


5.8 


26 


3 


40 


3 


6.2 


80 


5 


60 


0.5 


6.1 


100 


5 


60 


0.11 


2.9 



Sample crystal data courtesy of JAN Crystals. 
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Frequency (MHZ) 

FIGURE 7.25 

Crystal resistance r } as a function of fundamental frequency for three holder types. 
(Courtesy of Savoy Electronics Inc.) 



mental frequency for several holder types. If r\ is zero, the crystal input impedance 
is (in a narrow frequency region about f 0 ) 



Z(ja>) = 



UcoC 0 )-'lja>L i + (jwC,)-'] 
jaiLi + (ja>C,)-' + O'eoC.) ' 



-IjMCi+CJ ](l-a> 2 L,C|) 
l-a> 2 L,[C„C,/(C„ + C,)] 



(7.51) 



The impedance Z(jco) will be zero when the inductor L\ and C\ are in resonance 
[a> 2 = (LC) -1 ]. The frequency 

f, = [2 w(L 1 C 1 ) 1/2 r 1 (7.52) 



is referred to as the series resonant frequency of the crystal. The crystal impedance 
will be infinite at the frequency 






/ 



fa = 




C Q C\ 

Co + Ci 




-1 



(7.53) 



where f a is referred to as the antiresonant frequency of the crystal. The ideal crys- 
tal (r = 0) behaves as both a series resonant and a parallel resonant circuit with 
infinite Q. The actual crystal also functions as both series and parallel resonant cir- 
cuits, but with finite Q. The effect of a nonzero r on the circuit can be calculated 
from the equation 

, OC.rH^i+n + O^c,)- 1 ] 



jct)L\ -f n + (icoC\) 1 + ( jcoC 0 ) 1 



(7.54) 







264 



chapter 7: Oscillators 



but it is usually not necessary, since the solution can be closely approximated 
with little difficulty. For all practical purposes, the series resonant frequency is 
unchanged for a nonzero rj (using typical crystal parameters). The effect of r\ 
is primarily a reduction of the circuit Q. The effect of n on the antiresonant 
behavior is readily evaluated by making a series-to-parallel transformation in the 
equivalent circuit, as shown in Fig. 7.26. The transformation, of course, is valid 
only at a single frequency. The equivalent parallel impedances are given by 





R p = r i ( 


II 

CrRr 

+ 


r,(l + Q 2 ,) 


(7.55) 


and 


II 

X 


II 

+ 


= + toJr’J 


(7.56) 


where 


X s =o)L 


i - (<BC,)-' 


and Q, = — 





'i 



At antiresonance, the equivalent parallel reactance must be equal to the reactance of 
the shunt capacitor X p = X Co , and at f a the series reactance X s is large, so Q s 1 . 
Therefore, X Co ~ X s and 

x c 

R p « -£■ (7.57) 

r\ 



(«) 




FIGURE 7.26 

(a) Electric circuit equivalent, valid near the crys- 
tal’s fundamental frequency; ( b ) a parallel equiva- 
lent of Fig. 7.26a, valid at a particular frequency. 





( 6 ) 
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Circuits containing crystals are frequently designed so that the frequency range 
of interest is between the series resonant and antiresonant frequencies of the crystal. 
In this frequency range, the crystal impedance is reactive, as can be seen from an 
examination of Eq. (7.51). The ratio of the antiresonant to the resonant frequency is 
[from Eqs. (7.52) and (7.53)] 



f a _ 2n{L\C\) X12 / CA 172 

f s 2n{L\[C\C 0 /(C\ + C e )])W { + Cj 



(7.58) 



The shunt capacitance C 0 is normally much greater than C\ so that the Taylor expan- 
sion reduces to 



H*g) 



1/2 



* 1 + ^ = 1 + w 



(7.59) 



Topical values of k lie between 250 and 300. The crystal’s antiresonant frequency 
is higher than its series resonant frequency. 

example 7.5. If the antiresonant frequency of the 1-MHz crystal in Table 7.1 is 
1 MHz, what is the series resonant frequency f s ? 

Solution. Since k = C 0 fC\ — 3.2/0.008 = 400 for this crystal, 
fs = lx 10 6 ^1 + = 0.999 MHz 

The antiresonant frequency is 1 kHz higher than the series resonant frequency. 

If Eq. (7.51) for the crystal impedance is rewritten as 

Z(j(o) = ~^ C ° + ~ (ft>M) 2 ] 

1 - (co/coa) 2 

it is seen that the impedance is inductive for co s < co < co a , and it is capacitive for 
other frequency ranges. A plot of Z(jco) is given in Fig. 7.27. This plot ignores 
the overtone circuits illustrated in Fig. 7.24. The actual crystal impedance will 
have multiple resonant and antiresonant frequencies, with the impedance inductive 
between each resonant and antiresonant frequency. 

example 7.6. Consider the 5.7-MHz crystal whose characteristics are given in 
Table 7.1. At the antiresonant frequency f a the Q s is large, so 

' Xs*X Co 

If the total shunt capacitance is 6 pF, the magnitude of the shunt reactance at 5.7 MHz 
is approximately 4654 Q, which must be approximately the same as X s . Therefore, 
since the series resistance r = 25 £2, the circuit Q is 

^ 4 654 

Q = = 186 

25 



(Note that this is not the crystal Q , but solely an equivalent Q derived for easily ex- 
pressing the series-to-parallel transformation.) And X s is composed of the series com- 
bination of inductive and capacitive reactances. That is, 

Xl = X s + Xc, ~ X c 0 + Xci 
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FIGURE 7.27 

Crystal impedance as a 
function of frequency. 



Since C\ = 21 x 10 3 pF, 

X Cl = [(21 x 10 -15 )(2tt)(5.7 x 10 6 )] -1 = 1.3 x 10 6 ft 
Now Ci is much smaller than the shunt capacitance, so the inductive reactance is 

X L % 1.3 x 10 6 ft 



and the crystal Q is 






1.3 x 10 6 
25 



52,000 



Actually X L and X Cl differ by a small amount (4654 ft), but the calculation of Q is 
sufficiently accurate. 



Parallel-Mode Crystal Oscillators 

Crystals often serve as either parallel or series resonant circuits in oscillators. Their 
high Q provides greater frequency stability than is attainable with discrete induc- 
tors and capacitors. If the crystal is used in the antiresonant mode, the circuit is 
referred to as a parallel-mode crystal oscillator Series-mode oscillators use the 
crystal^ae a series resonant circuit, while in parallel-mode oscillators the crystal 
actually serves as an inductor. The oscillator design is the same as for noncrystal 
oscillators except that the biasing network can be different since crystals block dc 
voltages. A parallel-mode crystal is cut to be antiresonant at the desired oscillating 
frequency when the external capacitance across the crystal is a specified amount. 
The external capacitance is usually large enough that circuit stray capacitances can 
be neglected. A typical value for the specified crystal load capacitance is 32 pF. 

example 7.7. Design 20-MHz Colpitts parallel-mode crystal-controlled oscillator. 

Solution. The oscillator can be converted to a crystal-controlled oscillator simply 
by replacing the inductor with a parallel-mode crystal antiresonant at 20 MHz. If the 



7.5 Crystal Oscillator Characteristics 



267 




FIGURE 7.28 

The crystal oscillator circuit designed in 
Example 7.7. 



□ 




crystal load capacitance is specified to be 32 pF, then the series combination of Ci and 
C 2 must be 32 pF. This could be satisfied by using 64-pF capacitors for both C x and 
C 2 . In order for oscillations to occur, the loop gain must still be greater than 1, or 
[from Eq. (7.35)] 



gm-Xci *C 2 ^ i 

r\ 

where r x is the series resistance of the crystal. The series resistance of crystals in this 
frequency range is approximately 20 Q, so the inequality is easily satisfied. The com- 
plete circuit (except for biasing) would appear as shown in Fig. 7.28. 



A difficulty in designing parallel-mode crystal oscillators is the selection of the 
bias circuitry so that it does not reduce the circuit Q. Any resistance shunting a crys- 
tal will reduce the Q if the crystal is being used in the parallel mode. Figure 7.29 con- 
tains three parallel-mode oscillator circuits. A grounded-base oscillator is shown in 
Fig. 7.29a. And C b serves as a short circuit at the oscillating frequency. The crystal is 
shunted by a resistance R s , consisting of the common-base input impedance r, (a low 
impedance) in parallel with R E increased by the turns ratio squared. This is, 



R s = 



r i + Re 




(7.60) 



In addition, the impedance of the RF choke must be high so that R 5 does not reduce 
the crystal Q, Usually R s is so small that the crystal Q is markedly degraded; this 
is not a good crystal oscillator circuit. 

Figure 129b illustrates a grounded-collector oscillator. The crystal is shunted by 
the bias resistors R x and R 2 . If these resistors are not sufficiently large, they will sig- 
nificantlyreduce the Q of the circuit. The bias resistors /?, and R 2 do not shunt the 
crystal fn the Pierce oscillator illustrated in Fig. 7.29c. Capacitor C E shunts the bias 
resistor R E at the oscillating frequency. The Pierce circuit configuration is usually the 
best choice for a parallel-mode crystal oscillator— provided one side of the crystal 
does not have to be grounded. Since the bias resistors do not shunt the crystal, the 
Pierce oscillator normally has the highest Q and hence the best frequency stability. 



Capacitor in parallel with the crystal 

In many applications (such as in voltage-controlled oscillators) it is necessary 
to adjust the frequency of oscillation. Equation (7.53) describes how the parallel- 
mode (antiresonant) frequency can be varied by adding an external capacitor in 
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parallel with the crystal, as shown in Fig. 7.30. By simplifying the Taylor expan- 
sion, the antiresonant frequency becomes 






2 (C 0 + C L ) 



(7.61) 



By increasing C L , f a can be decreased until f a ~ f s . It is left as an exercise to 
show that adding Cl does not significantly change the series resonant frequency. 
The frequency range 



fa fs — f s 



(7.62) 



is referred to as the pulling range of the crystal. Figure 7.3 1 illustrates how f a varies 
as a function of the external load capacitance Cl- Although Eq. (7.61) indicates that 
the parallel antiresonant frequency can be “pulled” down to the series resonant fre- 
quency, in practice this results in poor performance for parallel-mode oscillators, 
since the crystal Q is simultaneously reduced. 

Equation (7.55) shows that the equivalent parallel resistance at resonance is 




For the antiresonant mode the parallel reactance 



x p = l 0>(C o + C L )]-' 



(7.63) 




FIGURE 7.31 

Variation in crystal antiresonant frequency 
as a function of load capacitance Cl. 



Load capacitance C L 
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must equal the series impedance X s [Eq. (7.56)]. Therefore the equivalent parallel 
resistance is 



R P = r\ 




(7.64) 



As C 0 + C L increases, X p and hence R p decrease, resulting in a reduction in the 
loop gain and eventually a cessation of oscillations. A graph of R p versus C L is 
plotted in Fig. 7.32 for a typical crystal. Equation (7.64) indicates that R p will be 
small for high-frequency crystals, since X p will be small. This is one reason why 
parallel-mode crystal oscillators are not used at frequencies above 20 MHz. The Q 
of the series resonant mode does not depend significantly upon the shunt capaci- 
tance C 0 -1- Cl, so series-mode oscillators are used at the higher frequencies. 

A practical rule of thumb is that the combination of the crystal capacitance C 0 
and C L can be used in an antiresonant circuit as long as 

MCo + COnr 1 >4 (7.65) 



This relation is based upon the fact that for values less than 4, the slope of the phase 
shift of the crystal near frequency f a is not sufficiently steep to provide good phase- 
frequency stability. 3 

example 7.8 Consider again the 5. 7-MHz crystal ofTable 7.1. Assume that the spec- 
ified load capacitance is 32 pF. If it is desired to decrease the antiresonant frequency, an 
additional capacitor C L must be added in parallel with the 32-pF-load capacitor. 

For example, if an additional 22-pF capacitor is added in parallel, the new antires- 
onant frequency is [from Eq. (7.61)] 



[ Ci 1 _ 1 + C\/[2( C 0 + Cl)] 

fa ~ f °l + 2(C 0 + C l )\ Sa l + Cx/QCo) 



l + 0.021/[2(37.1 + 22 )] 1*02 = 5 6994 MHz 

1 + 0.021/[2(37.1)] 1.003 




FIGURE 7.32 

Equivalent parallel load resis- 
tance of a typical crystal as a 
function of additional load 
capacitance Cl. 
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That is, an additional 22 pF in parallel with C 0 will reduce the antiresonant frequency 
by 600 Hz. The equivalent parallel resistance is found [using Eq. (7.55)] to be 

R p = 25{1 + [(25 x 2.71 x 5.6994 x 10 6 x 59.1 x 10 -12 )" 1 ] 2 } = 8.96 

The additional 22 pF reduces the antiresonant frequency by 600 Hz and decreases R p 
from 22.7 to 8.96 kQ. 



Series-Mode Crystal Oscillators 

The results of the analysis of the Clapp-Gouriet oscillator can be used to show that, 
for crystal oscillators operating in the parallel mode, the g m of the active device 
must satisfy the relation 

gm > CiC 2 o)\ 

As the frequency is increased, C \ and C 2 must be reduced in order for this rela- 
tion to hold. Once the value of the capacitors approaches the size of the transistor 
terminal capacitances, the oscillator stability is seriously degraded, since the tran- 
sistor capacitances cannot be precisely controlled. To overcome this problem, 
high-frequency oscillators are operated with the crystals in the series resonant 
mode. (Most oscillators operating above 20 MHz are, in fact, in the series resonant 
mode.) 

Another characteristic of crystals is that their fundamental frequency is 
inversely proportional to the crystal thickness (for most crystal cuts). High- 
frequency crystals require thin plates that are very fragile and sensitive to contam- 
ination. For this reason, high-frequency crystals usually operate on an overtone of 
the fundamental frequency, which allows for thicker, less fragile crystals. Over- 
tone crystals are almost always used in the series mode. As a general rule, third- 
overtone crystals are used from 20 to 60 MHz and fifth-overtone crystals from 60 
to 125 MHz. 

A crystal operating in the series mode functions as a short circuit at the oscil- 
lating frequency and as a large impedance at other frequencies. An example of a 
series-mode crystal oscillator is shown in Fig. 7.33. At frequencies other than its 
series resonant frequency, the crystal impedance is large enough to prevent current 




FIGURE 7.33 

A series-mode crystal oscillator. 
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from being fed back to the emitter. The tank circuit is designed to be antiresonant at 
the series resonant frequency of the crystal. It is far from obvious that the circuit Q 
is determined by the crystal and not the tank circuit, but the following analysis 
shows that it is. The small-signal equivalent circuit is shown in Fig. 7.34. And Z x is 
the crystal impedance, and r t is the transistor common-base input resistance, which 
is assumed to be much smaller than the emitter bias resistor R E . The voltage V is 

, _ VqCi n 
C\ + C 2 ri 4- Z x 

provided (coC 2 y x <§: | Z x + r f | , which will be the case near the series resonant fre- 
quency in a well-designed oscillator. The output voltage is 

V 0 =s m VZ L 

where Z L is the equivalent load seen by the collector. At the series resonant fre- 
quency, Z L will consist of the crystal resistance r x and r f , transformed by the 
capacitance turns ratio squared, in parallel with R T . That is, 

Z L (ja>„) = RHIfc, + r.) 



The open-loop gain is 



A 0 



Z L C X 
C\ 4- C 2 



(Z x + r,) l g m r 2 



(7.66) 



It was explained earlier in the chapter that a figure of merit for an oscillator is the 
rate of change of the phase shift of the open-loop gain, evaluated at the resonant fre- 
quency. That is, 



S F 

(On 



d arg A 0 



dco 



d arg Z L 



(O=C0 o 



dco 



+ 



d arg (Z, + n) 



-1 



do) 



(7-67) 



The impedance Z L includes the shunting effects of the crystal circuit, but it is easi- 
ly shown that near the resonant frequency 



Z L 



1 -I- j Q((of(O 0 - (O a / (o) 




FIGURE 7.34 

A small-signal equivalent circuit of the oscillator shown in Fig. 7.33, with the feedback 
path opened and terminated. 
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where 


R P = z L (ja> 0 ) 




Likewise, 


(Z.+r,)-' = 


1+7 Qx 


( (0 a> 0 Y 

(O ) 


where 


Q, = 

i 


a) 0 Li 


Ql 


r x + n 


1 + n/r x 



and Qi is the crystal Q. Since the phase shift of a resonant circuit at the resonant 
frequency is [Eq. (7.49)] 



d arg Z L 2Q l 



da) 



0>n 



the stability factor is 



C dttgAo ^ 

S p = <o 0 — = 2 (Q l - Q x ) 

da) 



(7.68) 



and Q l is the Q of the parallel tuned circuit which is much less than that of the 
crystal Q x \ that is, Q L <$C Q x . Any parallel loading of the tank circuit will reduce 
Q l , which justifies the assumption of ignoring the effect of crystal loading on the 
tank circuit. Therefore, 

S F ~ —2 Q x 

The stability factor is approximately that of 2Q X . And Q x is proportional to the 
crystal Q . The transistor common-base input resistance r, appears in series with 
the crystal, but since r, is of the same order of magnitude as the crystal resistance 
r x , the circuit is controlled by the high Q of the crystal. The crystal could also be 
inserted in the base circuit, but then the crystal would be in series with the common- 
emitter input resistance, which is much larger, and the phase stability factor would be 
reduced proportionally. 

Another series-mode oscillator is shown in Fig. 7.35. This circuit is often re- 
ferred to as the impedance-inverting Pierce oscillator. A simple test to determine 
whether a crystal operates in the series or parallel mode in a circuit is to replace 
the crystal by a short circuit. If the circuit will not oscillate with the crystal 




FIGURE 7.35 

An impedance-inverting Pierce oscil- 
lator. 
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short-circuited, it is a parallel-mode oscillator; otherwise, it usually is a series- 
mode oscillator. 



Capacitor in series with the crystal 

The frequency of series-mode crystal oscillators cannot be adjusted by adding 
a capacitor in parallel with the crystal, since such a capacitor has a negligible effect 
on the series resonant frequency f s . The series resonant frequency can be altered by 
adding a capacitor in series with the crystal, as shown in Fig. 7.36. For this circuit 
the input impedance is 



Z(jco) = -jX s + 



-jX 0 {jX x - jX c ,+r{) 
jX i — jX C] — jX 0 -F r ( 



(7-69) 



where X s = (a>C s ) 1 X Co = (coC 0 ) 1 

and Xi = o)L\ X C] = (coC\)~ l 

The input impedance can be written as 



Z(» = 



z jXAjX 1 - MXct +x 0 ) + n\- jxjjx 1 - jx Cl + n) 

jX i — jXc { — jX 0 + r\ 



O'X, + nK-yx - jx 0 ) + j(x 0 + x s )jx C] + j 2 x 0 x s 

jXi+ri-jiXo + XcJ 



(7.70) 





-J(X 0 + X s ){jx , + n - j[x Cl + X 0 X S /(X 0 + x s )]} 






jX,+r x -j{X 0 + X c ,) 




Let 


r -K"c)] 


(7.71) 


where 


c 0 + c, x-' + x;' x a + x , 
n ~ c s - X 7 1 “ X, 


(7.72) 




FIGURE 7.36 

A capacitor placed in series 
with the crystal will increase 
the series resonant frequency. 
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and define 



= *c, + 



x 0 + x s 



Then 



X, + X Cl = X' +X 0 - 



XI 



X a x s 
x 0 + x s 



and 



= X’ + 

C| x„ + X , 

, -J<,X 0 + X s )[(jX l +r,)-jX’ Cl i 

Z (] Cl >) = — 

JXi+ri-j[X' Ci +Xl/(X 0 + X 9 )] 
-jnX 0 {jX x +r x -jX' Ci ) 
jXt+n-HX'c'+Xo/n) 
~jnX 0 (jn 2 Xi + n 2 r , - jn 2 X ' Ci ) 



(7.73) 



(7.73a) 



(7.74) 



jn 2 X\ + n 2 n - jn 2 X' Ci - jX 0 n 

That is, the crystal-plus-series capacitor can be represented by the equivalent circuit 
shown in Fig. 7.37, where 



or 



(Cjr^Cf' + ^ + C,)- 1 
C,(C„ + C,) 



C\ = 



Ci + C 0 + c s 



(7.75) 



This equivalent circuit is of the same form as that of the crystal (minus the 
series capacitor), so the same expressions can be used as were used in deriving the 
crystal characteristics. For example, the antiresonant frequency of the circuit with 
the capacitor in series with the crystal is [Eq. (7.53)] 







(Ci/« 2 )(C/») 1 1/2 1 
C[/n 2 + CJn J | 



-1 



This expression is readily simplified to 




(O a ~ 



( L 



CyC 0 \ 

Ci + cj 



1/2 1-1 



J 



rP-r \ 

-nsw ' — | ( — vw 

q/n 2 

1( 

CJn 



FIGURE 7.37 

A convenient equivalent circuit of a 
capacitor in series with a crystal. 
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FIGURE 738 

Effect of a series capacitor on crystal impedance (dashed curve). 



which is the same as the antiresonant frequency of the crystal without a series 
capacitance. The series capacitance does not change the antiresonant frequency. 
The new series resonant frequency is 

<-[(W-l[‘-MlT <”•> 



The addition of the series capacitor moves the series resonant frequency toward the 
antiresonant frequency. The crystal-plus-series capacitor reactance plots are illus- 
trated in Fig. 7.38. 

Note that without the series capacitance, C a has a negligible effect on the 
series resonant frequency, but once C s is added, a> s can be changed by changing 
C 0 . Changing C 0 will, however, also change (o a . The ability to change the oscillat- 
ing frequency by adding a capacitor in series or parallel is used in the design of 
voltage-controlled crystal oscillators. 



■ 7.6 

VOLTAGE-CONTROLLED OSCILLATORS AND 
VOLTAGE-CONTROLLED CRYSTAL OSCILLATORS 

The preceding sections have shown how the frequency of oscillation can be varied 
by the addition of a capacitor. Diodes exist (referred to as varicaps or varactors ) 
which function as voltage- variable capacitors. If the varicap is included in the oscil- 
lator circuit and the frequency of oscillation is varied by changing the dc bias volt- 
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FIGURE 7.39 

(a) A voltage-controlled oscillator; 

( b ) another voltage-controlled 
oscillator. 




age Across the varicap, the oscillator is referred to as a voltage-controlled oscillator 
( VCO ). If the VCO is crystal-controlled, the oscillator is referred to as a voltage- 
controlled crystal oscillator ( VCXO ). These devices find many applications, such as 
in frequency modulators, telemetry, Doppler radar, spectrum analyzers, television 
tuners, phase-locked loops, and frequency synthesizers. 

A frequently used VCO is shown in Fig. 7.39 a. The modulating voltage f m 
changes the varicap voltage and thus the capacitance shunting the inductor, thereby 
changing the frequency of oscillation. If the varicap is added in series with the 
inductor, as shown in Fig. 139b, the VCO is Clapp-Gouriet oscillator. In this 
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FIGURE 7.40 

Ideal voltage-frequency transfer characteristics. 
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FIGURE 7.41 

A voltage-controlled crystal oscillator. 



configuration a smaller value of capacitance can be used to change the oscillating 
frequency. A main difficulty in VCO design is to achieve a linear voltage-frequency 
transfer characteristic. The idealized voltage-frequency transfer characteristic is 
illustrated in Fig. 7.40. 

A simplified model of a VCXO is illustrated in Fig. 7.41. (The biasing of the 
tuning diode is neglected.) The transistor amplifier, operating near the series reso- 
nant frequency of the feedback circuit, is represented by a voltage amplifier with 
frequency-independent gain A . The crystal is operating in the series mode (if the 
crystal can be replaced by a short circuit without stopping the oscillation, the crys- 
tal is being used in the series mode). The frequency is controlled by the bias voltage 
applied to the voltage- variable capacitance C s . Since the addition of C s increases 
the series resonant frequency, the reactance of L s is chosen equal in magnitude to 
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FIGURE 7.42 

A small-signal equivalent circuit of the voltage-controlled oscillator. 



that of C s , making the series resonant frequency again that of the crystal. The reso- 
nant frequency can be increased or decreased with the control voltage. 

The overall Q will be close to that of the crystal, so the circuit frequency sta- 
bility is close to that of the fixed-frequency crystal. To verify that the Q remains 
high, consider a 20-MHz series-mode crystal-plus-series capacitance and inductor, 
as shown in Fig. 7.42. At the resonant frequency, the magnitude of the crystal in- 
ductance is 2 M£2, and the series resistance of the crystal is 25 Sl(Q x = 80, 000). 
The magnitude of the series inductances is 750 £2, and the coil resistance is 
25 fit (Q u = 30). Therefore, the total series inductance reactance is approximately 
2 M £2, the total series resistance is 50 £2, and circuit Q u = 40, 000. The addition 
of the series inductor has reduced the circuit Q by a factor of 2, but it is still a very 
high -Q circuit. 

Figure 7.43a illustrates the capacitance of a tuning diode as a function of the 
reverse-bias voltage across the diode. The capacitance is an approximately inverse 
function of voltage for reverse voltages of 1 to 10 V. (The capacitance varies from 
16 to 5 pF). If this diode is used as the tuning capacitor in Fig. 7.42 (a capacitive 
reactance of 750 £2 corresponds to 10.6 pF at 20 MHz), the control voltage should 
be approximately 2.SV. If the voltage is reduced to 1 V, the series capacitance will 
be 16 pF (497 £2), and the net series reactance will be equal to 253 (750 — 497) £2 
inductive, which will cause a decrease in the series resonant frequency. If the con- 
trol voltage is increased to 10 V, the series capacitance will be 5 pF (1591 £2), and 
the net series reactance will be equal to 841 (1591 - 750) £2 capacitive, resulting 
in an increase in the series resonant frequency. If it is desired to use this circuit to 
frequency-modulate an audio signal, the diode should be biased approximately in 
the middle of its linear region (V* = 4.5 V), and the audio voltage should be 
approximately 9 V peak to peak if the entire linear region of the tuning diode is to 
be utilized. Figure 7.436 describes the voltage- versus-capacitance characteristics of 
another family of tuning diodes. 
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SILICON EPICAP DIODES 

. . . designed in the popular PLASTIC PACKAGE for high volume require- 
ments of FM Radio and TV tuning and AFC, general frequency control and 
tuning applications; providing solid-state reliability in replacement of 
mechanical tuning methods. 

Also available in Surface Mount Package up to 33 pF. 
e High Q 

• Controlled and Uniform Tuning Ratio 

• Standard Capacitance Tolerance — 10% 

• Complete Typical Design Curves 



MAXIMUM RATINGS 





MV21XX 


MMBV21XXLT1 




Rating 




Value 




Reverse Voltage 


mm 


30 




Forward Current 


if 


200 




Forward Power Dissipation 


Pd 








@ Ta - 25’C 




280 


200 


mW 


Derate above 25°C 




2.8 


2.0 


mwrc 


Junction Temperature 


Tj 


+ 125 


“C 


Storage Temperature Range 




-55 to +150 


-c 



DEVICE MARKING 

MMBV2101LT1 - M4G MMBV2105LT1 = 4U MMBV2109LT1 - 4J 
MMBV2103LT1 - 4H MMBV2107LT1 = 4W 

MMBV2104LT1 = 4Z MMBV2108LT1 - 4X 



MMBV2101LT1 
MMBV2103LT1 thru 
MMBV2105LT1 
MMBV2107LT1 thru 
MMBV2109LT1* 
MV2101 

MV2103 thru MV2105 
MV2107 thru MV2109 
MV2111 

MV2113 thru NIV2115* 

CASE 318-07, STYLE 8 
SOT-23 (TO-236AB) , 

3 0 1|4 O 1 

Cathode Anode 

CASE 182-02, STYLE 1 
(TO-226AC) 



Cathode Anode 

6.8-100 pF 
30 VOLTS 
VOLTAGE-VARIABLE 
CAPACITANCE DIODES 



★MMBV2101LT1, MMBV210SLT1, 
MMBV2108LT1, MV2101, MV2104, 
MV2108, MV2109, MV2111, MV2113 
and MV2115 in Motorola 
designated preferred device*. 




ELECTRICAL CHARACTERISTICS (Ta “ 25’C unless otherwise noted) 



Characteristic 


Symbol 


Min 


t»p 


Max 


Unit 


Reverse Breakdown Voltage 
Or — 10 ftAdc) 


V(BR)R 


30 


— 


— 


Vdc 


Reverse Voltage Leakage Current 
(Vr = 25 Vdc. T A = 25’C) 


'R 


— 


— 


0.1 


jiAdc 


Diode Capacitance Temperature Coefficient 
(Vr = 4.0 Vdc, f = t.O MHz) 


TC C 


— 


280 


— 


ppm/X 



Motorola Small-Signal Transistors, FETs and Diodes Device Data 



5-95 



FIGURE 7.43a 
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MMBV2101LT1 MMBV21 03LT1 thru MMBV2105LT1 MMBV2107LT1 thru MMBV2109LT1 
MV2101 MV2103 thru MV2105 MV2107 thru MV2109 MV2111 MV2113 thru MV2115 







Cj, Diode Capacitance 
Vr = 4.0 Vdc, 1 = 1.0 MHz 
PF 


Q, Figure of Merit 
Vr = 4.0 Vdc, 
f a 50 MHz 


TR, Tuning Ratio 
f = 1.0 MHz 


Device 


Min 


Nom 


Max 


Typ 


Min 


Typ 


I M« 1 


MMBV21 01LT1/MV2101 


6.1 




7.5 




§KH§ 






MMBV2103LT1/MV2103 


9.0 




11 




IBBl 






MMBV2104LT1/MV2104 


10.8 




13.2 










MMBV2105LT1/MV2105 


13.5 




16.5 






Bl! 




MMBV21 07LT1 /MV21 07 


19.8 


22 


24.2 


350 


2.5 


mfm 




MMBV2 1 08LT1 /MV21 08 


24.3 


27 


29.7 


300 


2.5 






MMBV2109LT1/MV2109 


29.7 


33 


36.3 


200 


2.5 




mmm 


MV2111 


42.3 


47 


51.7 


150 


2.5 


3.0 


3.2 


MV2113 


61.2 


68 


74.8 


150 


2.6 


3.0 


3.3 


MV2114 


73.8 


82 


90.2 


100 


2.6 


3.0 


3.3 


MV2115 


90 


100 


110 


100 


2.6 


3.0 


3.3 



MMBV2101LT1, MMBV2103LT1 thru MMBV2105LT1 and MMBV2107LT1 thru MMBV2109LT1 are also available In bulk. Use the device title 
and drop the *T1" suffix when ordering any of these devices in bulk. 



PARAMETER TEST METHODS 



1. Cy. diode CAPACITANCE 

(Cj = Cc + Cj), Cf is measured at 1.0 MHz using a 
capacitance bridge (Boonton Electronics Model 7BA 
or equivalent). 

2. TR, TUNING RATIO 

TR is the ratio of Cy measured at 2.0 Vdc divided by 
Cj measured at 30 Vdc. 

3. Q. FIGURE OF MERIT 

Q is calculated by taking the G and C readings of an 
admittance bridge at the specified frequency and sub- 
stituting in the following equations: 



(Boonton Electronics Model 33AS8). Use Lead Length 
* 1/16' 



4. TCq, DIODE CAPACITANCE TEMPERATURE 
COEFFICIENT 

TCc is guaranteed by comparing Cj at Vr = 4.0 Vdc, 
f = 1.0 MHz, Ta = -65°C with C T at V R = 4.0 Vdc, f 
= 1.0 MHz, Ta = +85 < ’C in the following equation 
which defines TCc: 

Cy( + 85°C) - Cjl - 65°C) ^ 10 6 

C 85 + 65 ’ Cr(25°C) 

Accuracy limited by measurement of Cj to ± 0.1 pF. 



5-96 Motorola Small-Signal Transistors, FETs and Diodes Device Data 

FIGURE 7.43a (continued) 



i 


















0, FIGURE OF MERIT N0RMAU2ED DIDOE CAFACITANCE Ct. DIODE CAFACITANCf l»F) 
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MMBV2101LT1 MMBV21 03LT1 thru MM BV2 1 05LT1 MMBV21 07LT1 thru MMBV2109LT 
MV2101 MV2103 thru MV2105 MV2107 thru MV2109 MV21 11 MV2113 thru MV211 



TYPICAL DEVICE PERFORMANCE 



FIGURE 1 — DtOOE CAPACITANCE vsrvin REVERSE VOLTAGE 




Motorola S mall- Signal Transistors, FETs and Diodes Device Data 



FIGURE 7.43b 
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■ 7.7 

FIELD-EFFECT TRANSISTOR OSCILLATORS 

FETs are used extensively in oscillator circuits because FETs have several inherent 
advantages over bipolar transistors. Their high input impedance permits operation 
at lower current levels with less power dissipation, and hence the thermal problems 
introduced by the power dissipation are reduced. Also, when it is operated in the 
square-law region, the transconductance of the device is not a function of signal 
level. Figure 7.44 illustrates (with the biasing circuitry removed) three configura- 
tions commonly used in FET oscillators. Figure 7.44a contains a Colpitts oscillator, 
and Fig. 1Mb illustrates a Hartley common-gate oscillator. The oscillator shown in 
Fig. 7.44c utilizes the phase inversion possible with a transformer to obtain a 360° 
loop phase shift ( 180° via the transformer, plus the 180° phase shift present in the 
common-source configuration). Example 7.9 will illustrate the main points of FET 
oscillator design. 






FIGURE 7.44 

(a) an FET Colpitts oscillator; ( b ) an FET Hartley oscillator; (c) an FET oscillator 
with transformer feedback. 



284 



chapter 7: Oscillators 



FET Pierce Oscillator 

Figure 7.45 illustrates a Pierce oscillator employing an FET. The equivalent circuit 
is shown in Fig. 7.46. If r d is neglected, the small-signal loop gain is 



g w v;(x Cl x C2 ) 

~j^Ci — jXc 2 + J%l + Rs 



(7.77) 



Rs+j(X L -X Cl -X C2 ) 



For the loop phase shift to be 360° , the reactances must cancel so that 



X L = X Cl + X C2 



If the phase shift is 360°, the circuit will oscillate, provided 



g m X Cl X C2 > 

Rm 



(7.78) 



In the preceding analysis r d was assumed large enough to be neglected. In the 
design X C] should be selected so that it is much less than r d . 

example 7.9. Design an FET oscillator with a transistor whose parameters are r d = 
50 k£2 and g m = 5 x 10 -3 . The frequency of oscillation is to be 16 MHz. 




FIGURE 7.45 

An FET Pierce oscillator. 
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FIGURE 7.46 

A small-signal equivalent 
circuit of the FET Pierce 
oscillator. 
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Solution . The Pierce oscillator shown in Fig. 7.45 can be used. Xc , can be about 
1 kQ; rj will then have a negligible loading effect. Also for oscillations to occur it is 
necessary that g m X c ,X C2 > R s . If R s — 15 and X C] = 1 k ft, then 



or 



*c 2 > 



gmXc] 




8m 



X C2 > 10~ 3 — 

8m 



15 

10 3 x 5 x 10- 3 



= 3 



The corresponding capacitance values are 



C 2 = 3300 pF 

and Ci = 10 pF 

This value of Ci may be so small that the transistor output capacitance has an effect. 
Therefore it is desirable to increase C\. If Ci is increased by a factor of 10, so that 
Xci = 100, then C 2 must also be increased: 



*c 2 > 



Rs 

8m X 100 




That is, C 2 must be less than 330 pF for oscillations to occur. The inductance L is found 
from X L = X c , + X C2 = 130 ft, or L = 1.3 x 10“ 6 H. 



M 7.8 

OSCILLATOR CONTROL USING DELAY LINES 

The criteria for oscillation are (1) that the magnitude of the loop gain be unity and 
(2) that the loop output signal be fed back so that it is in phase with the input at the 
frequency at which the magnitude of the gain is unity. The oscillators described up 
to this point have used an LC resonator to obtain the desired phase shift. Another 
method that can be used is to incorporate a delay line in the feedback path, as illus- 
trated in Fig. 7.47. An ideal delay line has the transfer function 

' . • H(jco) = e->“ T 

The Magnitude of this transfer function \H(jco)\ is 1 at all frequencies, and the 
phase shift 



arg H (jco) = ~coT 

is a linearly decreasing function of frequency. The phase shift can be described as 
shown in Fig. 7.48. Recent advances in acoustic surface-wave technology now make 
the design of delay lines a practical task in the frequency region above 10 MHz. 
Surface- wave delay lines can be designed to have circuit O’s between those of 
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FIGURE 7.47 

A delay-line oscillator. 




FIGURE 7.48 

Delay-line phase shift as a function of frequency. 



crystals and LC resonators. The delay line will find applications in designs where it 
is desired to have a greater frequency stability than is provided by an LC oscillator 
and greater “pullability,” or frequency deviation, than can be obtained with a crys- 
tal oscillator. With delay-line oscillators, wideband frequency modulation can be 
achieved without the use of a complex frequency-multiplier chain. 

The Q of a delay line is defined by comparing the slope of its phase shift to the 
slope of an RLC network at its resonant frequency. The slope of the phase shift of 
a parallel RLC network at its resonant frequency is [Eq. (7.49)] 



d4> = -2Q 
day 0 ) o 



The slope oflhe phase shift of a delay line d<p/dw = —T is equal to the line time 
delay. The delay line Q is defined as 



Q = 



co 0 T 

~Y~ 



The longer the delay of the line, the higher the Q of the line, and the greater will be 
the frequency stability of the line. 

Acoustic surface-wave delay lines provide a good approximation to the ideal 
delay line. 4 The magnitude and phase characteristics depend upon the fabrication 
and crystal cut. One of the best fabrication techniques has a time delay of 



T = 



N 

To 
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where N is the number of wavelengths of line length. For this line the Q is 

Q =nN 

The magnitude of the line frequency response is given by 

„ [sin(f - f')2n,f 0 f 



■ 7.9 

RELAXATION OSCILLATORS 

The relation oscillator is another type of oscillator. It consists of active devices plus 
resistors and at least a capacitor. A simplified version of a relaxation oscillator is 
shown in Fig. 7.49a. The capacitor is charged by a constant current source (whose 
direction can be switched) until the capacitor voltage reaches a level at which the 
Schmitt trigger fires and causes the current source to switch direction, such that 
the capacitor discharges at a constant rate until the capacitor voltage diminishes to 
a level which causes the Schmitt trigger to reset and to switch the current source 
direction so that the capacitor is again charging at a constant rate. The waveform on 



FIGURE 7.49 




Schmitt Trigger 



C ~~ 




288 



chapter 7: Oscillators 



the capacitor is as shown in Fig. lA9b, and the waveform of the Schmitt trigger out- 
put is a rectangular wave of period T, where T is the sum of the charging time T\ 
plus discharge time T 2 . Relaxation oscillators have several advantages over LC 
oscillators. Relaxation oscillators can be linearly controlled over a much broader 
frequency range than can LC oscillators and have a much wider tuning range. Some 
relaxation oscillators are tunable over three or four decades of frequency. They can 
be operated at a very low power level. Relaxation oscillators have always been 
thought of as low-frequency oscillators, but publications now describe relaxation 
oscillators that operate above 1 GHz. In general, these relaxation networks can be 
fully monolithic as all their components (resistors, capacitors, and transistors) are 
fully integrable. Relaxation oscillators also offer easy ways to generate two signals 
in phase quadrature relative to each other. Relaxation oscillators can be realized 
using balanced circuits, and it is possible to increase the circuit’s maximum fre- 
quency of operation by utilizing the transistor’s parasitic capacitance as part of the 
timing capacitance — in a balanced configuration. An inductor cannot be realized in 
integrated circuits, and so LC oscillators require an external capacitor. In addition, 
it is relatively easy to realize a quadrature oscillator (needed for a direct conversion 
receiver), using relaxation oscillators. The main drawback to the relaxation oscilla- 
tor is excessive phase noise, and this phase noise is the reason why relaxation oscil- 
lators are not more widely used. A very attractive feature of relaxation oscillators is 
that they can be realized in integrated-circuit form. 



m 7.io 

INTEGRATED-CIRCUIT OSCILLATORS 



Oscillators can also be realized using integrated circuits, but their performance is not 
as good as a well-designed and constructed discrete-component oscillator. Discrete- 
component oscillators can be built with a better noise performance and are capable 
of operating at higher frequencies than the IC oscillators. Many IC oscillators that 
do not use external components are of the relaxation oscillator type shown in 
Fig.7.50. This circuit contains a free-running multivibrator using transistor Q\ and 
Q 2 . Transistors (^and (> 4 function as constant current sources. The emitter resis- 
tors R e linearize the Voltage-current relationship so that the current is proportional 

to the control voltage V c . The frequency of oscillation is 

/ 



4CV 



where the voltage V is the voltage required to turn the switching transistor (£>i or 
Q 2 ) off (approximately 0.6 V) . Since 
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FIGURE 7.50 

An IC oscillator. 



the oscillating frequency is directly proportional to the control voltage. The oscilla- 
tor output can be either a square or a triangular waveform, but additional wave- 
shaping circuitry is required to obtain a sinusoidal output waveform. 

v 

examp Li 7.10. Design a 20-kHz oscillator using the configuration shown in Fig. 7.50. 
Use SPICE to simulate your design and plot the following waveforms: the capacitor 
voltage to ground, the capacitor voltage, the Qi and Q 2 collector voltages, and the Q\ 
and Q 2 collector- to-emitter voltages. Assume = 0.6 V, V+ = 9 V, Rc = 2 k£2, 
Re = 1 k£2, and C = 20 nF . In your SPICE design, you may need to add a transient in 
the supply voltage in order to trigger the oscillations. For example, 

VCC 1 0 DC 0 AC .0000001 PWL 

+0 0 

+.0000001 4.5 
+.0000002 12.0 
+.001 9.0 
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Solution. Given these circuit parameters, the Iq = 1.12 mA and the control voltage 
needs to be 1 .66 V. The schematic and required waveforms are shown in Fig. 7.51a and 
Fig. 7.51b. 



NE602 

In many communication circuits the frequency of a waveform must be modified. 
One of the most common ways to modify the frequency of a waveform is to mix it 
with a local oscillator, as shown in Fig. 7.52 a. The ideal output of this operation is 
the sum and difference of the input frequency and local oscillator frequency. Fig. 
7.52 b shows part of a basic superheterodyne receiver. This type of receiver uses 




(a) 



FIGURE 7.51 

(a) Schematic of 20-kHz relaxation oscillator; (b) voltage 
waveforms at various nodes in the circuit. 



Voltage Across Capacitor 
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FIGURE 7.51 (continued) 



2.2 ms 2.3 ms 2.4 ms 2.5 ms 2.6 ms 2.7 ms 2.8 ms 2.9 ms 

□ v(Cl) - v(C4) 

Time 
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Mixer 




V 0 (r) = (AB/2)[sin(w m + w L0 )f + sin(w m -a> L0 )f] 



(a) 




(b) 



FIGURE 7.52 

(a) Local oscillator and mixer; (b) part of superheterodyne receiver. 



several stages of mixing to down-convert the input signal to an intermediate fre- 
quency (IF) band where the information can be demodulated by the appropriate 
detector. Since frequency conversion is commonplace in communication circuits, 
special integrated circuits have been developed to include both a mixer and local 
oscillator. The Phillips (Signetics) NE602 shown in the data sheets of Fig. 7.54 is an 
example of such an/C. 

The NET602 includes a Gilbert cell multiplier (see Chapter 12) which acts as a 
double-balanced mixer. This type of mixer isolates the output sum and difference 
frequencies from the two input frequencies, thereby eliminating the need to tune out 
the local oscillator signal. The input and output resistance are 1.5 kft and the oscil- 
lator will operate up to 200 MHz and the mixer up to 500 MHz. Notice from Fig- 
ure 4 of the NE602 data sheet that the oscillator requires an external tuning network 
to set the frequency of oscillations. 

example 7 . 11 . Design a local oscillator tuned network to drive the NE602 oscilla- 
tor input in order to convert an input signal with frequency range from 87.5 MHz to 
108.0 MHz to a 10.7 MHz intermediate frequency. Ignore the image frequency in your 
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design. Use the varactor data sheets in Fig. 7.43 and if a crystal is required, use the data 
from Table 7.1. 

Solution. In order to convert the input waveform from 87.5 MHz to 10.7 MHz the local 
oscillator would need to be 76.8 MHz (low-side injection) or 98.2 MHz (high-side 
injection). To convert the input waveform from 108.0 MHz the local oscillator would 
need to be 97.3 MHz (low-side injection) or 118.7 MHz (high-side injection). Using 
low-side injection, the frequency range of the local oscillator is given by 76.8 to 
97.3 MHz. The frequency of oscillation is given by the equation 



2-ttV / L 7 C 

Using this equation the inductance-capacitance product can be found using 




For the frequency range of 76.8 to 97.3 MHz, this value varies from 4.29E-18 to 
2.68E-18. First, choose L = 0.05 uH . This gives a value of C that varies between 86 
and 53.5 pF. The impedance looking into the NE602 oscillator (pins 6 & 7) is given 
to be a 1.5 -k£2 resistor in parallel with 3 pF of capacitance. Therefore, we need a 
capacitance that varies from 83 pF to 50.5 pF. From the varactor data sheets given 
in Fig. 7,43, the MV2109 has a capacitance of 30 pF for a 6V reverse voltage and 
capacitance of 65 pF for a 0.5-V reverse voltage. Place a 20-pF capacitance in paral- 
lel with these varactors to offset their capacitance into the tuning range and the LC 
network is complete. A Colpitts oscillator is chosen toTmplement the design as shown 
in Fig. 7.53. 




FIGURE 7.53 

The Colpitts implementation for Example 7.11 using varactor tuning. 
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Philip* Semiconductors RF Communication* Product* 



Product specification 



Double-balanced mixer and oscillator 



NE/SA602A 



DESCRIPTION 

The NE/SA602A Is a low-power VHF monolithic doubte-halanced 
mixer with Input amplifier, on-board oscillator, and voHage regulator. 
It Is intended for high performance, low power communication 
systems. The guaranteed parameters of the SA602A make this 
device particularly well suited tor cellular radio applications. The 
mixer Is a “Gilbert ceir multiplier configuration which typically 
provides 1 0dB ot gain at 45MHz. The oscillator will operate to 
200MHz. it can be configured as a crystal oscillator, a tuned tank 
oscillator, or a buffer for an external LO. For higher frequencies the 
LO input may be externally driven. The noise figure at 45MHz is 
typically less than 508. The gain. Intercept performance, low-power 
and noise characteristics make the NE/SA602A a superior choice 
for high-performance battery operated equipment. It is available In 
an 8-lead dual in-line plastic package and an 8-lead SO 
(surface-mount miniature package). 

FEATURES 

• Low current consumption: 2.4mA typical 

• Excellent noise figure: <4.7dB typical at 45MHz 

• High operating frequency 

• Excellent gain, Intercept and sensitivity 

• Low external parts count; suitable for crystal/ceramic filters 

• SA602A meets cellular radio specifications 




APPLICATIONS 

• Cellular radio mixer/oedilator 

• Portable radio 

• VHF transceivers 

• RF data links 

• HF/VHF frequency conversion 

• Instrumentation frequency conversion 

• Broadband LANs 



ORDERING INFORMATION 



DESCRIPTION 


TEMPERATURE RANGE 


ORDER CODE 


DWG# 


8-Pin Plastic Dual In-Une Plastic (DIP) 


0 to +70°C 


NE602AN 


0404B 


8-Pln Plastic Small Outline (SO) package (Surface-mount) 


0 to +70°C 


NE602AD 


0174C 


8-Pin Ceramic Dual In-Une Package (Cerdip) 


0 to +70“C 


NE602AFE 


0580A 


8-Pin Plastic Dual In-Line Plastic (DIP) 


-40 to +85*0 


SA602AN 


0404B 


8-Pin Plastic Small Outline (SO) package (Surface-mount) 


~40to+85°C 


SA602AD 


0174C 


8- Pin Ceramic Dual In-Une Package (Cerdip) 


-40to+85°C 




058QA 



ABSOLUTE MAXIMUM RATINGS 



SYMBOL 


PARAMETER 


RATING 


UNITS 


Vcc 


Maximum operating voltage 


9 


V 


Tstg 


Storage temperature range 


-6510+150 


“C 


T a 


Operating ambient temperature range NE602A 


0to+70 


"C 




SA602A 


-40 to +85 


-c 


Oja 


Thermal impedance D package 


90 


“C/W 




N package 


75 


“C/W 



(a) 



April 17, 1990 



853-1424 99374 



FIGURE 7.54 
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Philips Semiconductors RF Communications Products Product specification 

Double-balanced mixer and oscillator NE/SA602A 



BLOCK DIAGRAM 




AC/DC ELECTRICAL CHARACTERISTICS 

Vqc ■ +6V, T* = 25°C; unless otherwise stated. 



SYMBOL 


PARAMETER 


TEST CONDITIONS 


LIMITS 


UNITS 


NE/SA602A 


KQSH 


TYP 


E29 


Vcc 


Power supply voltage range 








BB 


V 




DC current drain 






2.4 


2.8 


ion 


KH 


Input signal frequency 






500 






HS9H 


Oscillator frequency 






200 




m3 




Noise figure at 45MHz 






5.0 


S.S 






Third-order intercept point 


RF| N - -45dBm: f, - 45.0MHz 
fe = 45.06MHz 




-13 


-15 


dBm 




Conversion gain at 45MHz 




14 


17 




dB 


H2SIH 


RF input resistance 




1.5 






13 


jHfl 


RF input capacitance 






3 


3.5 


ui 


. 


Mixer output resistance 


(Pin 4 or 5) 




1.5 







DESCRIPTION OF OPERATION 

The NE/SA602A is a Gilbert ceil, an osdllatoribuffer, and a 
temperature compensated bias network as shown in the equivalent 
circuit. The Gilbert cell Is a differentia) amplifier (Pins 1 and 2) which 
drives a balanced switching cal The differential Input stage 
provides gain and determines the noise figure and signal handling 
performance of the system. 

The NE/SA6D2A is designed for optimum low power performance. 
When ueed with the SA604 as a 4^MHz cellular radio second IF and 
demodulator, the SA6G2A is capable#! receiving -11 9dBm signals 
with a 12dB S/N ratio.' Third-order Intercept is typicafiy -13dBm (that 
Is approximately +5dBm output intercept because of the RF gain). 
The system^iesigner must be cognizant of this large signal 
limitation When designing LANs or other closed systems where 
transmission levels are high, and small-signal or signal-to-noise 
Issues are not critical, the input to the NE602A should be 
appropriately scaled. 

Besides excelent low power performance well Into VHF, the 
NE/SA602A Is designed to be flexible. The input, RF mixer output 



and oscillator ports can support a variety of configurations provided 
the designer understands certain constraints, which will be 
explained here. 

The RF inputs (Pins 1 and 2) are biased internally. They are 
symmetrical. The equivalent AC Input impedance is approximately 
1 ,5k II 3pF through 50MHz. Pins 1 and 2 can be used 
Interchangeably, but they should not be DC biased externally. 

Figure 3 shows three typical input configurations. 

The mixer outputs (Pins 4 and 5) are also Internally biased. Each 
output Is connected to the Internal positive supply by a 1 5kn 
resistor. This permits direct output teiminailon yet allows for 
balanced output as well. Figure 4 shows three single ended output 
configurations and a balanced output. 

The oscillator is capable of sustaining oscillation beyond 200MHz in 
crystal or tuned tank configurations, The upper limit of operation is 
determined by tank 'O' and required drive levels. The higher the 
*Q' of the tank or the smaller the required drive, the higher the 
permissible oscillation frequency. If the required LO Is beyond 



April 17, 1990 



(*) 



FIGURE 7.54 (continued) 
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Philips Semiconductors RF Communications Products 



Product specification 



Double-balanced mixer and oscillator 



NE/SA602A 



oscillation limits, or the system calls for an external LO, the external 
signal can be injected at Pin 6 through a DC blocking capacitor. 
External LO should be at least 20CrnV P _p. 

Figure 5 shows several proven oscillator circuits. Rgure 5a is 
appropriate for cellular radio. As shown, an overtone mode of 
operation Is utilized. Capacitor C3 and inductor Li suppress 
oscillation at the crystal fundamental frequency. In the fundamental 
mode, the suppression network Is omitted. 

Rgure 6 shows a Colpitis varactor tuned tank oscillator suitable for 
synlhesizer-controled applications. It Is important to butter the 
output of this circuit to assure that switching spikes from the first 
counter or prescaler do not end up In the oscillator spectrum. The 



dual-gate MOSFET provides optimum isolation with low current 
The FET offers good Isolation, simplicity, and low current, whHe the 
bipolar transistors provide the simple solution for non-critical 
applications. The resistive divider In the emitter-follower circuit 
should be chosen to provide the minimum Input signal which win 
assure correct system operation. 

When operated above 100MHz, the oscillator may not start If the Q 
of the tank is too low. A 22kQ resistor from Pin 7 to ground will 
increase the DC bias current of the oscillator transistor. This 
Improves the AC operating characteristic of the transistor and 
should help the oscillator to start. A 22kfi resistor will not upset the 
other DC biasing Internal to the device, but smaller resistance 
values should be avoided. 




(C) 




April 17, 1990 



FIGURE 7.54 (continued) 
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M . 7.11 

PROBLEMS 

7.1 The circuit of Fig. P7.1 represents the small-signal equivalent circuit of a two-stage 
amplifier with feedback from output to input. Determine the value of L required for the 
circuit to oscillate at 10 MHz. What is the minimum value of g m required for the circuit 
to oscillate at this frequency? 




FIGURE P7.1 

A second-order feedback circuit. 



7.2 Show that if one or more of Z \ , Z 2 , and Z 3 of Eq. (7.18) are positive real resistors, then 
there are no conditions for which the circuit will oscillate. 

7.3 Determine the value of inductance L and the turns ratio N 1 /N 2 so that the circuit illus- 
trated in Fig. P7.3 will oscillate at 5 MHz. The loop^gain should initially be approxi- 
mately equal to 3. Assume the transistor input impedance is sufficiently large so that it 
does not load down the autotransformer. (The transistor = 100.) 



■AAAr 

360 kO 



1000 pF 




FIGURE P7.3 

A Hartley oscillator. 



7.4 The FET in the circuit of Fig. P7.4 is biased so that g m — 5 mS. Determine capacitors 
C\ and C 2 so that the circuit will oscillate at 10 MHz. The open-loop gain should be 
at least 2.5 to ensure that oscillations begin. The unloaded inductor Q u = 100. 
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FIGURE P7.4 

A common-gate Colpitts oscillator. 



73 The FET in the circuit illustrated in Fig. P7.5 is biased so thatg m — 5 mS. Determine the 
inductance L and N\/N 2 so that the circuit will oscillate at 10 MHz. 




FIGURE P7.5 
A common-gate Hartley 
oscillator. 



7.6 Design a Colpitts 3.5-MHz oscillator using a 1.5- ^H coil with a Q u of 150. The load 
resistance is 4k£2, and the transistor has a minimum fi of 100. The supply voltage is 
12 V. Specify the complete circuit, including bias resistors. 

7.7 Repeat the oscillator design of Prob. 7.6, using an FET with a g m of 6 x 10 -3 S. 

7.8 Design a 20-MHz oscillator using a 2N3904 transistor (/} mm = 100) and a 12-V sup- 
ply. Specify the complete circuit, including bias resistors. Assume all inductors have 
Qu = 100 . 

7.9 If a capacitor is added in series with a crystal, does the antiresonant frequency of the 
composite circuit change? 

7.10 Design a 15 -MHz crystal-controlled oscillator using a crystal that is antiresonant at 
15 MHz, provided a 32-pF load is connected across it. 

7.11 A crystal has C a = 3 pF, Ci = 0.01 pF, L\ =0.1 H, and r — 15 £2. Calculate the 
series and parallel resonant frequencies of the crystal. How much capacitance must be 
added to change the antiresonant frequency by 0.01 percent? How much capacitance 
must be added to change the series resonant frequency by 0.01 percent? 
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7.12 Calculate the output impedance of the common-base amplifier shown in Fig. P7.12. 
Under what conditions will this circuit oscillate when the inductor with a finite Q u is 
connected across it. 






FIGURE P7.12 
A common-base oscillator. 



7.13 Derive an expression for the loop gain of the grounded-base crystal oscillator illustrat- 
ed in Fig. P7.13. Show that the loop gain is always less than 1. 




FIGURE P7.13 

A common-base crystal oscillator. 



7.14 Figure P7.14 illustrates an FET Pierce oscillator. Assume the 10-MHz crystal of 
Table 7.1 is antiresonant at 10 MHz if the external load capacitance is 32 pF. Select Ci 
and C 2 and determine the minimum g m for this circuit to oscillate at 10 MHz. The 
transistor input impedance is lOMft shunted by 3 pF, and the transistor output 
impedance is 15 kf2 . 




7.15 Design a series resonant 40-MHz crystal oscillator. The supply voltage is 20 V. Show 
all component values, including the bias network. All inductors have a Q u = 100. 

7.16 The circuit shown in Fig. P7. 16 is frequently used as a tuned-input, tuned-output ampli- 
fier. Show that the collector-to-base capacitance C y can cause the circuit to oscillate. 




FIGURE P7.16 

A tuned-input, tuned-output amplifier with capacitive 
feedback. 



* 

7.17 The 45-MHz third-overtone crystal described in Table 7.1 is used in a series-mode 
oscillator. An inductor with a Q of 100 is placed across the crystal to resonate out C a 
at 45 MHz. Estimate the resulting Q of the combination at 45 MHz. 

7.18 Derive an expression for the change in the series resonant frequency if an inductor is 
added in series with a crystal. 
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7.19 Derive an expression for the change in the antiresonant frequency if an inductor is 
added in parallel with a crystal. 

7.20 Given a crystal that is antiresonant at 10 MHz with a 32-pF load and that has r* = 60 ft 
plus an NPN transistor with a minimum 0 of 100 and a 12-V supply, design a 10-MHz 
oscillator. Show all circuit details, including the bias network. Any additional compo- 
nents used can be assumed to be ideal. 

7.21 The circuit shown in Fig. P7.21 uses a time-delay network in the feedback path. What 
value of x will be required for the circuit to oscillate at 10 MHz? 




FIGURE P7.21 

Delay-line oscillator. 



7.22 The FET of the 20-MHz circuit illustrated in Fig. P7.22 is biased so that g m = 4 mS. 
If Cj and C 2 are each 64 pF, what is the maximum value of crystal resistance r\ for 
which the circuit will oscillate? Show how you woultTmodify the circuit so that you 
can use a 20-MHz series-mode crystal with one terminal connected to the transistor 
gate. 




FIGURE P7.22 

An FET crystal oscillator. 



7.23 Select values for Ci and C 2 that will enable the circuit shown in Fig. P7.23 to oscil- 
late at 40 MHz. The inductor Q u = 100. What will be the minimum g m of the transis- 
tor necessary for the circuit to oscillate with the selected capacitance values? 
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FIGURE P7.23 
A grounded-gate oscillator. 



7.24 Consider the series-mode oscillator circuit of Fig. P7.24. It uses the 45-MHz crystal 
described in Table 7.1. 

(a) What value of capacitance must be added to increase the oscillating frequency by 
0.01 percent? 

(b) Where should the capacitor be added? 

(c) What value of L is required? Assume the inductor Q is infinite. 




FIGURE P7.24 

A grounded-base oscillator. 



7.25 Figure P7.25 illustrates an FET VCO with a buffered output stage. Explain the opera- 
tion of the circuit, including the purpose of each transistor, and estimate the turns ratio 
N\ /Ni required for an open-loop gain of 3. 

7.26 Design a 9.5-MHz crystal oscillator using a crystal specified in Table 7. 1 (the required 
crystal load is 32 pF). Use an NPN transistor (minimum beta of 100), and show the 
complete circuit, including biasing. Estimate the Q of the resulting circuit. Describe 
how and by how much the oscillating frequency could be changed. 
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FIGURE P7.25 
A voltage-controlled oscillator. 



*7.27 Design and evaluate a 10-MHz Colpitts oscillator (common -col lector). The tran- 
sistor model is: MODEL MODI NPN BF = 100, VAF = 50, IS = 
I E- 12, TF — .6 NS, TR — 60 NS, CJE = 5 -pF, CJC = 5 pF, MJC = 0.5, 
MJE — 0.3333, VJC — 0.75, VJE = 0.75. Use a single 9-V supply; the unloaded 
Q of any of the inductors is 100. What is the minimum value of unloaded Q for 
which the circuit will oscillate? Does this agree with the simulation results? (The 
transconductance should be kept fixed.) 

*7.28 (a) Simulate the 5.7-MHz crystal whose parameters are given in Table 7.1. Add a 

trimmer capacitance, if necessary, to move the antiresonant frequency as close 
to 5.7 MHz as possible. 

{b) Design a 5.7-MHz Pierce oscillator using the crystal of part a. Use a single 9- 
V supply and a bipolar junction transistor with a f5 of 100. 
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Phase-Locked Loops 



■ 8.1 

INTRODUCTION 

A phase-locked loop ( PLL ) is a feedback system in which the feedback signal is 
used to lock the output frequency and phase to the frequency and phase of an input 
signal. The input waveform can be of many different types, including sinusoidal or 
digital. The first known application of the phase-locked technique was in 1932 for 
the synchronous detection of radio signals. 1,2 These early applications were all con- 
cerned with the detection of a transmitted signal. 

Starting in the 1960s, the NASA satellite programs used the phase-locked tech- 
nique to determine the frequency of the signals transmitted by satellites. Although 
the transmission was designed to take place at 108 MHz, oscillator drift and 
Doppler shift resulted in an uncertainty of several kilohertz in the received signal. 
The transmitted signal was of very narrow bandwidth, but because of the frequency 
drifts it was necessary that the receiver bandwidth be much wider, with a resultant 
increase in noise power. (It was demonstrated in Chap. 3 that the receiver noise 
power is propotional to the bandwidth.) However, the satellite communication sys- 
tem was improved by using a phase-locked loop to lock onto the transmitted fre- 
quency, and thus permit a much narrower receiver bandwidth with much less output 
noise power. : 

The phase-locked loop has been used for filtering, frequency synthesis, motor- 
speed edntrol, frequency modulation, demodulation, signal detection, and a variety 
of other applications. The realization of the phase-locked loop as a relatively inex- 
pensive integrated circuit has made it one of the most frequently used communica- 
tion circuits. Phase-locked loops can be analog or digital, but the majority are com- 
posed of both analog and digital components. Some authors apply the term Digital 
PPL to a digital phase-locked loop that contains one or more digital components. 
But since virtually all PLLs contain digital components, in this book the notation 
digital phase-locked loop ( DPLL ) will be reserved for PLLs in which all the com- 
ponents are digital. 
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FIGURE 8.1 

Block diagram of a phase-locked loop. 



Figure 8. 1 illustrates the basic architecture of the phase-locked loop. The phase 
detector generates an output signal that is a function of the difference between the 
phases of the two input signals. The detector output is filtered (and perhaps ampli- 
fied), and the dc component of the error signal is applied to the voltage-controlled 
oscillator. The signal fed back to the phase detector is the VCO output frequency 
divided by N. The VCO control voltage V c (t) forces the VCO to change frequency 
in the direction that reduces the difference between the input frequency and the 
divider output frequency. If the two frequencies are sufficiently close, the PLL feed- 
back mechanism forces the two-phase detector input frequencies to be equal, and 
the VCO is “locked” with the incoming frequency. That is, 

fr = fd 

and the divider output frequency is 




The output frequency 

fo = Nfr 

is an integral multiple of the input frequency. If a divider is not used, N equals 1. 
Once the loop is in lock, there will be a small phase difference between the two 
phase detector input signals. This phase difference results in a dc voltage at the 
phase detectpr output which is required to shift the VCO from its free-running fre- 
quency and keep the loop in lock. (This is not true for type II PLLs, which are 
described in the next chapter.) 

The self-correcting ability of the PLL allows it to track frequency changes in 
the input signal once it is locked. The range of frequencies over which the PLL can 
remain locked to an input signal is known as its lock range. The capture range is the 
range of frequencies over which the loop can acquire lock, and this range is less 
than the lock range. 

Since the PLL output frequency is an integral multiple of the reference fre- 
quency, it can be changed simply by changing the divide ratio N. Integrated circuit- 
ry has made the digital programmable divider an inexpensive circuit component. 
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This provides a means of easily generating multiple frequencies from a single input 
frequency. Frequency synthesis is a major application of PLLs, and an entire chap- 
ter is devoted to it in this text. Before examining various applications of the phase- 
locked loop, we will first develop a mathematical model for the system and exam- 
ine the characteristics of the various types of phase detectors. 



■ 8.2 

LINEAR MODEL OF THE PHASE-LOCKED LOOP 



Although the PLL is nonlinear because the phase detector is nonlinear, it can be accu- 
rately modeled as a linear device when the phase difference between the phase detec- 
tor input signals is small. For the linear analysis, it is assumed that the phase detector 
output is a voltage which is a linear function of the difference in phase between its 
inputs; that is, 

V a = K d (9r ~ 0 d ) (8.1) 

where d r and 0 d are the phases of the input and feedback signals, respectively, and 
K d is the phase detector gain factor and has units of volts per radian. The character- 
istics of several types of phase detectors are discussed in detail later in the chapter. It 
will also be assumed that the VCO can be modeled as a linear device whose output 
frequency deviates from its free-running frequency by an increment of frequency 

A (o = K 0 V c _ (8.2) 

where V c is the VCO input voltage and K 0 is the VCO gain factor, in units of radi- 
ans per second per volt. The output frequency is 

0 ) o — (o c -f- A&> = (o c -f- K a V c 

where a> c is the free-running frequency of the VCO. Since frequency is the time 
derivative of phase, the VCO operation can be described as 

dd 0 

Aa>=-1 = K 0 V C (8.3) 

dt‘ 

The output of the frequency divider f d is the divider input frequency divided by N. 
That is, ' 




or, since phase is the time integral of frequency, 



e d = 



Bo 

N 



For the PLL model, the divide-by-TV circuit can be replaced by a frequency- 
independent scalar equal to l/N. With these assumptions, the PLL can be repre- 
sented by the linear model shown in Fig. 8.2, where F(s) is the transfer function of 
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FIGURE 8.2 

A small-signal linear model of a phase-locked loop. 

the low-pass filter. The linear transfer function relating the output phase 0 o O) and 
the input phase 0 r (s) is 

SM ^ K d K 0 F{s)/s = GQ) 

0 r (s) 1 + K d K 0 F(s)/(Ns) 1 + G(s)/N ( ‘ } 

The same transfer function relates the input and output frequencies f r (s) and f 0 (s). 
If no low-pass filter is used, the transfer function is 

Oo _ K d K 0 NK V 

0 r s + K d K 0 /N s + K v 

which is equivalent to the transfer function of a simple low-pass filter with a dc gain 
of N and a bandwidth equal to K v , where 

„ KdK 0 

A ti “ 

N 



is defined to simplify the notation. 

This PLL is referred to as a first-order loop since it can be described by a first- 
order differential equation and is also of type I. 

With the mathematical model in use here, the phase-locked loop appears to be 
a low-pass filter, but the output phase and frequency represent deviations from the 
free-running frequency (o c . The PLL is actually a bandpass filter centered at the fre- 
quency of the input waveform. The phase detector output is a low-frequency signal 
that is filtered by a lo<V r pass filter. It is much easier to build narrow-bandwidth, low- 
pass filters than thd high-£> filters that would otherwise be required. This is one of 
the principal advantages of the PLL. 

example s.i. A frequency synthesizer uses a PLL to synthesize a 1-MHz signal from 

a 25 -kHz reference frequency. To realize an output frequency of 1 MHz, a division of 



N = 



10 6 

25 x 10 3 



= 40 



must be included in the feedback path. If no filtering is included, the closed-loop trans- 
fer function will be 



» K d K 0 /s _ K d K 0 

r 1 + K d K 0 f{sN) s + K d K 0 /N 



0 , 
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A typical value for K d is 2 V/rad, and a typical value for the VCO gain factor K 0 (for a 
1-MHz VCO) is 100 Hz/V. With these values the closed-loop transfer function is 

0o = (2 x 100)2 jt 

0 r ~ s + (2 x 100 x 2?r)/40 
The synthesizer bandwidth will be (2 x 100) /40, or 5 Hz. 

Normally the loop will also contain a filter to filter out undesirable components 
from the phase detector and to provide further control over the loop’s frequency 
response. If F(s ) is a simple low-pass filter, then 

f(s) = (i +1 ) ' 

and the closed-loop transfer function is 



floCO _ NK V N 





0 r (s) s(s/w L + 1) + K v {s 2 /(o 2 ) + (2 $/(o„)s + 1 


(8.5) 


where 


K d K c 
K - = N 


(8.6) 




(0 n = K v o) l 


(8.7) 




2 £ = — = y /2 

K v \Kj 


(8.8) 



Equation (8.5) is the general form of the second-order low-pass transfer func- 
tion. It occurs so frequently in PLL analysis that its characteristics are described in 
detail here. The magnitude of the steady-state frequency response is 



\ G r I [(1 - 0) 2 i(0l) 2 + ( 2S(o/(O n ) 2 ]!/2 

and the phase shift is 



arg ~ (jco) = —tan -1 

t? r 



2 

0) n (l - (D 2 /(jl>1) 



( 8 . 10 ) 



The magnitude of die frequency response [Eq. (8.9)] of this second-order transfer 
function is plotted in Pig. 8.3 for selected values of £. For £ = 0.707, the transfer 
function becomes the second-order “maximally flat” Butterworth response. For val- 
ues of £ < 0.707, the gain exhibits peaking in the frequency domain. The maximum 
value of the frequency response M p as a function of the damping ratio can be found 
by setting the derivative of Eq. (8.9)— with respect to frequency— equal to zero. 
Then M p is found to be 



M p = 



N 



2<(1 - £ 2 ) 1/2 



and the frequency o) p at which the maximum occurs is 



( 8 . 11 ) 
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FIGURE 8.3 

Magnitude of a second-order PLL as a function of frequency for selected damping ratios. 



The 3-dB bandwidth co h can be derived by solving for the frequency co n at which the 
value of Eq. (8.9) is equal to 0.707 for the dc gain (0.707 JV). And &>/, is found to be 
(provided £ < 1) 

«,, = a>„[l - 2< 2 + (2 - 4C 2 + 4f 4 ) 1/2 ] l/2 (8.13) 

The time it takes for the output to rise from 10 to 90 percent of its final value is 
called the rise time t r . Rise time is approximately related to the system bandwidth 
by the relation 

t r = — (8.14) 

• 1 a>h 

which is exact for first-order systems. 

Normally the designer would like to have the bandwidth narrow for maximum 
filtering and have the rise time as short as possible so that the loop can follow 
changes in the input waveform. Equation (8.14) shows that this is not possible; 
rather, the designer must make a tradeoff between the system speed of response and 
system bandwidth. 

example 8.2. Example 8.1 described a frequency synthesizer with K v = 107T rad/s. 

The closed-loop bandwidth is 10zr rad/s. What value of low-pass filter should be used 

so that the closed-loop system approximates a second-order Butterworth filter? 
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Solution . For a Butterworth filter the damping ratio f = 0.707. From Eq. (8.8) 




so the required low-pass filter bandwidth is 

a>i = 207r rad/s 

The bandwidth of the closed-loop system is [from Eq. (8.13)] 

C Oh = (f = 0.707) 

= ( K v coi ) l/ 2 = 14.14 jt rad/s 

The corresponding system rise time is estimated to be [Eq. (8.14)] 

2 2 

t r = — = 49.4 x 1(T 3 s 

(O n 

The system characteristics can be changed by changing the loop gain or the fil- 
ter bandwidth or by adding a higher-order filter. A detailed analysis of phase-locked 
loops is provided in the next chapter. 

■ 8.3 

PHASE DETECTORS (PDs) 

PLL performance characteristics vary depending upon the type of phase detector 
used. The three most frequently used forms of phase detector are the digital detec- 
tor in which the output signal is restricted to two or three possible levels, the analog 
mixer or multiplier, and the sampling phase detector. These three types of phase 
detectors will now be described. 



Digital Phase Detectors 

Logic circuits now serve as the most frequently used phase detectors because they 
are readily available as small, inexpensive integrated circuits. The output of logic 
circuit PDs is a constant-amplitude pulse whose width is proportional to the phase 
difference between the two input signals (which can be either analog or digital). 

r 

Exclusive-OR Phase Detectors 

The exclusive-OR circuit shown in Fig. 8.4 often serves as one of the simplest types 
of PDs. The output of the exclusive-OR circuit is high if, and only if, one of the two 
input signals is high. In digital PDs, phase error is defined as 

& = y 2jt 



(8.15) 
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FIGURE 8.4 

An exclusive-OR phase detector. 



where T is the period of the input signals and r is the time difference between the 
leading edges of the two signals. (If the two inputs are not of the same frequency, 
phase error is ambiguous.) The average value of the exclusive-OR gate output as 
a function of phase error is plotted in Fig. 8.5. It is assumed that both input signals 
have a 50 percent duty cycle. The output is a maximum (the gate output is high at 
all times) when the two signals are 180° out of phase. There are two values of 
phase error for each value of output voltage, but one value will correspond to a 
negative loop gain and the other value to a positive loop gain. For a positive value 
of loop gain, the closed-loop system is unstable, and the error will adjust itself to 
the phase error corresponding to a negative-feedback loop. One disadvantage of 
the exclusive-OR phase detector is that the output depends on the duty cycle of the 
input waveforms. 



Flip-Flop Detectors 

The simple set-reset flip-flop illustrated in Fig. 8.6 can also be used as a phase detec- 
tor. The signals, f A and f B consisting of narrow pulses, are connected to the set and 
reset inputs. The average value of the Q output will be proportional to the phase dif- 
ference between the two signals. The average-voltage-versus-phase transfer charac- 
teristic will be as shown in Fig. 8.7. This flip-flop phase detector has an advantage 
over the exclusive-OR circuit in that the detector has twice the phase range (0 to 
2n). That is, the output is V V only when the phase error reaches 2x rad. A disad- 
vantage of this phase detector is that the output requires more filtering than the 




Phase error <t> ( 



FIGURE 8.5 

Average voltage output as a 
function of phase error for 
the exclusive-OR phase 
detector. 
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FIGURE 8.6 

An RS flip-flop used as a phase detector. 
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FIGURE 8.7 

Average voltage output as a function 
of phase error for the RS flip-flop 
phase detector. 
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FIGURE 8.8 

Exclusive-OR and RS flip-flop 
phase detector outputs in 
response to the detector inputs 
f a and f B . 



Exclusive -or 
output 



Flip-flop 

output 



rinjuuuuuL_ 
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exclusive-OR phase detector output. Consider the timing diagram of Fig. 8.8. (It is 
assumed here that some means was used to convert the input signals A and B to dig- 
ital pulses.) The exclusive-OR circuit output is at twice the frequency of the input 
signals, whereas the flip-flop output frequency is the same as the input frequency. 
This implies that the first ac component of the exclusive-OR output is twice as fast 
as that of the flip-flop output, and therefore the low-pass filter requirements will be 
less stringent if an exclusive-OR phase detector is used. The RS flip-flop works best 
with low duty-cycle input waveforms. The output will have a flat spot of width cor- 
responding to the width of the input waveform, which will have a negative effect on 
PLL performance. 

example 8.3. A flip-flop with a 0-V output is used as a phase detector, and the refer- 
ence frequency is f r . What will be the amplitude and frequency of noise components 
generated in the phase detector when the loop is in frequency lock? 

Solution. .When the loop is in lock, the phase detector output 0 t (/) will be a rectangu- 
lar pulse train, as shown in Fig. 8.9. The error signal is 

OO 

0<(t) = J2 P^~ nT ) 

n — 0 

where pit) = V 0 < t < r 

=0 T >t > x 

and T = /“» 

and r is the time delay between the reference pulse and the divider output. If the time 
origin is shifted by r/2 (which does not alter the amplitude of the harmonics), 9 e (t) can 
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FIGURE 8.9 

Output of an RS flip-flop phase 
detector to input signals /a and /«. 



be expanded in a Fourier series as 



where 



and 



0 € (t) = ^ C„ cos ri(o r t 

n — 0 

^ 2 V sin(n<i) r r/2) 

T na> r 



Each C„ is a maximum when sin(na> r r/2) = 1. That is, 

no) r x 7t 



which can be written as 



_ _2ji_ _ T_ 

2 n(o T In 

The amplitude of the component at the reference frequency (n = 1) will have a maxi- 
mum value of 




V 
7 r 



when the two input signals are 180° out of phase. The maximum amplitudes of the other 
harmonics will occur at different time delays between the two input signals; the maxi- 
mum amplitude of the nth harmonic is 



(C„) 



max 



V 7 

H7t 



c, 

n 



Dual-D Flip-Flops 

The phase-voltage characteristics of the preceding set-reset flip-flop are sensitive to 
the width of the input signals. If they are of finite width, nonlinearities will occur in 
the characteristics. The dual-D flip-flop shown in Fig 8.10 is less sensitive to the 
duty cycle of the waveforms. The D flip-flops go high on the leading edge of the 
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FIGURE 8.10 

A dual-D flip-flop phase detector, including a low-pass filter. 



input waveform and remain high until they are reset. The reset signal occurs when 
both inputs are high. When both signals are in phase and of the same frequency, 
both outputs will remain low and no pump signals will be applied to the low-pass 
filter. When the two signal frequencies are the same, but not necessarily in phase, 
the dc output voltage transfer characteristic will be the same as shown in Fig. 8.7 for 
the RS flip-flop. If the two signal frequencies are not the same, the output voltage 
will depend on both the relative frequency and phase differences. The timing dia- 
gram of Fig. 8.11 illustrates the case in which f 2 = 2f x . In Fig. 8.11a, the leading 
edge of /] occurs just after that of f 2 , so Q 2 (which goes high when f 2 goes high 
and then resets when /i goes high) is high 50 percent of the time, and the average 
value of the PD output is 0.5 V. In Fig. 8.11b, the leading edge of f\ occurs just 




/i 





FIGURE 8.11 

(a) Dual-D flip-flop phase- 
detector output (Q 2 ) when f\ 
lags h\ (b) dual-D flip-flop 
phase detector output (Q 2 ) when 
fi lags /, . 
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FIGURE 8.12 
Average dual-D flip-flop 
output as a function of 
input frequency difference. 



before that of / 2 , so Q 2 is high almost all the time, and the average output voltage 
is approximately V. The output voltage averaged over all the phase differences is 
then 0.75 V for / 2 = 2/i . In general, it can be deduced that the average output (aver- 
aged over all phase differences) is given by 

v --( , -A) v 

provided f 2 is greater than f \ . This expression is plotted in Fig. 8.12. 



Phase-Frequency Detectors 

The exclusive-OR and flip-flop phase detectors, although simple, have several lim- 
itations. One limitation is that the output requires substantial filtering to extract the 
dc value. Also, the loop can be slow to respond if the two input signals are not of the 
same frequency. The phase-frequency, or three-state, phase detector is designed to 
reduce these limitations. The phase-frequency detector acts as a phase detector dur- 
ing lock and provides a frequency-sensitive signal to aid acquisition when the loop 
is out of lock. Phase-frequency detectors are available in integrated-circuit form and 
usually contain a charge pump as an integral part of the device. The essential idea 
of a charge pump is illustrated in Fig. 8.13. The charge pump consists of a voltage- 
controlled current source that outputs a current of plus or minus I depending on the 
value of control voltage. For yet other values of control voltage, the current is zero 
(i.e., open-circuited). If the capacitor is part of an integrator, another pole at the ori- 
gin is added to the transfer function, and the loop becomes a type II loop. If C is 
shunted by a resistor, the loop remains a type I loop. 
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FIGURE 8.14 

A quad-D phase -frequency detector. 



Many manufacturers now produce a quad-D phase-frequency detector (as 
shown in Fig. 8.14). If the two input frequencies are the same, flip-flops Q\ a and 
Qia are never set, and the circuit functions as the dual-D flip-flop. If the frequencies 
are not equal, then either Q\ a or Q^a will be set. These two flip-flops then serve as 
an out-of-frequency detector. For example, if fi is at least twice as fast as / 2 , then 
Qia or Q Xb will be high all the time. 

The average-voltage versus relative-frequency characteristic plotted in Fig. 8.15 
applies for/ 2 > f\. Note that if the frequencies are not the same, the average output 
voltage is greater than that of the dual-D flip-flop. Therefore, a larger voltage is 
applied to the VCO, and the loop is quicker to respond. Once the loop reaches fre- 
quency lock, then the phase error can be obtained from Q ]b and Q 2b just as in the 

FIGURE 8.15 

Average output voltage of a quad-D phase- 
frequency detector as a function of input fre- 
quency differences. 
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FIGURE 8.16 

Average output voltage as a func- 
tion of phase error for the quad-D 
phase-frequency detector. 



dual-D flip-flop. If the loop is in lock, the average- voltage-versus-phase characteris- 
tic is as shown in Fig. 8.16. The phase range for the phase-frequency detector is 720°. 



Mixers 



Mixers (and multipliers) are often used as phase detectors in analog PLLs. If the 
input signal is 0, = A; sin co 0 t and the reference signal is 9 r = A r sin (co 0 t + <t >) , 
where is the phase difference between the two signals, then the output signal 
B e is 

A A AA 

= $$,. = 1 r K cos 0 cos + 0) (8.16) 

where K is the mixer gain. One of the primary functions of the loop’s low-pass fil- 
ter is to eliminate the second harmonic term before it reaches the VCO. The second 
harmonic will be assumed to be filtered out, and only the first term will be consid- 
ered. Therefore, 

= a 1 a L kcq ^ 

2 

When .the error signal is zero, <p = tt/ 2. The error signal is proportional to 
phase differences about 90°. For small changes in phase A <f>, 

' n 

<p=- + A<{> 

0 € = K cos K sin A0 



For a small phase perturbation A<f> 



a A * A * K k* 
0 e ~ — A (p 



2 



(8.18) 
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since the phase detector output was assumed to be 0 ( — K d (Bi - B 0 ). The phase- 
detector scale factor K d is given by 



K d 



A t A r K 

2 



(8.19) 



The phase-detector scale factor K d depends on the input signal amplitudes; the 
device can only be considered linear for constant-amplitude input signals and for 
small deviations in phase. For larger deviations in phase, 

8 e = Kd sin A(f> (8.20) 

which describes the nonlinear relation between 0 e and <j>. 



Sampling Detectors 



Phase detection can also be accomplished with a linear time-varying switch that is 
closed periodically. Mathematically, the switch can be described as a pulse modula- 
tor, as shown in Fig. 8.17. If the operation of the sampling switch is time-periodic, 
that is, if the sampler closes for a short interval P at instants T - 0, 7\ 27\ . . . , nT, 
then the sampling is uniform. The waveshapes of the input and output signals of a uni- 
form-rate-sampling device are shown in Fig. 8.18. The output can be considered to be 



0e(t) = Bi(t)B r (t) 



( 8 . 21 ) 



where 0 r (t ) can be assumed to be a periodic train of constant-amplitude pulses of 
amplitude A r , width P, and period T. Since 6 r (t), illustrated in Fig. 8.19, is peri- 
odic, it can be expanded in a Fourier series as 



00 





e r (t)= J2 O''”’"' 




(8.22) 


where 


n=—oo 

C n = T~ l f A r e~* na>ot dt 
Jo 




(8.23) 




A r . no) 0 P / —jnpt) 0 P\ 
rm 2 \ 2 J 


n^0 


(8.24) 




, . v A r 

^ -f P n = 0 

T 




(8.25) 



e r (‘ ) 



m 



T{p) 



m 



w- 



Pulse 

modulator 



0,(0 



FIGURE 8.17 

A switch modeled as a phase modulator. 
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FIGURE 8.18 

An example of the input and output waveforms of a uniform- 
rate sampling device. 



A r ^2 A r . mo 0 P \ ( P\ 1 /0/> „ 

Thus, 9 r (t) = — P 4- sm 2 C0S n( °° \ _ T ) 8 ' 26 

If the input signal is a sine wave 

0,(f) = A, sin ( (Oft + 4>) 



then 



6 e (t) = 0 r (t)Odt) = A 



,A r ( 



P 1 ^ sin ruo 0 P 

-sin (l0lt + <P) + — 



( no) 0 P . nco 0 P 1\ 

sin + <j> — - + sin (tUj — + <f> H — | I 



(8.27) 




FIGURE 8.19 

Pulse modulation is used to model the uniform-rate sampler. 
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when the loop is in lock (ro, = co 0 ). The dc term is 



^e(Odc — 



AjA r 

T 



. co 0 P/2 . 

sin sin 

C0 o 





(8.28) 



The term (o Q P / 2 occurs because the pulse of 9 r {t) is assumed to start at t — 0. 
If the time origin is shifted to the middle of the pulse, this term does not appear. For 
small phase differences 4>, the error signal is proportional to the phase difference. 
Therefore, the linear time-varying switch is able to serve as a phase detector. It dif- 
fers from the mixer in that the dc output is zero when 4> = -0) o P/2. That is, the 
output is zero when the oscillator and reference signal are in phase. This differs 
from the mixer type of phase detector, which is nulled when the two signals are in 
phase quadrature. As with the mixer, the sampling-phase-detector gain constant K d 
is proportional to the amplitude of the applied signals. The necessary conditions for 
both types of loops to exhibit linear characteristics are that the input signal ampli- 
tudes be constant and the phase error be sufficiently small that 




When the loop is in lock (<w, = a> 0 ), the mixer output contains a dc term and the 
second harmonic, whereas the sampled output contains a dc term plus all harmon- 
ics of the input frequency. Therefore, the low-pass filter requirements for the sam- 
pling type of phase detector are more stringent than those for the sinusoidal mixer. 
Fortunately, there are filters that can easily be implemented for the sampling PD. 
The most commonly used is the zero-order data hold (ZODH) or boxcar generator. 
The zero-order data hold is a device that converts the pulses of width P to constant- 
amplitude pulses of width T, as shown in Fig. 8.20. The output of the zero-order 
data hold 9 0 (t) between the sampling instants f, and t i+ \ is 



0 o {t)~ 0 e (ti )[u(t)-u (/,•)] (8.29) 

where 0 € (ti) is the value of 0 € (t) at the sampling time t h Although the exact analy- 
sis of the finite-pulse-width sampler and ZODH combination is complex, the fre- 
quency response can be closely approximated if the sampling process is replaced by 




FIGURE 8.20 

Output of a zero-order data hold compared with the ideal output 
(dashed line). 
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an. “ideal sampler” whose output is a train of impulses. That is, the sampled signal 
0*(t) is a train of amplitude-modulated impulses 



6\t) = 0,(OMO 

where St(0 is a unit-impulse train of period T, 






(8.30) 



(8.31) 



and S(t — nT) represents an impulse of unit area occurring at time t = nT. Since 
8 r (t) is periodic, it can be expressed by the Fourier series 



hit) = £ 

n =— oo 

where co a = 2njT. The constants C„ are determined from 

f T/2 

C n = r- 1 / 5 r (0«“ w, rfr = T _1 



(8.32) 



(8.33) 



l-T/2 



2n 



— 



Now <$•/■(/) can be expanded in a Fourier series 

OO 

S T (t ) = T~ l X eJnWot 

n=— oo 

and since + e~ jna>ot = 2 cos tuo 0 t, 

2 00 

<$ r (f) = 7 _1 + — X cos ncopt 

«= i 

That is, the frequency spectrum of an impulse train of period T contains a dc term 
plus the fundamental frequency and all harmonics with an amplitude of l/T. There- 
fore, Eq. (8.30) can be written 



(8.34) 



(8.35) 



<9*(f) 



= 0i(O^r 1 + ^X cosnftV ^ 



If the input $i(t) is a sine wave 0*(f) = A, sin (o>,-f + <p). 



Ai 



OO 

sin (a ut + <j>) + 2 X cos n( °ot sin (corf + (p) 

n = 1 



(8.36) 



(8.37) 



This" equation is similar to the result obtained [Eq. (8.27)] for the more realistic 
finite-pulse-width model of the sampler. The difference is that for the finite-pulse- 
width model the harmonics are attenuated by the factor 

sin (nco 0 Pf 2) 
no) 0 

With the impulse sampler, all harmonics are attenuated by 2/ T. 

The impulse response of the ZODH is a pulse T s wide, or 

0 n (t ) = u(t) — u(t — T ) 
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so its frequency-dependent transfer function is 



G z (s) 




(8.38) 



and the ZODH frequency response is 



G z (jco) 



[ __ e -j«>T rr e jo>T/2 _ ~wT 12 

i = _ e ~jo>T/2 f e 

jco 2 jcoT/2 



— Tp-jotT/ 2 S * n 



(8.39) 



which is a low-pass filter with a linear phase shift, as illustrated in Fig. 8.21. An 
important feature of this filter is that it has zero gain at the sampling frequency and 
at all harmonics of the sampling frequency. As Eq. (8.37)— or Eq. (8.27)— shows, 
when the input and sampling frequencies are equal, the output of the sampler con- 
tains a dc term and all harmonics of the sampling frequency. Since the ZODH has 
zero gain at these nonzero frequencies, the unwanted harmonics are completely 
removed by the filter. This is one of the primary reasons for the widespread appli- 
cation of samplers in phase-locked loops. The ZODH also has a phase lag that 
increases linearly with frequency. The effect of this negative phase shift on loop sta- 
bility is discussed in the next chapter. 

Although a PLL containing a sampling detector is often analyzed by using Z- 
transform techniques, an equally accurate approximation to loop performance can 
be obtained by using continuous techniques. The inaccuracy inherent in the Z- 
transform analysis of PLLs is further considered in the section on large-signal 
behavior in the following chapter. When the input and feedback frequencies are 
equal, Eq. (8.37) can be written 



9*(t) 




+ high-frequency terms 



(8.40) 




FIGURE 8.21 

Frequency response of a zero-order data hold. 
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*t 




FIGURE 8.22 

A simplified model of a phase-locked loop containing a sample-and-hold 
module. 

Since the high-frequency terms are filtered out by the zero-order data hold, 

(8.41) 

for small <j>. The frequency response of the loop can then be estimated by using the 
model shown in Fig. 8.22, provided the VCO is the only other frequency-dependent 
component in the loop. In this model, K is composed of the phase detector factor A, 
times any additional gain in the loop. This model is used to analyze loop stability 
and frequency-response characteristics in the next chapter. 



Phase Detector Comparisons 

Which type of phase comparator to select for a particular application depends on 
many factors, including cost, size, speed, and noise performance. The double- 
balanced mixer has the best noise performance of all the PDs, but it is only capable 
of producing approximately 0.5-V output. Since most VCOs require 2- to 10-V 
input, a preamplifier will be required with this type of PD, but the additional noise 
contributed may be so large that it is no longer the best choice. The double-balanced 
mixer finds application primarily in loops where little VCO pulling range is neces- 
sary, such as when VCXOs are used. The sample-and-hold discriminator works well 
from 20 to 100 kHz, but above this range there is too much harmonic leakage with 
existing systems for the sample-and-hold PD to be the best choice. For high-speed 
performance, digital phase detectors using emitter-coupled logic (ECL) are usually 
preferred. 



m m 

VOLTAGE-CONTROLLED OSCILLATORS 

VCOs are described in detail in Chap. 7, and the effect of their noise on the perfor- 
mance of PLLs used as frequency synthesizers is discussed in Chap. 10. Here we 
will be concerned with only the main points of their importance when used in PLLs. 
The main properties of a VCO used in a PLL are discussed below. 

1 . Frequency deviation . The maximum PLL capture range is equal to the open-loop 
gain, provided the VCO frequency deviation capability is at least this great. If it 







8.5 Loop Filters 



331 



is less, then the PLL capture range is limited by the maximum VCO frequency 
deviation capability. 

2. Frequency stability. If high-frequency stability is required, VCXOs are normal- 
ly employed. Frequency stability is of the utmost importance in frequency syn- 
thesizers. However, as mentioned previously, the VCXO has a small frequency 
deviation and is not able to follow signals with a large frequency deviation. 

3. Modulation sensitivity. The modulation sensitivity K 0 should be high. A small 
change in dc voltage should produce a relatively large change in VCO frequency. 

4. Response. The VCO should respond quickly enough that it does not affect the 
loop stability characteristics. Normally, the VCO poles should lie outside the 
dominant poles of the system. 

5. Frequency-voltage characteristics. The VCO frequency- voltage characteristics 
must be linear. The tolerance on linearity depends on the particular application. 
PLLs that include a microprocessor in the loop can use the microprocessor plus 
a digital-to-analog converter to compensate for VCO nonlinearities. 

6. Spectral purity. In some applications, such as analog frequency synthesizers, the 
VCO output should be as pure a sine wave as possible. In other applications, the 
VCO output can be a rectangular wave train. 



■ 8.5 

LOOP FILTERS 

The loop filter is a low-pass filter, usually of the first order, but higher-order filters 
are used when additional suppression of the ac components of the phase detector 
output is desired. In some instances a notch network is included in the filter for 
suppression of a particular frequency. The network configuration depends on 
whether the phase detector output can be modeled as a voltage source (low output 
impedance) or a current source (high output impedance). Figure 8.23a illustrates 




FIGURE 8.23 

A first-order filter realized with a charge pump output phase detector; (b) a first-order 
filter realized with a voltage output phase detector. 
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a first-order filter that can be used with a charge pump output. The voltage is 
given by 

sRC + 1 



where /(V) is the amplitude of the phase detector output. Figure 8.23 b illustrates a 
first-order active filter, which can be used with a phase detector with a low output 
impedance. The transfer function 



Vc 



— (sR 2 C + 1)~‘ 



is a first-order filter with a dc gain of 






R2 

Ri 



which can be adjusted to modify loop performance. The selection of loop filters for 
loop stability, transient performance, and noise suppression is described in greater 
detail in the following chapter. 



m 8.6 

LINEAR AND NONLINEAR PLL SIMULATIONS USING SPICE 

When one is simulating a complex circuit using SPICE, sometimes it is difficult to 
find the correct models for some of the components, or models may not even exist. 
There are also times when an exact simulation is not required or the designer wants 
to get a quick feel for how the circuit will operate under certain constraints. For 
example, a complete PLL with a varactor-tuned VCO, a double-balanced mixer as 
the phase detector, and an RC network for the low-pass filter (LPF) can be con- 
structed in SPICE and can result in accurate simulations. However, this level of 
simulation would not be a good starting place for a preliminary PLL design. It is a 
good design practice to begin with top-level block diagram models that can repre- 
sent basic system performance. 

Earlier in this chapter we saw that designing PLLs involved tradeoffs. Equation 
(8.14) demonstrated that system speed of response and system bandwidth compli- 
cate the PLL design because they work against each other. In addition, we will see 
in Olap. 9 that* the behavior of PLLs can become quite complex when they are 
designed around a desired transient response and loop stability is taken into account. 
These complications indicate that a top-level design should represent system com- 
ponents only at an abstract level so that the PLL’s performance can be established. 
SPICE’s Analog Behavior Modeling (ABM) feature provides a quick, accurate, and 
easily changeable model. In this method an input-output relationship is developed 
that models the black-box behavior of the circuit. In the following sections we will 
use this technique to model phase detectors, VCOs, and complete PLLs. In addition, 
we can use the techniques developed in this section to model more complicated PLL 
designs in Chap. 9. 



8.6 Linear and Nonlinear PLL Simulations Using Spice 



333 



A Sinusoidal Phase Detector Model 

Suppose that a sum/difference phase detector is to be modeled and that the refer- 
ence and feedback frequencies are equal (frequency lock). Figure 8.24 shows the 
response of this model to nonlinear inputs. For small phase differences, the series 
expansion of the sine function gives sin(0 r - 0 d ) = 6 r — 9 d and the phase error 
reduces to the linear difference in phases. Using the ABM E VALUE primitive in 
SPICE, the phase detector can be modeled by the following equation: OUT = 
Kj(V (reference) — V (feedback)). The schematic for a phase detector modeled in 
this way is given in Fig. 8.25. Note that although the series expansion reduces to a 
linear function, the output of the phase detector is inherently nonlinear. 



Voltage-controlled Oscillator Simulations 

The VCO was also modeled as a linear device in Sec. 8.2. In this model we found 
that the output frequency followed the relation 



and that 



0) o = (D c + A (O 

Aoj=—^l = K 0 V c (t) 



where K 0 is the VCO gain constant [rad/(s -V)] and V c is the input control voltage. 
From this equation the VCO’s output waveform is given by 



V 0 (t) = K sin co c t + K 0 J V c (t) dt J 



and that for a linear control voltage is 

V 0 {t) = K sin [(2 tt/ c + K 0 V c )t] 

example 8 . 4 . Using SPICE and ABM, simulate a VCO with a center frequency of 
10 kHz and a VCO gain factor K a of 2n x 5 kHz/(s V). Also, simulate the same cir- 
cuit with a 45° (0.7854-rad) VCO phase offset. Plot the output frequencies for control 
values of — 1 and 1 V. 

Solution. To model this circuit, we need an ABM block using the SPICE s dt (integral) 
function to produce the phase integral 



Phase 



w 



V c (t) dt 



V r (t) = sin(o* r f 




V a (t) = K d [sin(av + 6 r ) - sin (a*/ + d d )] 



FIGURE 8.24 

Nonlinear phase detector output using summing node with gain stage. 
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E2(VALUE) 




FIGURE 8.25 

Phase detector circuit model used in SPICE simulations. 



and an ABM block to produce the output sinusoid 

V 0 (t) = sin [27r(/ c f) + phase + offset] 

Note that the offset could have been a node voltage instead of a constant. By using a 
node voltage, an offset step or ramp change can be simulated. The schematic, SPICE 
circuit description, 3 and output plots are given in Fig. 8.26a to c. 



Linear and Nonlinear PLL Simulations 

Now that we have developed simple models for the phase detector and VCO, we 
can complete the feedback path and handle PLL simulations. Remember that the 
models that we have developed are only approximations of PLL behavior, and they 
were designed for £ top-level look at how the PLL behaves. 

For a linear simulation, we would like to assume that the loop has achieved fre- 
quency lock and subtract the small (approximately linear) phases. Unfortunately, 
SPICE has a limited number of trigonometric primitives that can be used to extract 
the phase from the sine functions. Since the arcsine function is not available, the 
arctangent function must be used. One method to obtain the phase is to use the rela- 
tionship cos 2 x = 1 — sin 2 x. An ABM block is used to convert the sinusoidal input 
to the argument of the sine by using the equation 

/ IN 

OUT = ARCTAN . 






* VCO simulation with center freq = 10 kHz and gain factor = 2*pi*5000 rad/eec/V 


.PARAM 




twopi-6 .283 


fc=10k kvco-5000*twopi 


* .PARAM 




offset-0.7854 


.PARAM 




of f set=0 .0 




Esine 


out 


0 VALUE 


{ ain(twopi* (fc*time)+v{phase)+offset) > 


Rx 

Bint 


0 


out 16 




phase 


0 VALUE 


{ kvco*sdt (v(ctrl) ) > 


Vi 


Ctrl 


0 PWL 0 


-1 v 0.5m -1 v 0.501 ms 1 v 


. tran lulu 0 


50 m 




.OP 

.probe 

.END 
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The phase detector takes the difference between the reference’s sine argument and 
the feedback’s sine argument. The frequency arguments subtract out, and the differ- 
ence between the phases remains. 

For nonlinear simulations, we just connect the VCO output to the nonlinear 
phase detector. There are also a number of nonlinearities that can be added to the 
VCO response by using the ABM technique. For the present simulations, the phase 
error will be kept small, so that the nonlinear results can be compared to the linear 
results. The large-signal PLL behavior is presented in Chap. 9. 

At this point, when one is simulating the PLLs, it is important to carefully 
choose K<t and K a in relation to the VCO center frequency. In Chap. 9 their relation 
to closed-loop bandwidth, settling time, transient performance, and stability is pre- 
sented. For now, a rule of thumb for the SPICE simulations is to choose them such 
that K v (where K 0 is in hertz per volt and K d is in volts per radian) is at least one- 
half the VCO center frequency. In the next example, a linear PLL is simulated. A 
close look at the control voltage into the VCO shows a triangular waveform that 
forces the VCO frequency forward and backward until phase lock is achieved. If K v 
is too small, then there will not be enough gain in the loop to ramp the control volt- 
age high enough in magnitude. In that case, the VCO cannot obtain phase lock. 

example 8.5. Design and simulate a linear and nonlinear PLL with the following 
parameters: 

Center frequency = 10 kHz 
VCO gain factor = 5000 Hz/V 
Phase detector gain = 1 V/rad 
Reference phase offset = 5° (0.08727 rad) 

Use a VCO for the reference waveform. Compare the VCO input voltages with the fol- 
lowing three LPF transfer functions: 

1 1 1 

l + (1.2E- 4 )s 1 + (1.2E- 5 )s 1 + (1.2E~ 6 )s 

Also, plot the output and reference sinusoids for the second LPF loop. 

Solution. Figure 8.27a shows a schematic for the nonlinear PLL. By using ABM tech- 
niques,. the PLL is implemented with four components. An ABM VCO is used to gen- 
erate a reference frequency of 10 kHz. A phase offset is added to the reference at 0.5 
ips, using a piecewise linear voltage source to generate the offset. The resultant signal 
'’’is connected to a phase detector that takes the difference between the reference and 
VCO signals. The low-pass filter is implemented by using the ABM Laplace function. 
Finally, a VCO with a center frequency of 10 kHz integrates the output of the LPF for 
the control voltage, generates the corresponding sinusoid, and feeds its output back to 
the phase detector. A linear PLL schematic is shown in Fig. 8.27 d. It performs the same 

> 

FIGURE 8.27 

PLL simulation results: (a) nonlinear PLL schematic; ( b ) nonlinear SPICE circuit file; 

(c) control voltages, reference, and output; (d) linear PLL schematic; {e) linear SPICE 
circuit file; (/) control voltages, reference, and output. 




Out 

(a) 



•Nonlinear PLL simulation circuit file 



. PARAM 
. PARAM 



twopi-6. 2831853 fc-lOk kvco-5000 
Kd-1 off set- 0 Va-1 



• This is the reference VCO'e phase step offset 



VI 

R5 



offsetr 0 PWL 00 0 . 5m 0 .500000001m .08727 1 0 .08727 
offsetr 0 1G 



* PLL #1 

Bref ref 0 VALUE { 

+ Va*Bin(twopi* (fc*time)+{kvco*twopi*adt (V(ctrlr) ) ) +V(off setr) > } 
Vctrlr ctrlr 0 0V 

Epd diff 0 VALUE { Kd* (V(ref ) -V(out) ) > 

BLPP Ctrl 0 LAPLACE { V(diff, 0) > = { 1/ (l+1.2B-4*s) > 

EVCO out 0 VALUE { 

+ Va*Bin(twopi* <fc*time)+ (kvco*twopi*sdt (V(ctrl) ) ) +offset> > 

* 

* PLL #2 

Eref2 ref2 0 value { 

* Va*sin(twopi* (fc*time)+ (kvco*twopi*sdt (V(ctrlr2) ) ) +v(offsetr) ) } 

Vctrlr2 ctrlr2 0 0V 

Epd 2 diff2 0 VALUE { Kd* (V(ref 2) -V(out2) ) } 

ELPF2 Ctrl2 0 LAPLACE { V(diff2, 0) } - { 1 / (1+1 . 2B-5*S) > 

EVC02 out2 0 VALUE < 

+ Va* / sin(twopi*{fc*time)+(kvco*twopi*sdt(V(ctrl2) ) )+offset> > 

* , 

• PLL #3 

Bref 3 ref 3 0 VALUE ( 

+ Va*sin(twopi*{fc*time)+(kvco*twopi*sdt(V(ctrlr3) ) )+V(offsetr) ) ) 
Vctrlr3 ctrlr3 0 0V 

Epd3 dif f3 0 VALUE { Kd* (V(ref3) -V(out3) ) } 

ELPF3 Ctrl3 0 LAPLACE { V(diff3, 0) > - { 1/ (1+1.2E-6*S) } 
EVC03 out 3 0 VALUE { 

+ Va*sin(twopi* (fc*time}+(kvco*twopi*sdt(V(ctrl3) ) )+of fset) ) 



.tran lu 3m 0 lOu 
.OP 

.probe 

.END 



(b) 
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Epd 




(d) 



* Linear PLL simulation circuit file 

. PARAJ1 twopi=6. 2831853 fc=10k kvco-5000 

.PAIlAM Kd=l of fset=0 Va=l. 0 

* 

* This is the reference VCO's phase step offset 



V_V7 
R R5 



of f setr 
of f setr 



PWL 00 0 .5m 0 .500000001m .08727 1 0.08727 
1G 



*PLL #1 

E_EPD diff 0 VALUE { Kd* (V(ref ) -V(outf ) ) > 

E_Esinf outf 0 VALUE { ARCTAN( (V(out) /SQRT(Va*Va- 

(V(out) )*(V(out) ) ) ) ) ) 

+ } 

E_Esinr ref 0 VALUE { ARCTAN( (V(r) / (SQRT (Va*Va- (V(r))*(V(r)))))) 

> 
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V_V6 Ctrlr 0 OV 

E_ELPF Ctrl 0 LAPLACE { V(diff, 0) } = { 1/ ( 1+1 . 2E-4 *b) } 

E_Ere£ r 0 VALUE { 

+ Va*ain(twopi* (fc*time) + (kvco*twopi*sdt (V(ctrlr) ) )+V(of f setr) ) } 
E_Evco out 0 VALUE { 

+ Va*ain(twopi* (fc*time) + (adt (kvco*twopi*V(ctrl) ) )+of fset) } 

* 

* PLL #2 

E„EPD2 dif f 2 0 VALUE { Kd* (V(ref2 ) -V(outf2) ) > 

E_Eain£2 outf2 0 VALUE { 

+ ARCTAN ( (V(out2) / (SQRT(Va*Va- (V(out2) ) * (V(out2) ) ) ) ) ) } 

E_Esinr2 ref2 0 VALUE { ARCTAN( <V{r2) / (SQRT(Va*Va- 

(V(r2) ) *{V(r2) ) ) ) ) ) > 

V_V10 ctrlr2 0 OV 

E_ELPF2 ctrl2 0 LAPLACE { V(diff2, 0> > = { 1/ <l+1.2E-5*a) } 
E_Bref2 r2 0 VALUE { 

+ Va*ain(twopi* (fc*time)+(kvco*twopi*sdt(V{ctrlr2) ) )+V(of fsetr) ) } 
E_Evco2 out 2 0 VALUE { 

+ Va*8in(twopi*(fc*time)+(sdt(kvco*twopi*V(ctrl2) ) )+offset) ) 

* 

* PLL #3 

E_EPD3 dif f3 0 VALUE { Kd* (V(ref 3 ) -V(outf 3 ) ) } 

E_Esinf3 outf3 0 VALUE { 

+ ARCTAN( (OUt3) / (SQRT(Va*Va- (V(out3) )* (V(out3) ) ) ) ) ) } 

E_Esinr3 ref 3 0 VALUE { ARCTAN((V(r3)/(SQRT(Va*Va- 

(V(r3) )* (V<r3) ) ) ) ) ) } 

V_V12 ctrlr3 0 OV 

E_ELPP3 Ctrl3 0 LAPLACE { V(diff3, 0} } = { 1/ (1+1. 2E-6*fl) > 
E_Eref3 r3 0 VALUE { 

+ Va*sin(twopi* (fc*time) + (kvco*twopi*adt (V(ctrlr3) ) )+V(offsetr) ) ) 
E_Evco3 out 3 0 VALUE { 

+ Va*ain(twopi* (fc*time) + (adt (3cvco*twopi*V(ctrl3) ) ) +of f set) } 

.tran lu 3m 0 lOu 

• OP 

. probe 
.END 



(«) 





^ctrB 



1.0 ms 



1.5 ms 
Time 

if) 



2.0 ms 



- -J 

2.5 ms 
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function as the nonlinear PLL, but also includes the two ABM blocks that extract the 
argument of the sine. The nonlinear PLL SPICE circuit file is given in Fig. 8.27/?, and 
the control voltage waveforms are shown in Fig. 8.27c. The linear PLL SPICE circuit 
file is given in Fig. 8.27c, and the control voltage waveforms are shown in Fig. 8.27/. 
Notice that the value of the LPF times the constant affects the settling time of the loop. 
It is left as an exercise to also see that the values of Kj and K v affect the loop’s per- 
formance. 



■ 8.7 

PHASE-LOCKED LOOP APPLICATIONS 

The PLL is an exceptionally versatile device suitable for a variety of frequency- 
selective modulation, demodulation detection, tracking, and synthesis applications. 
A few of the basic applications are described here. The use of the PLL for frequen- 
cy synthesis is described in detail in Chap. 10, and additional applications of the 
PLL for modulation and detection are given in Chap. 12. 



Tracking Filters 

A phase-locked loop can filter the noise present on the input (reference) signal. The 
PLL will track the frequency of the input as long as it is not changing rapidly. The 
PLL transfer function is then a low-pass filter centered about the VCO frequency, 
which is the same as the input frequency. It is not a linear filter, since any amplitude 
information is lost, but it will reduce fluctuations in the input frequency. When the 
loop is tracking, the transfer function is given by Eq. (8.4) (normally N will be 
equal to 1 in the tracking filter). The loop functions as a bandpass filter whose cen- 
ter frequency is that of the input reference frequency. 

The bandwidth of the second-order loop is given by Eq. (8. 1 3). From this equa- 
tion and Eq. (8.7) it is seen that the bandwidth w„ oc (K v a) L ) l/2 . That is, the closed- 
loop bandwidth (from the center frequency to one 3-dB point) is proportional to the 
square root of the loop filter bandwidth times the loop gain constant. It is possible 
for the loop to lock on to harmonics or subharmonics of the loop, depending on 
what types of phase detector and VCO are used. For example, with a mixing-type 
phase detector, the PLL can lock onto subharmonics of the input if the VCO output 
is a square wave. 

The ability of the PLL to automatically tune its center frequency to that of the 
input signal makes it an attractive solution to modulation and demodulation prob- 
lems. 



Angle Modulation 

A phase-locked loop provides a ready means of phase modulation and indirect fre- 
quency modulation. Figure 8.28, illustrates a phase-locked loop with the modulat- 
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FIGURE 8.28 

A phase-locked loop with a phase-modulating signal m(t). 



mg signal added before the low-pass filter. If a linear model is assumed for the loop, 
then superposition can be used to find the output phase: 



e r (s)[K 0 K d F(s)/s] M(s)[K 0 F(s)/s] 

1 + K 0 K d F(s)/(sN ) + 1 + K 0 K d F(s)/(sN) 



where M(s) is the Laplace transform of the modulating signal m{t). At low fre- 
quencies 



K 0 K d F(jco) 



jcoN 



» 1 



(8.43) 



and 



T M(joi) 1 

9 0 (jio) = N O r {jw) + 



The phase-locked loop is a low-pass filter, and the expression [Eq. (8.43)] is satis- 
fied at frequencies within the loop bandwidth. In this frequency region, the output 
phase is modulated by m(t), and 



fo(t) = 



d0 o (t ) 
dt 



= N 



dO r (t) 

dt 



1 dm(t)~ 
K d dt 



If the input phase is constant, the output frequency is proportional to the derivative 
of the modulating signal. This is referred to as indirect frequency modulation to dis- 
tinguish it from direct FM, in which the frequency is directly proportional to the 
modulating Signal- 



Frequency Demodulation 



If the PLL is locked on an input frequency, the VCO control voltage is proportion- 
al to the VCO’s frequency shift from its free-running frequency. If the input fre- 
quency shifts, the control voltage shifts accordingly (provided the frequency shift 
is within the loop’s tracking range). If the input signal is frequency-modulated, 
then the VCO control voltage will be the demodulated output. The PLL can be 
used for detecting either narrowband or wideband (high-deviation) FM signals 
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with a higher degree of linearity than can be obtained by other FM detection meth- 
ods. If the maximum phase detector output voltage is V V, then the maximum con- 
trol voltage applied to the VCO is KV V, where K is the dc gain of the low-pass 
filter. The maximum frequency deviation of the VCO is then 

(Aw) max = K 0 KV rad/s 

This, of course, assumes that the VCO is designed to be linear over this frequency 
range. If the phase detector output can deviate between ±VV, the tracking range 
(TR) will be 

TR = 2(A&>) max = 2 K 0 KV 

This tracking range must be greater than the frequency deviation of the input signal. 
FM demodulation can then be obtained by setting the free-running frequency of the 
VCO equal to the center frequency of the input signal. This detection method 
assumes that the envelope of the input waveform has a constant amplitude. In many 
applications, an amplifier and amplitude limiter are added before the phase-locked 
loop to ensure that this is the case. 

A particular application of frequency-shift keying ( FSK) demodulation is the 
detection of one of two transmitted frequencies. This detector is frequently referred 
to as a touch-tone decoder. There now exist multitone encoder and decoder inte- 
grated circuits. The decoders are able to detect a coded sequence of tones, allowing, 
for example, three different tones to represent eight transmitters. 

Digital data are often transmitted using FSK, which consists of shifting the car- 
rier frequency between two predetermined frequencies. The phase-locked loop can 
be used to demodulate the FSK signal. The voltage at the output of the loop filter 
shifts between two discrete voltage levels, reproducing the digital waveform. A 
realization of FSK demodulation is described in the section on digital PLLs. 



Amplitude Demodulation 

The amplitude-modulated signal 

S(t ) = V[l +m(r)] sin<w 0 f 

can be demodulated by multiplying the signal by a local oscillator signal of the same 
carrier frequency. The method is illustrated in Fig. 8.29. The multiplier output is 

V(t ) = V[1 + m(t )] sin co a t A sin ( a> 0 t + 9) 

r 

cos 9 — cos (2co 0 t + 9) 

= V[l +m(t)] 



S(t) 




V(t) 



Low-pass 

Hltcr 



K,( 0 



A sin (f i}„t + 



FIGURE 8.29 

A mixer followed by a low-pass filter. 
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FIGURE 8.30 

A coherent amplitude demodu- 
lator. 



The multiplier output consists of the low-frequency modulating signal 

V[1 + m(t) ] cos# 

and the modulating signal centered about twice the carrier frequency 

V[1 + m(f)] cos (2 co 0 t + 0) 

The high-frequency term can be removed by the low-pass filter, so the filter output 
will be 



V 0 (t) = V[1 +m(r)]cos# 

This relatively simple direct-conversion receiver, has several advantages over 
the more frequently used superheterodyne receiver. It eliminates the intermediate- 
frequency (IF) filter and the need for additional oscillators. The elimination of the 
IF filter also eliminates the need for image rejection filters. It does, however, have 
problems, one of them being that if the input signal phase angle 0 is not known, 
the output voltage can be small. To ensure maximum output voltage, the phase 
angle should be zero; that is, the local oscillator signal should be phase-locked to 
the carrier signal. In this case, the demodulation is one of coherent detection, which 
performs better than incoherent detection methods when the input signal-to-noise 
ratio is low. 4 The local oscillator signal, phase-locked on the input carrier, can be 
generated in a phase-locked loop. A complete amplitude demodulator is illustrated 
in Fig. 8.30. This circuit assumes that the VCO is in phase with the input. If a phase 
detector that causes the loop to lock with the VCO 90° out of phase with the input 
is used* then the VCO output must be shifted by 90° before it is mixed with incom- 
ing Signals. Several phase-locked-loop integrated circuits include an additional 
multiplier on the chip so that amplitude demodulation can be easily realized. 



Phase Shifters 

Many methods of modulation and demodulation require that the local oscillator sig- 
nal be phase-shifted by 90°. The circuit shown in Fig. 8.31 presents one method of 
obtaining a signal together with the signal shifted in phase by 90°. The phase-locked 
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FIGURE 8.31 

A phase-locked-loop circuit used for generating in-phase and quadrature signals. 



loop doubles the reference frequency. The flip-flop output frequency is the same as 
the reference frequency, and as can be seen from the timing diagram illustrated in 
Fig. 8.32, the two output signals differ by 90° in phase (jt/4 = 90°). 



Signal Synchronizers and Carrier Recovery 

The communications methods that have the lowest error rate are coherent; they 
require that the carrier frequency and phase be precisely known for demodulation. 
At the same time, it is an inefficient use of energy to transmit the carrier. Many 
encoding schemes transmit a low-level pilot carrier. FM stereo and some commer- 
cial television encoding schemes use this technique. The color television signal 
includes a short sinusoidal burst transmitted at the rate of the horizontal synchro- 
nization pulses for synchronizing the color signals. These carrier signals can read- 
ily be recovered with a phase-locked loop. 
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There are other communications systems in which the carrier is suppressed, and 
accurate reception requires the generation of signals based on the phase information 
about the carrier. The receiver circuits that generate the carrier and clock signals are 
known as signal synchronizers; phase-locked loops are often used in these syn- 
chronizers. (The phase-locked loop applications that have been discussed so far all 
require an input signal at the frequency to be tracked.) Signal synchronizers employ 





FIGURE 833 

Two circuits for demodulating a suppressed carrier signal. 
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a nonlinear circuit to regenerate a carrier or clock signal together with a phase- 
locked loop to track the signal. A frequent application is the detection of binary 
phase-shift keying (BPSK). If the data bit is a 1, then the signal is transmitted with a 
phase of +90°; if the data bit is a 0, then the signal phase is —90°. Each pulse has 
a T - s duration, and the pulses are T s apart. If an equal number of 1 s and Os are trans- 
mitted, the carrier is completely suppressed. The transmitted signal are can be rep- 
resented as 



s{t ) = m(t ) sin(a>,f + 0*) 

and the average value of the modulating signal m(t) is zero. The Fourier transform 
of s(t) reveals that the spectrum is 

S(f) = X - [ M(f - /,) + M(f + f,)\ 

This is the same spectrum as that of a double-sideband suppressed carrier ( DSB - 
SC) signal. To coherently demodulate the received signal, the carrier must be regen- 
erated. Figure 8.33 illustrates two methods of demodulating the signal. 

For constant 0 £ the signal at the output of the squaring loop circuit reduces to 
the message signal m(t ), multiplied by a constant amplitude. Likewise, for constant 
$i and 9 0 , the signal at the output of the Costas phase-locked loop (see Fig. 8.33 b) 
is proportional to the message signal m(t). 

Notice that for both circuits there exists a 1 80° phase ambiguity. For example, 
suppose the transmitted signal is given by 

s(t ) = m(t) sin(a>,-f -I- 0,- 4- n) — — m(t) sin(u>,/ + 0,) 

such that the outputs will be proportional to — m(t). This ambiguity can only be 
resolved by the special encoding (for example, differential encoding) of the trans- 
mitted message. The application of signal synchronization for quadrature phase- 
shift keying ( QPSK ) detection is discussed in Chap. 12. 



■ 8.8 

DIGITAL PHASE-LOCKED LOOPS 

In many applications,'- including digital communications systems, the input signal is 
digital and is best treated in the digital domain. Digital versions of the phase-locked 
loop have some advantages over their analog counterparts. A simplified block dia- 
gram of a digital PLL (DPLL) is shown in Fig. 8.34. In addition to the phase detec- 
tor, the loop consists of an accumulator and a digitally controlled oscillator. The dig- 
ital phase detector is the same as those already described. The phase-detector output 
is a constant amplitude pulse whose width is proportional to the phase error. The 
digital phase-locked loop generates a digital representation of this error signal by 
sampling the pulse-width modulated signal at a rate that is much faster than that of 
the reference frequency. The digital accumulator is the digital equivalent of the ana- 
log filter. It is usually realized with an adder, multipliers, and delay units. The digi- 
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FIGURE 8.34 

Block diagram of a digital phase-locked loop. 



tally controlled oscillator outputs a pulse at a rate that is readily controlled by an 
external signal. 

Figure 8.35 illustrates a practical realization of a first-order DPLL. All compo- 
nents except for the divide-by- N counter are realized in a single integrated circuit. 
The data sheets for the Texas Instruments 74L5297 digital phase-locked loop and 
the 74L5292/294 programmable frequency divider are given in Appendix 6. Digital 
phase-locked loops do not contain a voltage-controlled oscillator, which is sensitive 
to voltage and temperature changes. Digital integrated-circuit phase-locked loops 
operate at higher frequencies than do their analog IC counterparts (32 MHz com- 
pared with 10 MHz), and it is far easier to generate a linear voltage- versus- 
frequency characteristic in a digitally controlled oscillator. Therefore, digital phase- 
locked loops offer easier microprocessor control. 

The first function of the K counter is to convert the phase detector output to a 
counter value that is proportional to the phase error. It contains an up counter and a 
down counter with carry and borrow outputs, respectively. The two input signals are 
the high-frequency clock and the phase-detector output that controls whether the 
clock is applied to the up counter or down counter. When the phase detector output 
is low, it is applied to the up counter; otherwise, it is presented to the down counter. 

The I/D counter is clocked at the rate 2Nf c , where N is the modulus of the 
divide-by- A counter, and outputs a signal at the rate Nf c . When a carry pulse from 



AC f c 




FIGURE 8.35 

A first-order DPLL. 
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Decoded data 



FIGURE 8.36 

A DPLL used for frequency-shift 
keying (FSK) decoding. 



the K counter occurs, one-half of a cycle is added to the I/D output, and a half-cycle 
is removed on the occurrence of a K counter borrow pulse. The frequency of the 
divide-by- N counter output is then f c when there is no phase error. The output of the 
K counter can be interpreted as proportional to the phase error 

„ K d <t> f Mf c 

— 

K 

where Mf c is the frequency at which the phase error is sampled, Kd in the phase 
detector scale factor, and K is the modulus of the K counter. This method of imple- 
mentation creates both count-up and borrow pulses, even when the phase error is 
zero, but the numbers of count-up and borrow pulses will be equal. The higher the 
divide-ratio K, the less often the borrow and carry pulses will occur. The length of 
the K counter can be controlled externally and can be varied from divide by 2 3 to 
divide by 2 17 . A larger divide number corresponds to a narrower loop filter and thus 
increases the time to acquire lock, but it reduces any ripple or jitter on the output. 

Applications for this DPLL include motor-speed control, noise filtering, tone 
recognition, frequency synthesis, frequency demodulation, and phase demodula- 
tion. A method of FSK decoding is illustrated in Fig. 8.36. Here the input // alter- 
nates between the two frequencies f\ and fj, and the loop center frequency is select- 
ed so that /i < f c < fi- The D flip-flop serves as a simple frequency detector. It is 
set if the D input is high at the moment the clock pulse goes low. The output will be 
low if the D input is low when the leading edge of the clock pulse occurs. If the 
input frequency is f \ , a negative phase error is required to reduce the output fre- 
quency from f € ' to /i . A negative phase error means that 6 r lags Od so that the D 
inpptof the flip-flop is not set. If fi occurs, the phase error will be positive (fi leads 
f 0 ), and the D flip-flop will be set. 

■ 8.9 

INTEGRATED-CIRCUIT PHASE-LOCKED LOOPS 

In many applications it is desirable to have all the system components on a single 
integrated circuit (IC). In most cases, integration of electrical components on silicon 
can lead to reductions in the system’s size and power consumption and sometimes 
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speed increases. Currently, application-specific integrated circuits (ASICs) are be- 
coming commonplace due to these advantages and the increase in reliability that are 
inherent in IC processes. However, many times it is impractical, and sometimes 
impossible, to integrate all electrical components on a chip. For example, to increase 
the flexibility of an IC, the manufacturer may require external components so that 
the user can adjust the IC’s basic functionality for the specific application. Also, 
since high -Q inductors are currently not available on silicon, it is difficult to build a 
stable, high-frequency oscillator and some of the more advanced filters without 
requiring external components. 

Due to the many applications of phase-locked loops, the demand for IC ver- 
sions has increased. Progress in building high-frequency PLL ICs has been hindered 
by the current inability to integrate a high-(? inductor for the VCO. In addition, 
since the loop filter controls much of the PLL’s performance, it is desirable to let the 
user implement this part of the loop based on the application’s bandwidth and settling- 
time requirements. 



A CMOS PLL 

Figure 8.37 is the block diagram of the Motorola MC 14046B, a low-power, 
CMOS-based PLL IC (this IC is also manufactured by Harris, National Semicon- 
ductor, Phillips, and others). The features and operating parameters for this IC are 
given in the data sheet in Appendix 7. 

example 8.6. Using the MC 14046B (see Appendix 7)7implement a frequency synthe- 
sizer that synthesizes a 100-kHz signal from a 2.5-kHz reference frequency. Use a type I 
low-pass filter so that the closed-loop system approximates a second-order Butterworth 
filter (as in Example 8.2). Design the loop under the assumption that the duty cycle of the 
reference frequency is 50 percent and that Vod is a 9-V regulated power supply. 

Solution. Since the reference frequency is at 50 percent duty cycle, we should use phase 
comparator I for the 2.5-kHz reference frequency input. From Appendix 7 the VCO 
minimum and maximum frequencies are given by 

/= ! r = I + f . 

R 2 (C + 32 pF) Ri(C + 32 pF) 

The VCO, is. designed to oscillate at 100 kHz. Suitable values for R\, R 2 , and C are 
10.8 k£2, 10.8 kft, and 1 nF, respectively. With these values, K\co is given by the 
equation in Appendix 7 as 

Kvco = 2 J A/V 1 C ° = 161 x 105 rad ^V 
Vdd — Lv 

and K v is given by Vdd/x — 2.9 V/rad. These values give 

k v = = n.5 x io* 

N 

To implement a Butterworth filter, £ = 0.707. From Eq. (8.8), we find that co n = 16.3 x 
10 3 (2.6 kHz) and o>l = 23 x 10 3 (3.67 kHz). Now, by using filter A in Appendix 7 
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16 V DD 




FIGURE 8.37 

Block diagram of thp Motorola MC14046B including external connections and com- 
ponents. ' ' ' 



and the equation co„ = *JK V /{R$C 2 ), suitable values for Rj and C 2 are 43.3 kHz and 
1 nF, respectively. The complete circuit is shown in Fig. 8.38. The closed-loop transfer 
function [Eq. (8.5)] is given by 

$ 0 (s) 10.6 x 10 9 

0 r (s ) “ j 2 + 2.3 x 10 4 * + 2.66 x 10 8 

and the rise time [Eq. (8.14)] is approximately 0.13 ms. Note that the loop stability, tran- 
sient performance, and noise suppression are not evaluated for this example. These top- 
ics are introduced in the next chapter. 
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FIGURE 8.38 

Block diagram of Example 8.6 solution. 



■ 8.10 

PROBLEMS 

8.1 A first-order PLL is to be used to synthesize a 1-MHz signal from a 50-kHz reference 
frequency. The phase-detector gain is 2 V/rad, the VCO sensitivity is 100 Hz/V, and the 
free-running frrequency of the VCO is 1 MHz. Estimate the rise time of the system. 
What will the rise time be if it is desired to realize an output frequency of 1.2 MHz? 
How many different output frequencies can be realized if the VCO has a maximum fre- 
quency deviation of ±200 kHz? 

8.2 (a ) If the PLL of Prob. 8. 1 is to synthesize an output frequency of 1 MHz, what would be 

the required bandwidth of a first-order low -pass filter in order for the closed-loop sys- 
tem transfer function to approximate that of a second-order Butterworth filter? 

(b) What is the answer to part a if the output frequency is to be 1.2 MHz? 

83 Design the filters determined in Prob. 8.2, assuming the phase detector has a charge 
pump output. 

8.4 A PLL has a reference frequency of 25 MHz. Determine the harmonic with the maxi- 
mum amplitude at the phase detector output for 

(a) An exclusive-OR phase detector. The input waveforms can be assumed to have a 50 
percent duty cycle. 

(b) A dual-D flip-flop phase detector. 

83 Determine the condition between the phases of the two input signals for zero phase error 
in the output of 

(a) A mixing-type phase detector 
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(b) A sampling phase detector 

(c) An exclusive-OR phase detector 

(d) An RS flip-flop phase detector 

(e) A dual-D phase detector 

8.6 Describe how to construct a motor-speed controller using a phase detector and oscilla- 
tor. [Hint: A constant-field dc motor can be described by the transfer function 

% = K 
V c s(t m s + 1) 

where V c is the motor control voltage and 0 o is the motor output angle in radians.] 

8.7 Use a 74LS297 integrated circuit (App. II) to realize a digital phase-locked loop with a 
free-running frequency of 1 MHz. Determine the clock frequency (plus M and K) as 
well as the counter contents in order for the DPLL to discriminate between the two 
input frequencies of 0.9 and 1.1 MHz. 

8.8 For the system described in Prob. 8.7, show how the system response time will vary as 
a function of the contents of the K register. From this result describe the number of 
input signals required for detection. 

8.9 Calculate the maximum output phase change possible in one reference period for a 
second-order type I system that uses a digital phase detector with maximum output 
voltage V. 

8.10 Show that in second-order type I systems, which use a charge pump output phase- 
frequency detector, the maximum frequency change (tracking range) is given by 

(A<w) raax = K 0 V 

8.11 Derive the voltage transfer characteristic for the quad-D flip-flop for the case in which 

Ah- 

8.12 Determine the loop gain K d K a of the MC14046B phase-locked loop. 

8.13 Design a low-pass filter for the MC14046B so that the filter bandwidth is 1 kHz using 
phase comparator I and no frequency offset (/?2 = oo) . 

8.14 Design a frequency demodulator using an MC14046B integrated-circuit phase-locked 
loop. The carrier frequency is 100 kHz, and the frequency deviation is 2 kHz. Use 
j)hase comparator I, 

*8.15 Simulate a nonlinear PLL with a center frequency of 100 kHz, a VCO gain factor of 25 
kHz/V, and a phase detector gain of 2 V/rad. Offset the phase detector by 10° at 50 /x s 
and the VCO by —10° at 150 \x s. Use an LPF with the following transfer function: 

1 

T+L23 E~ 6 s 

*8.16 Simulate a nonlinear and linear PLL with a center frequency of 10 kHz, a VCO gain 
factor of 5000 Hz/V, and a phase detector gain of 2 V/rad. Offset the phase detector by 
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30° and 60°, and compare the VCO input voltages. Use an LPF with the following 
transfer function: 



1 

1 + 1.2£- 5 s 
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Phase-Locked Loop Analysis 



■ 9.1 

INTRODUCTION 

In Chap. 8 it was demonstrated that the phase-locked loop is an exceptionally ver- 
satile circuit with many applications. The system designer first selects the phase 
detector and voltage-controlled oscillator and then determines the loop gain and 
loop filter frequency response. These parameters determine both the loop’s transient 
performance and the system’s noise performance. As mentioned in the last chapter, 
there is an inverse relationship between rise time and bandwidth. The designer also 
faces tradeoffs in establishing the system’s speed of response and its noise perfor- 
mance. Finally, because it is a feedback loop, its loop stability must be ensured. 

Loop performance is first analyzed in this chapter assuming a linear PLL 
model, and then the transient analysis of some nonlinear PLL models containing a 
digital phase detector will be determined. This latter analysis will allow an evalua- 
tion of the results obtained from the less accurate linearized model. 



■ 9.2 

STEADY-STATE ERROR ANALYSIS 



Steady-state error analysis determines the final error in response to inputs, which 
can he expressed as a time polynomial: 

K 

Qr(t) = Y^a n t n 

n = 0 

For phase-locked loops the two inputs of greatest interest are the step input in phase 

0 r (0 = 0 o 

and the step input in frequency 



frit) = f 0 
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FIGURE 9.1 
A linear PLL model. 



or 9 r (t) = f 0 t 

It is important to know what the steady-state error will be in response to these 
inputs. This can be readily determined for the PLL linear model illustrated in 
Fig. 9.1 and derived in Chap. 8. 

The error signal 0 € , defined as 6 r — 0 O /N, can be expressed as 



OM = 



Or(s) 

1 + K v F(s)/(Ns) 



(9.1) 



where K v = K 0 K d . If the systems are stable, the steady-state error for polynomial 
inputs 0 r (t) = t n can be obtained from the final- value theorem: 



lim 0 € (t) — lim s0 € (s) 

t—*oo 0 

.. s 2 G r (s)N 

— } im 

s^-o K v F(s ) 



(9.2) 

(9-3) 



If & r (t) is a step function representing a sudden increase in phase of <f>°, 
0 r (s) = <p/s, and 



sd> 

lim 0 € (t ) = lim 

^oo s-*0K v F(s) 



(9.4) 



then F(s) is either a constant or a low-ppss filter that may include poles at the ori- 
gin. That is, 

£ 

. lim F(s) = — ^0 (9.5) 

s-fO S n 



Therefore, for a step increase in phase, the steady-state error can be written as 



lim 0 f (/) = lim 

f-> oo s — ►O 



s n+l e 0 

K V K 



= 0 



(9.6) 



This equation shows that a stable phase-locked loop will track step changes in phase 
with a zero steady-state error. If there is a constant amplitude change in the input 
frequency (ramp) of A rad/s, 9 r {s) = fo/s 2 , Eq. (9.4) becomes 



lim 0 e ( t ) = lim 



fo 



s-*- o K v F(s) 



fo 

K V F( 0) 



(9.7) 
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If F(0) = 1, the steady-state phase error will be inversely proportional to the loop 
gain K v . Recall that the larger K v is, the larger the closed-loop bandwidth is, and 
thus the faster the loop response. To increase the response speed and reduce the 
tracking error, the loop gain should be as large as possible. If F( 0) is finite, there 
will be a finite steady-state phase error. The frequency error f € {t) = d jdt 0 € ( f ) will 
be zero in the steady state. That is, the input and VCO frequencies will be propor- 
tional (oj r N = a) 0 ). (These conclusions are not correct for PLLs containing digital 
phase detectors. The steady-state behavior of these systems will be discussed in the 
section on large-signal behavior.) 

If it is necessary to have zero phase error in response to step changes in the 
input frequency, then lim J >0 F(s) must be infinite. That is, the dc gain of the low- 
pass filter must be infinite. This can be realized by including in F(s) a pole at the ori- 
gin. In this case F(s) will be of the form 



F(s) = s~ x 



s/co z + 1 
s/(O p -I- 1 



(9.8) 



and the system will be type II, since the open-loop system now has two poles at the 
origin. However, the addition of the pole at the origin creates difficulties with the 
loop stability, and in fact the system will be unstable unless a lead network (co z ) is 
also included in F(s). Loop stability will now be examined in detail in order to 
determine how to design the stabilizing networks for adequate loop stability. 



■ 9.3 

STABILITY ANALYSIS 



Feedback systems whose open-loop transfer function has one pole at the origin are 
known as type I systems. If the open-loop system has N poles at the origin, it is a 
type N system. Most phase -locked loops are either type I or type II systems. The 
PLL has an open-loop pole at the origin because of the VCO, so the system is 
at least type I. A second pole at the origin is often added to the filter to reduce 
steady-state errors and increase the noise suppression; the system is then type H 
The stability characteristics of type I andtype II systems will now be analyzed. 
The methods can be extended to higher-type systems. 

A linear model block diagram for the PLL is given in Fig. 9.1. The open-loop 
gain (negative of the loop transmission) will be denoted as 



G(s) = K v 



F(s) 

s 



where 



= KK a K d 
~ N 



where K d is the phase detector gain, K a is the VCO sensitivity, K is any additional 
loop amplification, and N is the divide ratio. Also, K v is known as the velocity con- 
stant. Stability requires that the closed-loop poles all be located in the left half of the 
s plane (the real part of the poles is less than zero). Stability analysis and system 
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design are best carried out by deducing the closed-loop characteristics from the 
open-loop transfer function and loop gain. The application of Nyquist’s criterion 
(see Chap. 7) to a polar plot of the open-loop frequency response is the most gen- 
eral method. All the PLL systems of practical significance are minimum-phase (no 
open-loop poles or zeros in the right half-plane), so Nyquist’s stability criterion can 
be simplified to studying the open-loop gain and phase characteristics near the unit- 
gain (crossover) frequency. 

The easiest way to analyze the loop stability is to plot the magnitude and phase 
of the open-loop transfer function versus frequency. The phase margin is defined as 

4>m = 180° + argG(M) (9-9) 

where the open-loop crossover frequency co c , is the frequency at which the open- 
loop gain is unity. That is, the phase margin is equal to 180° plus the phase shift 
of the open-loop transfer function (a negative number) at the open-loop crossover 
frequency co c . The greater the phase margin, the more stable the system and the 
more phase lag from parasitic effects can be tolerated. Additional phase lag in- 
variably arises from neglected poles or from the time delay arising in the phase 
detector. 

example 9.1. Consider a phase-locked loop which has K v = 50 rad/s and which con- 
tains a low-pass filter with a comer frequency of 100 rad/s. What is the phase margin? 

Solution . The magnitude and phase of the open-loop transfer function are plotted in 
Fig. 9.2. The system crossover frequency is approximately 50 rad/s. At this frequency 
the phase shift of the open-loop transfer function is =r 112.5°, so the phase margin is 
67.5°. 

In this example the complete phase plot was presented, but once one is familiar 
with phase plots, they no longer need to be included. Since these are minimum- 
phase systems, the phase is uniquely determined by the magnitude characteristics. 
One can simply calculate the phase shift after determining the open-loop crossover 
frequency from the magnitude plot. 

example 9.2. In Example 9.1, if the filter comer frequency had been 10 rad/s rather 
than 100 rad/s, what would have been the, system phase margin? 

Solution. To determine the phase margin, first plot the magnitude of the open-loop gain 
and determine the crossover frequency. The straight-line approximation of the magni- 
tude is plotted in Tig. 9.3. And a> c is found to be approximately 22 rad/s. Thus, the sys- 
teip phase margin is 180° — (90 c + tan - *2.2) = 23.40°, which is too small for satisfac- 
tory loop stability. This is in agreement with Bode’s rule, which states that if the 
magnitude of the open-loop response crosses the 0-dB line with a slope of — 12 dB per 
octave, the system is unstable. 1 In this example, the straight-line approximation for the 
gain decreases at — 12 dB per octave, but the actual response crosses the 0-dB line with 
a slope slightly more positive than -12 dB per octave, hence the small phase margin. 

Although the most important design parameters concerning system frequency 
response are the closed-loop bandwidth cc>h and the peak value Mp of the closed- 
loop frequency response, no design techniques exist that allow one to easily speci- 
fy (Oh and M P for higher-order systems. However, it is relatively easy to design for 
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FIGURE 9.2 

Magnitude and phase response of the open-loop system discussed in Example 9.1. 



specified open-loop parameters a> c and (f>M- There are approximations which relate 
co c and <j> M to co n , M P , £, and thus to the system rise time and overshoot. Fortunate- 
ly, the conditions under which these approximations are valid are satisfied by most 
PLLs. 

Since the interpretation is different for type I and type II systems, they will be 
discussed individually/ 




FIGURE 9.3 

Magnitude response of the system dis- 
cussed in Example 9.2. 
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Type I Systems 

Consider first the case in which F(s) is a first-order low-pass filter. For this case the 
open-loop transfer function is 



G(jco) = 



K v 

ja)(jo)/o) L + 1) 



(9.10) 



where (o L is the filter bandwidth and the loop velocity constant K v is the product 
of the phase detector gain K d , the VCO gain K 0 , any additional gain K, and \ / N\ 
that is. 



K d K 0 K 

N 



If N is unity, the closed- loop transfer function is 

if 

0 r \a>i (O n ) 


(9.11) 


where 


a£ = K vM L 


(9.12) 


and 




(9.13) 



By setting the magnitude of the open-loop transfer function (Eq. 9.10) to unity, the 
open-loop unity-gain frequency is easily shown to be 



co c = co L 



[l + 4(K„M.) 2 ]' /2 -l| l/2 



(9.14) 



Once co c is known, the phase margin 



4>m = 90° — tan 1 — = 90° — tan 
m>l 



„ i /{1 + [( 2 C 2 ) 2 ] -1 } 1/2 — 1 



1/2 



(9.15) 



can be calculated. This equation is plotted in Fig. 9.4. The parameters of the closed- 
loop system that are most important are adequate stability (which is related to phase 
margin), system bandwidth (which determines the speed of the transient response), 
and system transient response (which is described by the rise time and overshoot). 
The system bandwidth for a low-pass transfer function is defined as the frequency 
at which the gain is equal to 0.707 times its dc value. The bandwidth of the system 
represented by Eq. (9.11) is 



(o h = co„[l ~ 2£ 2 + (2 - 4< 2 + 4£ 4 ) 1/2 ] 1/2 (9.16) 



For the underdamped second-order system given by Eq. (9.10) (£ < 1), the peak 
value of the time response to a unit step input can be shown to be 



P 0 — 1 + exp 






-nK " 
(1 - < 2 ) 1/2 _ 



(9.17) 
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FIGURE 9.4 

Phase margin as a function of damping 
ratio for a type I system. 



and the percent overshoot 

Pc = ) 100 = - O 100 

The overshoot is determined solely by £. And P D as a function of £ is plotted in 
Fig. 9.5. For zero damping the overshoot is 100 percent, and it decreases to zero 
for a unity damping ratio. 

For high-order systems, the overshoot and bandwidth are not as readily related 
to the open-loop system parameters, but a good first approximation is that Eqs. (9. 1 6) 
and (9. 17) hold true for higher-order type I systems. The damping ratio is defined in 
terms of the phase margin by Eq. (9.15). It is relatively easy to design a system to 
have a given phase margin, and the design can then be evaluated by using computer 
simulation. If the simulation indicates that the overshoot is too high (or too low), then 
the phase margin can be increased (or reduced), but the relations between phase mar- 
gin, damping, and overshoot are amazingly accurate for higher-order type I systems. 




0.2 0.4 0.6 0.8 1.0 

Damping ratio 



FIGURE 9.5 

Step response peak overshoot as a 
function of damping ratio for a 
type I second-order system. 
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This implies that the response of many feedback systems can be described by a 
second-order model. Also, the closed-loop bandwidth can be related to the open-loop 
crossover frequency ®c. (It is usually about 50 percent greater). 

If a design is desired for a specified peak transient overshoot, Eq. (9.17) can be 
used to determine the required damping, and then Eq. (9.15) can be used to deter- 
mine the required phase margin. 

example 9.3. Consider a type I PLL with the open-loop transfer function 



s{s/q) L + l ) 2 

which corresponds to a PLL with a second-order filter for increased suppression of the 
high-frequency components. What should a>i be so that the system has approximately 
20 percent overshoot to a step input? 

Solution. Although the relationships between overshoot, damping ratio, and phase mar- 
gin have been derived for a second-order system, we will assume that they apply to the 
third-order system. From Fig. 9.5 it is seen that 20 percent overshoot to step input cor- 
responds to the damping ratio f = 0.5, and Fig. 9.4 shows that the damping ratio of 0.5 
corresponds to a phase margin of 50°. For a phase margin of 50° the low-pass filter must 
have a phase shift of —40° at the crossover frequency od c . Therefore, each filter pole can 
contribute —20° at the crossover frequency. That is, tan ~~ l ((o e /a> L ) = 20°. Therefore, 
oi L must be significantly larger than o) c . Using Eq. (9.14) with K v = 100 rad/s and 
col = 258 rad/s, the crossover frequency is approximately 94 rad/s. The open-loop gain 
and phase plots are given in Fig. 9.6. It is seen that the crossover frequency is 15 Hz, 
and the phase margin is 50°. When the closed-loop step jesponse of the system is sim- 
ulated, the peak overshoot is found to be 14 percent. The use of the second-order 
approximations gives a fairly good estimate of the third-order characteristics. Also, we 
know that the overshoot can be increased by decreasing the phase margin. In fact, in this 
case selecting (o L = 233 rad/s corresponding to phase margin of 43.5° gives an over- 
shoot of 20 percent. The step response is plotted in Fig. 9.7. The rise time (10 to 90 per- 
cent) is approximately 1 3 ms. 



Pole-Zero Filter 



A zero can be added (o the loop filter, resulting in the transfer function 



F(s) 



1 + s/co z 
1 + sjoip 



(9.18) 



The addition of the zero increases the ability to shape the loop’s frequency response, 
but it decreases the amount of reference-frequency filtering. If co z > co py then the 
open-loop frequency is as shown in Fig. 9.8. In this case F(s ) is used to reduce co c 
and the closed-loop bandwidth. For good loop stability, the frequency of the zero fil- 
ter o) z should be less than the open-loop crossover frequency. 

If > co z , then the open-loop frequency response is as shown in Fig. 9.9. In 
this case the addition of the filter zero is used to increase the loop bandwidth. It 
also increases any high-frequency noise which may be present. However, since 
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FIGURE 9.7 

Step response of the system discussed in Example 9.3 
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FIGURE 9.8 

Magnitude response of a type I system 
with a pole-zero filter with oo t > co p . 



F(s) is assumed to have a dc gain of unity, it can only be realized using active com- 
ponents. 

In the preceding example, the loop gain K v was fixed, and it was necessary 
to select the loop filter bandwidth to achieve the desired transient performance. 
Often the filter bandwidth selection is based on the required suppression of the 
phase detector spurious (the reference frequency and its harmonics). The design 
procedure is the same in this case, only now the loop gain is chosen to give the 
desired phase margin. 



Control of Loop Bandwidth 

In some instances it is also necessary to specify the loop bandwidth. To control both 
the loop damping and bandwidth, an amplifier can be added in series with the low- 
pass filter. If the filter is implemented using active components, the additional gain 
can be obtained without any additional components. 

example 9.4. Consider again Example 9.3, with the additional specification that the 
rise time in response to a unit step input be less than 1.3 ms. 




FIGURE 9.9 

The pole of the pole-zero filter is 
larger than the zero frequency. 
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Solution. Since the overshoot is to be 20 percent, the phase margin must still be approx- 
imately 45°. To design for the rise time specification, it often suffices to use the approx- 
imation 

— (9.19) 

0>h 

which is exact only for first-order systems, but provides a good design guideline for 
higher-order systems. Thus, coh should be greater than 2.2 jt r = 1.69 x 10 3 rad/s. 

There are several approximations for estimating the closed-loop bandwidth from 
the open-loop frequency response. The simplest approximation is to assume the closed- 
loop bandwidth is the same as the open-loop crossover frequency. This is exact for first- 
order type I systems. A more accurate approximation for higher-order systems is usual- 
ly obtained by using Eq. (9.16). In this example, assuming that £ = 0.45, 

= 1.27 x 10 3 = {K v( o l ) XI2 

Since the phase margin is to be the same as in the previous example, it is reasonable to 
assume that the ratio K v jo)i remains constant. The filter frequency must also be 
increased to maintain the same phase margin. In this case, K v = 0.83 x 10 3 rad/s. 

For this value of K v , the closed-loop bandwidth is 1250 rad/s and the rise time is 
1.6 ms. For this example, increasing K v to 1000 and coi to 2330 rad/s meets the speci- 
fications. 

A plot of the step response is shown in Fig. 9.10. The peak overshoot is 20 percent, 
and the rise time is 1.3 ms. The two specifications are now met. In general, two 
adjustable parameters, such as loop gain and filter bandwidth, are needed to indepen- 
dently specify overshoot and rise time. 

A plot of the magnitude of the closed-loop frequency response is given in Fig. 9.11. 
The actual closed-loop bandwidth is 1500 rad/s. This example illustrates that the 
approximations can work well for higher-order systems. 

The use of the phase margin specification provides an easy method for meet- 
ing the system design specifications. Third-order and higher systems normally 

Yo 




FIGURE 9.10 

Step response of the system discussed in Example 9.4. 
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FIGURE 9.11 

Closed-loop frequency response of the system discussed in 
Example 9.4. 



cannot be solved analytically. For these systems, designing to meet a specified 
phase margin allows one to make a very good first approximation. Closer spec- 
ifications, if necessary, are then achieved with computer simulation. A similar 
approach can be used for type II systems, but a different set of approximations is 
needed. 



Type II Systems 



The previous steady-state error analysis showed that for zero steady-state phase 
error in response to step changes in the input frequency, the low-pass filter F{s) 
must contain a pole at the origin. The open-loop system will then have two poles at 
the origin. This is referred to as a type II feedback system. Type II systems are inher- 
ently unstable unless a phase lead network is added inside the loop. If F(s) is sim- 
ply 1/s, then the opendoop transfer function is 

. ' G(s) = ^ (9.20) 

s 2 



which, as shown in Fig. 9.12, crosses the 0-dB axis with a slope of —12 dB per 
octave, and the phase margin is 0°. The 0-dB point is the frequency at which 




or 



a>. 



= K X J 2 



(9.21) 



The loop gain K a has dimensions expressed in radians per second squared. 
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FIGURE 9.12 

Magnitude response of a type II 
second-order system. 



Bode developed a rule of thumb for interpreting the system stability from a plot 
of the magnitude of the open-loop frequency response. 1 Specifically, if the open- 
loop frequency response crosses the O-dB line with a slope of —6 dB per octave, the 
system is stable. If the slope is -12 dB per octave or even more negative, the sys- 
tem is unstable. 

In order to stabilize this system, a network must be added that alters the gain 
so that it crosses the O-dB line with a slope of —6 dB per octave. Such a network 
is referred to as a lead network, since it has a positive or leading phase shift. Fig- 
ure 9.13 illustrates the gain modified with the simplest lead compensation that can 
be used. Here a zero at co z has been added to the open-loop transfer function. The 
composite low-pass filter transfer function is 



F(s) = 



s/co z + 1 
s 



(9.22) 



The zero location a) z is selected to give the desired phase margin. The smaller o) z is, 
the greater will be the phase margin and the greater will be the crossover frequency 
c o c . Note that this system is also a second-order control system. 

Figure 9.14 illustrates an easy method for realizing the filter pole and zero for 
the case in which the phase detector output is a charge pump. The VCO control 
voltage is 

VA*) = < 9 - 23) 




FIGURE 9.13 

Magnitude response of a type II second- 
order system including a lead network. 
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A lead network used with a charge pump. 
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toVCO 



The capacitor realizes the additional pole at the origin, and the addition of the resis- 
tor R realizes the zero at 

a> : = ( RC )-' (9.24) 

Note that without the resistor the system would be unstable. 

If the phase detector output can be modeled as a voltage source (low output 
impedance), then the circuit illustrated in Fig. 9. 15 can be used to realize the desired 
transfer function. In this case, 



V c (s) = V D (s ) 



R 2 SC + 1 
(/?i + R s )sC 



The open-loop transfer function is 



G = 



K a (s/co z + 1) 



(9.25) 



and the closed-loop transfer function is 



G(s) s/o) z + 1 

1 + G(s) ~ s 2 /K a +s/(x) z + \ 



(9.26) 



The new transfer function is not as easily analyzed as is Eq. (9.11) because of the 
presence of the zero at co z . The design of type II systems is most easily carried out 



C R 2 




FIGURE 9.15 

An active lead network to be 
used with a voltage source. 
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using Bode design techniques; note that if co z = a) c , which requires that co c = 
the calculated phase margin (using the straight-line approximation) is 45°. The 
phase margin will be greater than this since the actual crossover frequency will be 
increased by the addition of the zero at co z . The following example illustrates the 
application of Bode design techniques for the design of type II systems. 

example 9.5. For a PLL with a K a of 1000 (rad/s) 2 , design a low-pass filter such that 
the system will have zero steady-state phase error in response to constant-frequency 
inputs, less than the 20 percent overshoot to step changes in the input phase, and a rise 
time of less than 1 ms. 

Solution. The solution calls for a type II system; the simplest open-loop transfer will be 
of the form 



^ ^a(' s / <w z + 1 ) 

G(s) = = 

s 2 

Since all stable type II systems meet the steady-state error specification, the only prob- 
lem is to select co z to meet the overshoot and rise-time specifications. If co z is made 
much less than K a , the phase margin will approach 90° and the open-loop crossover 
frequency will be that of a first-order system. The open-loop crossover frequency will 
then be approximately K a /o) z , and the system will behave as a first-order system meet- 
ing the overshoot specification, since there will be no overshoot. However, there is 
much less reference filtering. 

If the characteristics of a second-order system are to be maintained, it will be nec- 
essary that o) c = (KjK 0 ) l/1 = Ka /2 . Note, however, that co c — K X J~ = 1000 l/2 in this 
case, so the crossover frequency is too low to meet the rise-time specification 
(t r ~ 2.2/1000 1 '' 2 s). Therefore, additional gain will be required in the loop. For the first 
estimate the open-loop gain K a will be selected so that the open-loop crossover fre- 
quency a> c = 2.2 x 10 3 . This crossover frequency should result in the system’s meeting 




FIGURE 9.16 

Closed-loop frequency response of a type II system with 54' 
phase margin (Example 9.5). 
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the rise-time specification. And must equal (2.2 x 10 3 ) 2 . The filter zero will also 
be set equal to co c , since this will give a phase margin greater than 45° and will actually 
increase the crossover frequency above that estimated using the straight-line approx- 
imation. The actual crossover frequency turns out to be close to 3 x IQ 3 rad/s, and the 
phase margin is 54°. The magnitude of the closed-loop frequency response, plotted in 
Fig. 9.16, has a peak value of M p =3.5 dB. The system step response, plotted in 
Fig. 9.17, has a rise time of approximately 0.5 x 10~ 3 s and a 30 percent overshoot. 

Because the overshoot is far greater than would have been predicted from the 
phase margin, this indicates that the required phase margin predicted from the analy- 
sis of type I systems is not always a good predictor of step response in type II systems. 
Nevertheless, system performance can readily be improved by increasing the phase 
margin. In this system the phase margin can be increased by increasing K a or decreas- 
ing both of which will increase the crossover frequency co c . For this example a> z 
was first reduced to 1.665 x 10 3 rad/s, and the overshoot^ was found to be (using com- 
puter simulation) 24 percent. For the next trial co z was reduced to 1.25 x 10 3 rad/s 
(the open-loop crossover frequency increased to 3.8 x 10 3 rad/s); the phase margin 
was approximately 70°. The step response, plotted in Fig. 9.18, has a peak overshoot 
of 17 percent, and the frequency response, plotted in Fig. 9.19, has an M p of 1.6 dB. 
The rise time is approximately 0.45 x 10~ 3 s. Since this is less than one-half of the 
specified rise time, the loop bandwidth could be reduced by 50 percent and still meet 
the transient response specifications. This can easily be accomplished by reducing 
both o> z and the square root of K a by 50 percent. The closed-loop frequency 
response and the step response are plotted in Figs. 9.20 and 9.21 for the case in 
which co z = 0.625 x 10 3 and K a = 1.21 x f0 6 . The closed-loop bandwidth has been 
reduced to 350 Hz, the step response rise time is 0.85 x 10“ 3 s, and the overshoot is 
17 percent. 

The preceding example illustrates that the relationships derived for type I sys- 
tems between phase mafgin, damping ratio, and overshoot are not accurate for the 
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FIGURE 9.19 

Closed-loop frequency response of a type II system with 
70° phase margin. 



type II systems under discussion. Therefore, type II systems will now be analyzed 
and appropriate design approximations derived. For the open-loop system 

K a (s/o> z + 1) 



The error signal transfer function is 



OAs) = 



BAs) 

1 + K a G(s) 



0r(s)s 2 

s 2 + K a (s/(o z + 1) 



(9.27) 




FIGURE 9.20 

Closed-loop frequency response of a type II system that has a smaller 
bandwidth than the system of Fig. 9.19. 
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FIGURE 9.21 

Frequency step response of 
system discussed in 
Example 9.5 (smallest- 
bandwidth case). 



and the error in response to a unit step input is 



OAs) = 



( 9 . 28 ) 



s 2 + K a (s/o) z + 1 ) 

The corresponding time domain response is 

0 ( (t) = e _fWn ^coso) M (l - < 2 ) 1/2 t - y— ^ sin<w„(l - £ 2 ) ,/2 /J (9.29) 

<ol = K a 



where 

and 

or 



K * 

2 $(*>„ = 

CO, 



$ = 



K ' 1 

2(0, 



( 9 . 30 ) 



( 9 . 31 ) 



The peak overshoot can be determined by calculating the minimum error signal 
since for a step input 

Bait) = 1 - $At) 

The peak output signal is found by first finding the time at which the error signal is at 
a minimum; this is determined by setting the first derivative equal to zero. That is, 

^ = -^ri^^coscoAl ~ C 2 ) 1/2 t + - _^ 2 sino)„(l - < 2 ) 1/2 tJ 



— a> n { 1 - £ 2 ) 1/2 e fa>n ' sin&>„(l — £ 2 ) 1/2 f 

) n e~ ia>nt cosft)„(l - £ 2 ) 1/2 t = 0 



( 9 . 32 ) 



(1 - £ 2 ) 1/2 

h the mil 



The time t p at which the minimum error occurs is found to be 



( 9 . 33 ) 
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FIGURE 9.22 
Percent overshoot of the step 
response of a type II second-order 
system. 



If we define 



t' p = a>„( 1 - Z 2 y /2 t p = tan 



-l 



2£(1 — C 2 ) 1/2 
2£ 2 — 1 



then the corresponding peak value of the output is 

p o = 1 + exp 0 _^ )tn t' p [cos r ; - - -Tf y H sin 'r\ < 9 ' 34 > 

The peak overshoot P G as a function of t;(Kl /2 /co z — 2<) is plotted in Fig. 9.22. 
The open-loop crossover frequency of this type II system can be found by solving 



K a (jco/(o z + I) 

CO 2 



It is readily shown that 

a> c = K'J\ If + (4f 4 + 1) 1/2 ] 1/2 (9.35) 

The normalized open-loop crossover frequency a> c / K ] J 2 as a function of f is plotted 
in Fig. 9.23. Figure 9.23 shows that increasing £ (by either increasing K a or decreas- 
ing fu^) increases the open-loop crossover frequency, and hence the closed-loop 
bandwidth B. The closed-loop bandwidth can be determined analytically by solving 

, > ' \K a (jo)/(o z + l)/cu 2 | 2 _ 1 

|1 + K a {j(o/co z + 1)/0‘&>) 2 | 2 2 

It is found that the closed-loop bandwidth is 

B = K x/2 [ 1 + V? + (2 + 4£ 2 + 4 ^ 4 ) 1/2 ] 1/2 rad/s (9.36) 

The normalized closed-loop bandwidth BjK x J 2 as a function of £ is plotted in Fig. 
9.24. 

The type II systems under discussion have two variables, the open-loop gain con- 
stant and co z , the filter zero location. These two variables can be used to determine 
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FIGURE 9.23 

Normalized crossover frequency 
1/2 1 J 
(o c /K a of a type II second-order 

system. 



the system bandwidth and transient response to a step input. The procedure is illus- 
trated by the following design example. 

example 9.6. A type II system is to be designed to have 20 percent overshoot to a unit 
step input of phase and a closed-loop bandwidth of 10 3 rad/s. 

Solution. From Fig. 9.22 we see that 20 percent overshoot (P 0 = 1.2) corresponds to 
£ = 0.8. For this value of f , Fig. 9.24 indicates that the closed-loop bandwidth is 

B = K X J 2 (2.18) 



3.0 r- FIGURE 9.24 

Normalized closed-loop bandwidth 
1/2 1 
BjKa of a type II second-order 

_ system as a function of the closed- 

✓ loop damping ratio. 




1.5 h 



1 I 1 I 1 I 1 l I 1 

1.0 



1.0 



0.1 



0.5 



374 



chapter 9: Phase -Locked Loop Analysis 



so 

Therefore, 



K a 




= 0.21 x 10 6 (rad/s) 2 



c o n =459 rad/s 



(o n 

and (o. = — = 287 rad/s 

2 £ 

If this system is to be realized using the phase-locked loop filter illustrated in Fig. 9.14, 
the loop gain I/(CK 0 ) = K a must be 0.21 x 10 6 ; or if the gain is less, additional ampli- 
fication will be required. The resistor R is selected so that 

(KCr 1 = 287 rad/s 



Type II Third-Order Systems 

Type II third-order systems cannot be solved analytically as easily as the type II 
second-order systems, but the results obtained for second-order systems can be used 
as approximations in the design of third-order systems. The simplest open-loop 
transfer fuhction of a type II third-order system is of the form 

_ K a (sj(o z + 1) 
s 2 (s/co p + 1) 

The additional pole at co p may be inherent in one of the transfer functions, or 
it may be added to the loop filter to increase the high-frequency filtering. A third- 
order type II system will have a high-frequency attenuation rate of 12 dB per 
octave, while a second-order type II system will roll off at —6 dB per octave. The 
third-order type II system is most easily analyzed by studying the phase charac- 
teristics of 



G F (j(o) = 



j(o/co z + 1 



(9.37) 



jcofcop + 1 

Since arg G(jto) = —n -)- arg G F (jco) 

The system "will be v unstable if co p < (o z . Therefore, this case does not need to be 
considered. If co z < q) p , then the phase margin is 



4> m = arg G F (jco c ) - tan 1 — - tan J — 



(J) r 



,-l 



(O r 



co 7 



(On 



(9.38) 



A plot of arg G F (jco) for various values of ot = co p /co z is contained in Fig. 9.25. 
The frequency at which the peak value of arg G F (jco) occurs can be found by 
setting the derivative dfdco arg G F (jco) equal to 0. It is readily shown that the fre- 
quency to at which the arg G F (jco) is a maximum is 

co m = {(O z (O p ) X/2 



(9.39) 
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FIGURE 9.25 

Lead network phase shift as a function of frequency for selected lead ratios a. 



If this form of transfer function is to be used as the stabilizing filter, then selecting 
the crossover frequency equal to 

ft > c = (o> z a> p ) l/2 " (9.40) 

will result in the maximum phase margin. If co c ^ (&j,ct> p ) 1/2 , then a larger lead 
ratio a will be required to obtain the same phase margin. A plot of the maximum 
phase lead available from G F (ja>) as a function of a is plotted in Fig. 9.26. Once 
the designer knows the necessary phase margin, the necessary lead ratio can be 




FIGURE 9.26 

Phase lead available as a function 
of lead ratio a. 



Phase lead. 



90 
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obtained from that figure. The required phase margin can be estimated by again 
considering the characteristics of the type II second-order system. Equation (9.35) 
gives the open-loop crossover frequency of this system as a function of K a and £ 
(or a) z ). For the second-order type II system, the phase margin is 



<f>M = tan' 



a. >c 
co z 



Substituting co c from Eq. (9.35), we obtain 



<Pm = tan 



^M2? 2 + (4f 4 + l) l/2 ] l/2 



= tan -1 {2£ [2£ 2 + (4£ 4 + 1) 1/2 ] 1/2 } 



(9.41) 



The corresponding phase margin as a function of £ is plotted in Fig. 9.27. The per- 
cent overshoot as a function of phase margin is plotted in Fig. 9.28. The use of these 
curves in the design of a type II third-order system is illustrated in the following 
example. 



example 9.7. Consider again the type II system of the previous example. 

K a = 0.21 x 10 6 (rad/s) 2 

Determine a lead-lag network so that the closed-loop system has approximately the 
same overshoot to step changes in phase. 

Solution. Figure 9.28 indicates that for a type II second-order system, the phase mar- 
gin must be at least 70° for the overshoot to be 20 percent or less. If we assume that the 
same phase margin will be required for the type II third-order system, then we can deter- 
mine the minimum lead ratio required from Fig. 9.26. This figure indicates that a lead 
ratio of 28 is required for a phase margin of 70°. The remaining design problem is to 
determine co z , which is to be placed so that Eq. (9.39) is satisfied. At a> c the magnitude 




FIGURE 9.27 

Phase margin of a type II second- 
order system as a function of damp- 
ing ratio. 



Overshoot, 
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Phase margin, 0 



90 



FIGURE 9.28 

Percent overshoot in response to a step 
input as a function of phase margin for 
a type II second-order system. 



of the lead network response is (in decibels) 

20 log CHM) = 20 log + = 10 log 

| j(o c l(aco z ) + 1 1 a) 2 /(a 2 o)j ) + 1 

and since coj = acu 2 , 



(9.42) 



20 log Gf(j(o) = 10 log 



Of + 1 
a~ l + 1 



20 log a 1/2 



(9.43) 



That is, the magnitude of the gain of the lead-lag network is equal to of at the cross- 
over frequency, provided Eq. (9.40) is satisfied. In this example, with a equal to 
28, Gf(j(o c ) increases the gain by 

20 log28 1/2 = 14.5 dB 



at 0 ) c , so we must determine where the uncompensated frequency response is — 14.5 dB. 
That is. 



20 log — ^ = -14.5 dB 
or 



which occurs at 

<o c = 28 1/4 K l J 2 = 1.06 x 10 3 rad/s 

The 28: 1 lead ratio'will increase the crossover frequency by a factor of 2.3. The zero is 
placed at 

k 

- ^T/2 = 200rad/s 

and the pole at 

o) p =28 co z = 5600 rad/s 

The frequency response of the systems described in the preceding two examples is 
compared in Fig. 9.29. The third-order system has a wider bandwidth, and for frequen- 
cies above 10 3 Hz it also has greater attenuation. This attenuation could be desirable 
for the additional filtering of input noise that is created in the phase detector. The band- 
width of the third-order loop could be reduced by reducing K a (plus co z and (O p ). The 
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FIGURE 9.29 

Frequency response of second- and third-order type II systems. 



transient responses of the two systems are shown in Fig. 9.30. The third-order system 
has a shorter rise time, as expected, since it has the greater bandwidth. Note that its 
overshoot is 13 percent, significantly below the specified 20 percent maximum. The 
overshoot could be increased, if desired, by reducing the phase margin either by reduc- 
ing the lead ratio or simply by increasing a) p . 




FIGURE 9.30 

Step response of second- and third-order type II systems. 
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Time-delay 


At — T) — e 0 (t) 




network 





FIGURE 9.31 
A time-delay network. 



The analysis of type II systems selected the filter bandwidth after the loop gain 
has been determined. Often the filter frequency response is first determined based 
on other considerations, particularly suppression of the high-frequency components 
of the phase detector output. If the filter is specified, then the loop gain is selected 
so that the desired phase margin is obtained. 



Loops Including a Time Delay 



Many phase-locked loops include a time delay, which can seriously degrade loop 
stability. Time delays, for example, can occur in sampling phase detectors and dig- 
ital dividers. Figure 9.31 illustrates a time-delay network in block diagram form. 
For an input fit) to a time-delay network, the output is 



Therefore, 



e a (t) = fit - T ) 



= f 

Jo 



f(t - T)e-” dt 



= F(s)e 



-sT 



(9.44) 



That is, the transfer function of a time-delay network is 



£(>(.$) — s -f 

=e 

F(s ) 



(9.45) 



The delay network is shown is block diagram form in Fig. 9.32. 

The magnitude of the frequency response of a time-delay network is \e~i wT \ = 
1 , so the time delay does not affect the magnitude of the frequency response. How- 
ever, the phase shift 

arg e~ j0}T = —a/f 

is a linearly decreasing function of frequency. The effect that a time delay can have 
on stability is illustrated by the following examples. 

example 9.8. A simple linear model of a PLL consisting of a VCO and phase detec- 
tor (modeled as a time delay) is illustrated in Fig. 9.33. The problem is to determine for 
what value of delay T the loop will become unstable. 

Solution. Since the open-loop transfer function is 



s 



F(s) 



9— sT 



E 0 (s) FIGURE 9.32 

Block diagram of a time-delay network. 
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FIGURE 9.33 

Linear model of a type I PLL 

including a time delay. 



the crossover frequency is found from 

\e- j0)T K o 



jv 



= 1 



or K 0 = cd c 

The phase shift at the crossover frequency is 

, * ~ 
0 = - 2 ~<*>c T 



and the system will be marginally stable if 




or 



T = 



7t 

2 T 0 



For smaller values of T, the system will be stable, and for larger values of T it will be 
unstable. 



In the preceding example the system would have been stable for all values of 
gain if it had not been for the phase lag due to the time'delay. In more complex sys- 
tems, it is usually not possible to arrive analytically at a relationship between loop 
gain and time delay T, but the effect of the time delay on phase margin is readily 
determined. This is illustrated by the following example. 

example 9.9. Consider the phase-locked loop system with the open-loop transfer 
function 



w s^/1192+ 1) 

This system is found to have a phase margin of 50° and a crossover frequency of 
approximately 1Q0 rad/s. What time delay can the phase detector introduce and still 
have a phase margin of 40° ? 

Solution. Since the phase margin without time delay is 50°, a 10° phase lag can be 
introduced by the time delay at the crossover frequency. That is, 

4> t = -ct > C T < -0.174 rad (10°) 

So T < = 0.174 x 10“ 3 

(O c 

In a well-designed system with adequate phase margin, an additional phase lag 
of 0. 1 rad can usually be tolerated. In such a system, any time delay T introduced 
will not be a significant factor, provided T < 0.1 /a> c . 
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FIGURE 934 
A PLL including a sam- 
pling phase detector. 



Loops Containing a Sample-and-Hold Phase Detector 



Consider the phase-locked loop shown in Fig. 9.34, which contains a sampling 
phase detector and zero-order data hold. It was shown in Chap. 8 that this PLL can 
be replaced by the linear model shown in Fig. 8.22. 

The open-loop transfer function is 



G(jco) = 



K v e~ jMT/2 

jo> 



sin ( (oT j 2) 
o)T/2 



(9.46) 



This system appears to be a type II system since there are two poles at the ori- 
gin, but since 



. sin (coT IT) 

hm ~ — 

a»->o a >T /2 



1 



there is also a zero at the origin. Hence the system is type I. At the crossover fre- 
quency co c , the open-loop phase shift is 



<f> = - 



7V 

2 



o> c T 

2 



and the phase margin is 



4>M =7 T + 0 = — 



co c T 

~Y~ 



Since the magnitude of the open-loop gain at the crossover frequency is unity, 

T sin (w c T/2) _ 

2 ’ (co c T/2? 



or 



t = (a> c r/2 ) 2 

2 v sin ((o c Tf 2) 

_ (tt/2 - <p M ) 2 
sin (7r/2 - <j> M ) 



(9.47) 



This equation describes the relation between phase margin 4 > M , sampling period T, 
and loop gain K v for a PLL composed of an ideal sampling phase detector, zero- 
order data hold, and VCO. The plot of (T/2)K V as a function of <f> M given in 
Fig. 9.35 shows that for each value of (f> M there is a single value of (T/2)K V . For a 
(T/2)K V of (tt/2) 2 , the phase margin is 0°. As K v is decreased, the phase margin 
increases and reaches 90° for K v = 0. 
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FIGURE 9.35 

Phase margin as a function of sam- 
pling rate for a second-order PLL 
using a sampling phase detector. 



The effect on loop performance of changes in the other system variable (the 
sampling rate T) can be determined in the same manner. Since at the crossover fre- 
quency o) c the magnitude of the open-loop gain is unity, 

T sm(a> c T/2) _ 

2 v (co c T/2)> 

If K v T remains constant and the sampling rate T is changed, (o c must change such 
that (d c T is constant. That is, if the sampling rate is decreased ( T increases), and K v 
decreases so that TK V remains constant, the crossover frequency must decrease so 
that o) c T remains constant. 

example 9.10. Calculate the value of K v required for a 45° phase margin in a PLL whose 
open-loop transfer function is given by Eq. (9.46). 

Solution. In order to have a 45° phase margin, the phase lag of the sample-and-hold detec- 
tor must be 45° at the crossover frequency. Therefore, a> c T/2 — njA and the crossover fre- 
quency must be co c = nj{2T). Since the magnitude of the open-loop gain is unity at the 
crossover frequency, K v is determined from 

T ^ sin (n/A) 

2 v (tt/4) 2 

„ (*/4) 2 2 3 ' 2 

or K v = * 

An important characteristic of the sample-and-hold phase detector is the time 
delay, which is equal to one-half of the reference period. The effect on the magni- 
tude of the frequency response can usually be ignored, but the time delay can sig- 
nificantly affect the loop stability. 



■ 9.4 

PLL TRANSIENT PERFORMANCE 

Since the PLL is a nonlinear device over much of its operating range, the complete 
performance of the loop depends especially on the type of phase comparator used in 
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the system. Nevertheless, an approximate analysis of the system performance pro- 
vides insight for formulating generalized design guidelines. Before we consider the 
dynamic performance of the loop, it is instructive to consider the range of input fre- 
quencies over which the loop can remain locked. First consider a type I loop with a 
sinusoidal phase detector. If the PLL is in lock, small changes in the input fre- 
quency will cause a change in the phase detector output voltage in the direction 
that drives the error signal back toward zero. The change in frequency will be the 
forward loop gain times the error voltage, or 

A / = K d K a cos 0 e 

where 0 e is the phase error. This equation assumes that the signals are changing so 
slowly that there is no attenuation in the low-pass filter. Since cosO f < 1, 

A/ < K d K 0 = K v 

That is, the maximum change in frequency for which a type I loop can remain 
locked, referred to as the lock range or tracking range, is less than or equal to the 
forward loop gain. Lock range refers to how far the input frequency can change 
(slowly) without the loop’s losing frequency lock. The same analysis holds for 
digital phase detectors, except that K d is replaced by the detector output voltage 
in the expression for K v . Capture range refers to how close the input frequency 
must come to the free-running frequency of the VCO before lockup can occur. 
When the frequency error is other than zero, the PD output voltage is attenuated 
by the low-pass filter before it reaches the VCO. The capture range is thus less 
than the lock range. The actual value depends on the type of low-pass filter used. 
A general expression for loop capture range is not available, as the system is highly 
nonlinear. 

For type II loops, K v is theoretically equal to infinity. The dc value of the phase 
detector output is integrated over time and, if saturation does not occur, can become 
arbitrarily large. The tracking range of type II loops is limited by the dynamic range 
of the voltage-controlled oscillator. The loop capture range cannot exceed the fre- 
quency range of the VCO. 



Transient Analysis of the Linearized PLL 



In studying thd transient response of phase-locked loops, one must consider the lin- 
ear (small-signal) and nonlinear (large-signal) operation of the loop. We will con- 
sider bdtfi the linear and nonlinear responses of type I and type II PLLs. For the lin- 
ear model, the error signal $ ( {s) is obtained from Eq. (9.1), and the output signal is 



e r (s)K 0 K d F(s)/s 
1 + [K 0 K d F(s)/s]N 



(9.48) 



In the following analysis it is assumed that the initial phase error is zero and 
that it remains sufficiently small that the loop operation remains linear. Also N will 
be assumed equal to 1 to simplify the notation. 
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Type I Systems: Phase Step Response 

If at t = 0 the input phase is suddenly changed by an amount 4>[6 r (s) = <p/s], the 
error signal is 



OAs) = 



<t> 



s{\ + K v /[sF(s))} 
If no low-pass filter is used in the loop [FCs) = 1], then 



and 



9AS) = s + K v 
s f (t) = <t>e~ Kvt 



(9.49) 



The error voltage decays exponentially toward zero with increasing time. 
The larger the loop gain, the faster the loop responds to the change in phase. If 
F(s ) is a simple low-pass filter, then F(s) — (zs + l)” 1 , and the error voltage 
will be 

Q() _ 4>(*$ + 1) _ <P(s + 2ta) n ) 

s(t.S + 1) + A\, J 2 + 2$CO n S + 0)1 

where 2£a>„ 

and co 2 

For £ > 1 the response is overdamped, and the system has two real poles on the 
negative axis. For £ < 1, the case of greatest interest is 

9 e (t) = <f>e-S Wn ‘^coscD„(l - $ 2 ) l/2 t + (1 _^2y/2 sin Wn ^ ~ f 2 ) 1/2/ ] < 9 - 50 ) 

The plots of this equation for various values of £ and constant co n are given in 
Fig. 9.36. The maximum error voltage 0 € (t) mea = <f> occurs at t =0. Thus if the ini- 
tial step input change <p is small enough for the small-angle approximation to be 
valid, tfce complete transient analysis is valid. From Eq. (9.50) and Fig. 9.36 it is 
seen Chat the larger = (2r) _1 is, the faster the error voltage settles to zero. The 
wider the bandwidth of the low-pass filter, the faster the response of the loop. The 
smaller the damping ratio 




the larger will be the step-response overshoot. The overshoot is readily determined 
by using Eq. (9.17). 
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FIGURE 936 

Error signal in response to a step input change in phase for a type I second-order PLL, given for selected 
damping ratios. 
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Type I Systems: Frequency Step Response 



If at J — 0 the input frequency is suddenly changed by amount A co [# r (s) = 
A co/s 2 }, the error signal is 



If F(s) = 1 (no filter), 



OM = 



A<y 

^ 2 [1 + K v F(s)/s] 



OAs) = 



A co 

s(s + K v ) 



(9.51) 



and = (9.52) 

If a simple low-pass filter [ F(s ) = (ts + l) -1 ] is used in the loop, the phase 
error will be 



OAO 



Aft> Aft) 

= + <? 

(O n 0) n 






x [ (/_ ^2)1/2 sma) n(l - < 2 ) 1/2 t - 2£ COSft)„(l - £ 2 ) 1/2 tJ (9.53) 

I / \ 1/2 

where < = - f ^ J and &>„ = (K v co L ) x/1 

The error signal in response to a unit ramp input is plotted in Fig. 9.37 for £ = 
0.3, 0.5, 0.7, and 0.9 with a constant K v and in Fig. 9.38 with a constant co n . In 




FIGURE 9.37 

Error signal in response to a step input change in frequency for a type I second-order PLL, 
given for selected damping ratios; K v is constant. 
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FIGURE 9.38 

Error signal in response to a step input change in frequency for a type I second-order 
PLL, given for selected damping ratios; co n is constant. 

Fig. 9.37 the damping ratio is varied by changing the filter bandwidth, and in Fig. 
9.38 the product 2 K v is kept constant. An example of the input and output wave- 
forms is given in Fig. 9.39. For the error expression given by Eq. (9.51), the steady- 
state error is 



= lim 0 f (t) = lim sd € (s) = — - — Acu (9.54) 

<->o K v co n 

provided the limit exists. Therefore, the larger the loop gain K v , the smaller the 
steady-state error; but this implies a smaller damping £ and hence more overshoot. 
If the steady-state error and transient performance are both important parameters, it 
may be necessary to use a type II loop. 




FIGURE 9.39 

Input (pi) and output (6>„) 

waveforms of a type I systems. 
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Type II Loop 



For the type II second-order loop, 

9 r (s)(s/o) z + 1) 



0 o (s) = 



where 

and 

Also, the error response is 



e r (s)(s/o) z + 1) 
s 2 + K a (s/<o z + 1) s 2 + 2 t;a) n s + oj 2 

= V 1 



■m 



1/2 



OAs) = 



2 < = i- 

e r (s)s 2 



(9.55) 

(9.56) 

(9.57) 

(9.58) 



s 2 + 2t;a> n s + co 2 

where co„ and £ are defined by Eqs. (9.56) and (9.57), respectively. 

If the damping ratio £ < 1 , the output in response to a unit step input [0 r {t) — 1 ] 
is given by 

K 



e„(0 = l-e -f 2 ) 1/2 (- (1 _ f2)l/2 

and the corresponding error signal is given by 



sino> n (l -Z 2 )' /2 t (9.59) 



e € (0 = e 






<nt , 



coso>„(l — t; 2 ) l/2 t — 



: sin<w„(l - < 2 ) 1/2 tJ (9.60) 



(1-C 2 ) 1/2 . 

The error and output signals of a type II system (£ =0.5) in response to a unit 
step input are shown in Fig. 9.40. Error signals in response to a step input for 




FIGURE 9.40 

Error and output response of a type II PLL (f = 0.5) to a step 
change in phase. 
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FIGURE 9.41 

Error response of a type II PLL to a step change in phase, given for selected damping 
ratios. 

£ = 0.3, 0.5, 0.7 and 0.9 are given in Fig. 9.41. The steady-state error for the type 
II system in response to step inputs is zero. 



Ramp Inputs 



For a step change in frequency \0 r {t) = A (o t], the output of the second-order type 
II system is 



0 o (t) = Ao) 



t 



e K(x>nt sin<w„(l — £ 2 ) l/2 f" 

“S (1 - C 2 ) 1/2 . 



(9.61) 



The input and output waveforms of an underdamped system are illustrated in 
Fig. 9.42, and the error signals of a type II second-order system in response to a 
ramp input are illustrated in Fig. 9.43. It is seen that the steady-state error of type II 
systems in response to step changes in frequency decays to zero. 



Comparison of Type I and Type II Loops 

When it is necessary to have zero steady-state error to ramp inputs, a type I system 
cannot be used, but either a type I or type II system can realize zero steady-state 
error to step inputs. For step inputs, a type II system will have a shorter rise time but 
also more overshoot than a type I system. Figure 9.44 compares the step response 
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FIGURE 9.44 

Step responses of second-order type I and type II PLL systems with identical £ 
and o)„. 



of type I and II systems with the same damping ratio and co n . The type II system has 
a shorter rise time and more overshoot, as predicted from the stability analysis of 
the system. In many applications it is the settling time which is most important and 
not the rise time. Settling time in a phase-locked loop is usually defined as the time 
required for the phase error to settle below a specified time for which the frequency 
output is unusable while switching from one frequency to another. It is difficult to 
measure the instantaneous frequency, but relatively easy to measure the instanta- 
neous phase, so the phase settling time is usually used for frequency synthesizer 
specifications. The phase error of a type II system in response to a step change fre- 
quency of A co rad/s is obtained from Eq. (9.61). At any time the phase error satis- 
fies the inequality 




\0M\< 



Aco e 

‘^ T ( l -£ 2 ) 1/2 



So, for a specified maximum steady- state error 0 m , 



t s < {S*>n) 1 In 



A co 
co„9 m 



[a -< 2 ) 1 / 2 r' 



(9.62) 



The normalized settling time (o„t s is plotted in Fig. 9.45 for a change in frequency 
(Aa)/co n = 0.5) and for three different values of steady-state error 9 m : 0.01, 0.05, 
and 0.1. The settling time to a step change in frequency of A co/co n =0.1 is plotted 
in Fig. 9.46. 
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Large-Signal Behavior 

When the error signal is large, the linear PLL model is no longer valid. The main 
source of the nonlinearity is the phase detector (the nonlinear characteristics being 
different for each type of phase detector), and the system’s performance must be 
analyzed in the time domain. The following sections illustrate the analysis of the 
large-signal performance of phase-locked loops. 



Digital Phase Detectors 

The output of a digital phase or phase-frequency detector is either a two- or three- 
amplitude level signal. As the phase error increases, the amplitude does not change; 
however, the duration of the output pulse does. The analysis and performance of 
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such systems will be illustrated by the analysis of type I phase-locked loops. The 
analysis provides insight into the design of modem phase-locked loops. 



First-Order Systems 

It is assumed that the phase-frequency detector outputs a pulse of + V V when the 
phase error is positive and —V V when the phase error is negative. The width of 
the phase detector output pulse r is equal to the time between the leading edges of 
the two waveforms if the output leads in phase. However, if the phase error is pos- 
itive (reference leads in phase), a positive voltage will be applied to the VCO, the 
VCO will speed up, and the output phase will reset the phase detector in a shorter 
time than would elapse if the phase error were negative. To illustrate this opera- 
tion, we will consider a type I loop, illustrated in Fig. 9.47, which uses no filter- 
ing. The PLL is a first-order system. If the input and output frequencies are equal, 
the phase error is defined as 

0 e = cox (9.63) 

where r is the time between the leading edges of the two waveforms and a> is the 
waveform frequency. The output frequency is 

(o 0 = (o c + K 0 V c (9.64) 

where co c is the free-running frequency of VCO. Since the control voltage V c is 
either or zero, the VCO frequency can take on only three distinct values. The 
output phase is 

0 o (t) = co c t + f K 0 V c {t) dt + <f> 0 (9.65) 

Jo 

where <f> 0 is the phase at t = 0, or# o (0) = <f> 0 . 

We will first consider the case in which the input leads in phase. It is assumed 
that the input frequency co r is equal to co c . (If the input frequency is not equal to a > c , 
the output frequency cannot adjust to co r , since this loop does not have the capabil- 
ity of continuously changing the frequency.) At t = 0, the phase of the reference is 
taken as zero. That is, <9 r (0) = 0. Then for positive phase error, the output phase is 
negative, or cf> 0 ( 0) — — cf) 0 , and the leading edge of the reference frequency sets the 
phase detector. The leading edge of the output lags by r s, so the phase error is 

: ■' . 0 f (O) = 4> 0 

k. 

where r = <f) 0 fco c . 




FIGURE 9.47 

A fundamental type I PLL. 
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The phase detector outputs a pulse of + V V until the leading edge of the output 
signal resets the phase detector at time t Q . At t — 0 the VCO frequency instanta- 
neously increases to 

(o 0 = (o c + K 0 V rad/s 

and the output phase is 

0 o = a> c t + K 0 f V c (t ) dt - (f> 0 
Jo 

— (o c t + K 0 V c t — 4> c 0 < t < t 0 

The output phase becomes zero at the time 



$0 

(0 c + K o V 



(9.66) 



at which time the phase detector resets and the VCO control voltage V c becomes 
zero. The phase error at t a is Q e (t 0 ) — (o c t 0 \ and since the VCO and the reference 
signal are again operating at the same frequency, this will also be the phase error at 
the time T when the reference frequency again sets the phase detector and the VCO 
again increases in frequency. At the end of the nth reference period, the phase error 
will be 



GAnT) = 



0 o 

(1 + K o v/co c y 



(9.67) 



(Note that the larger K 0 V is, the smaller will be the phase error; but once the phase 
error is positive, it remains positive.) 

If the initial phase error is negative (the VCO output leads the reference wave- 
form by r s), the phase detector output will be set to —V V and will remain at this 
level until the leading edge of the reference waveform resets the phase detector after 
r s. At this time the output phase will be 



GAr) = ~(co c z - K 0 V r) = -(<f> 0 - K 0 Vz) (9>68) 

and if the loop gain K 0 V — o) c , the phas6 error will be zero when the reference 
waveform resets the phase detector. The phase error will remain negative, provided 
K 0 V < co c . This will always be the case, since the maximum frequency deviation 
of a VCO below its free-running frequency co c is equal to a) c . The frequency devia- 
tion also K a V c , so K C V I (o c cannot be larger than 1 for frequency deviations 
below the free-running frequency of the VCO. The phase error after n output cycles 
will be 



G € (nT) = -<p 0 




KoV y 



(9.69) 



The analysis of this simple system illustrates that the large-signal response of 
PLL systems that utilize a digital phase detector is not symmetric, since it differs 
depending upon whether the initial phase error is positive or negative. 
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FIGURE 9.48 

Step response of a fundamental type I PLL. 



If K a V /co c is close to 1, negative phase errors will be reduced faster than pos- 
itive phase errors. This suggests that to reduce the settling time, the phase detec- 
tor logic could be modified to provide a larger gain for positive phase errors. Fig- 
ure 9.48 illustrates the phase-error transient response of a type I first-order loop to 
a step input of phase. The normalized loop gain K 0 V f(o c — 0.5 in this example. 
The negative phase error diminishes faster than the positive phase error, but it 
must be kept in mind that the phase detector cycle time is longer for negative error 
signals. 

The analysis of this simple system also illustrates some of the limitations of lin- 
earized analysis. For example, for this type I system, the final- value theorem predicts 
that (tie final frequency error in response to step changes Aa> in frequency will be 



lim[/ f (0 - f Q (t )] = lim 



^(Atw/s 2 ) 



S — ► DO 1 + K v /s 



A a) 

~K~v 



However, it is obvious from the large-signal analysis that the VCO cannot track 
arbitrary changes in the input frequency since the VCO can take on only three 
different values of frequency. 

Another feature of loop performance brought out by this analysis is that the 
time for the phase detector to reset is different for positive and negative phase 
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errors. If the output leads in phase and sets the phase detector, the phase detector is 
set for a time equal to the initial phase error; but if the input leads in phase and sets 
the phase detector, it is set for a time given by Eq. (9.66). In this case, time is a 
function of the loop parameters. 



Type I Loop Including a Low-Pass Filter 

The preceding analysis has shown that when the loop does not contain a low-pass 
filter, the VCO frequency jumps discontinuously from a> c to co c ± K 0 V. A low-pass 
filter can be added to the loop to smooth out the frequency transitions and improve 
the spectral purity of the output signal. It will be shown that the filter can also 
reduce the system settling time. It is assumed that the low-pass filter is first-order, 
with a transfer function of 



™ = G + 0 



If the charge pump phase detector and the filter illustrated in Fig. 9.14 are used, the 
filter is realized by selecting the capacitor C such that RC = a* 1 . 

The system illustrated in Fig. 9.49 will now be analyzed. The case in which the 
reference leads in phase by <p Q rad will be considered first. The phase detector out- 
put voltage will consist of a pulse of width t 0 and amplitude V, so the voltage 
applied to the VCO is 



V c (s) = 



V(1 - e-'o*) 



s(s/a + 1) 

V c (t) = V(1 - e ~ at ) 0 < t < t 0 

At time t a the phase detector resets to zero output, and 



or 



VM) = Ve~ a, (e at ° - 11 









(9.70) 

(9.71) 

(9.72) 



The output phase during the time the phase detector output is + V is 

$o(t)= f [a> c + KV(l - e~ at )] dt - (P 0 
Jo 

' / e at -\\ 

- -£= coct + K 0 + J - (j ) 0 0 <t <t Q 



(9.73) 




FIGURE 9.49 

A type I PLL including a filter 
F(s). 
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The output phase will be zero at t 0 , so t Q can be found by solving 

/ £-*'<■ -l\ 

0 — (o c t 0 + K 0 Vlt 0 H — 1 — 4> 0 (9.74) 

The value of t 0 can be found by using numerical approximation techniques to solve 
Eq. (9.74). For t 0 < t < T, the VCO control voltage is 

V c (t) - V(1 - e- at °)e- ait - to) t 0 < t <T 

The output phase at time T is 

0„(T) = 6 >„(»„) + f [a> c + K„V(1 - dt 

Jto 

and since 9„(t 0 ) = 0, 

K 0 V 



(9.75) 



(9.76) 



6 0 (T) = co c (T - t 0 ) + 



[1 -e~ at * +e~ aT (\ - e ato )] 



a 



(9.77) 



The phase error at time T is 

0<(T) = e e (to)-K o V( l-e- at °) 
K„V 



t 



— (Octo 



e - a (t- to ) dt 

[1 -e~ at ° +e~ aT {\ - e at ° )] 



(9.78) 



This derivation assumes that the phase error 0 f (T) remains positive. To see that it 
does, the expression 9 e (T) will be rewritten, substituting Eq. (9.74) for co c t 0 in 
Eq. (9.78). That is, 

( p -at„ _ i \ v y 

to + J - -^-[1 - + e~ aT (\ - e al ° )] 

= <t>o- K a vt a - — e-‘ T (l - 



— <f>o — K 0 Vt 0 + a 



where 



a = 



K V 



(e at ° - 1) > 0 



Also w c t and K a V < co c , so 

4>o- K 0 V to > co c (z - to) 

Since r > t oy we have 9 € (T) > 0, provided 0^(0) > 0. Therefore, as was the case 
when no filter was used, if in a type I loop containing a simple low-pass filter the 
phase error becomes positive, then it will remain positive in the absence of further 
external input. Note that this is a marked difference from the linear model, which 
predicts that the response is underdamped if the loop gain is sufficiently large. 
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FIGURE 9.50 

Settling time of a type I PLL as a function of filter bandwidth (for positive 
phase error). 



Figure 9.50 illustrates how the system settling_time varies as a function of 
the filter bandwidth for positive phase errors. For this example the loop gain 
K 0 V /(o c = 1 and the initial phase error is 180°. The vertical axis represents how 
many reference cycles it takes for the time difference between the two signals to be 
less than 10 -6 s (0 € < 10 6 a> r ). If the filter bandwidth is too narrow, a large number 
of reference cycles is needed before the phase error settles below the prescribed 
limit. As the filter bandwidth increases, the settling time reaches a minimum at 
B = 0.5 a) r . As the bandwidth is further increased, the settling time again increases, 
approaching the limit of 12 reference cycles for the case of infinite filter bandwidth. 
In the case where the reference leads in phase, there is an optimum value of filter 
bandwidth for minimizing the settling time. The minimum in Fig. 9.50 is relatively 
broad. For positive phase errors, the bandwidth of this type I system should be 
between the limits ' 

r *■ 0.25 (o r < B < 2 .5 co r rad/s 

for the fastest response. 

Figure 9.51 illustrates how the settling time varies as a function of the normal- 
ized loop gain K v /(o r . The filter bandwidth is 2.5o) r , and curves are plotted for two 
different values of initial error. The larger the loop gain, the shorter the settling time. 
Larger loop gain implies a larger frequency deviation of the VCO. The most impor- 
tant factor in reducing the loop settling time is the frequency deviation of the VCO. 

If the output leads the reference in phase by r s, the phase error is negative; for 
this case the width of the phase-detector pulse is x s because the phase detector 
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K v /w r 



FIGURE 9.51 

Settling time of a type I PLL as a func- 
tion of loop gain (for positive phase 
error). 



resets on the leading edge of the reference waveform, which is independent of the 
VCO waveform. Therefore, 

W= f [0>c + K o V c (t)]dt 
J O 

In this case the output phase is taken to be zero at t = 0, 

e o (0) = 0 

and the phase error is 



0< (0) = -(O c T 

The phase detector is set by the leading edge of the output waveform, and the 
control voltage is 

- K(0 = — V(1 — e~ at ) 0 < t < r (9.79) 

Therefore, the output phase at time r is 

' / e ~ ax — 1 \ 

e 0 (r) = a> c T - K 0 vU + — - — j 

After the phase detector is reset, the VCO control voltage decays toward zero; 

V c {t) - -K 0 Ve~ at (e az - 1) r < t < t 0 (9.81) 

The output phase is 

— M^) J- co c (t — r) t <t <t 0 (9.82) 



(9.80) 
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If Eq. (9.80) is substituted for 0 o ( r). 



e ~ar _ 1 ( e ar _ 1 \( e <JZ _ 

0 o (t) = co c t - K 0 V 1 r + h (9.83) 



:„v 1 



The phase error at time t 0 



OAto) = 0o(t o ) - 0i(t o ) 

= ^o(^o) (*) c (t 0 "r) 



(9.84) 



The problem now is to find the time t 0 at which the output phase is again 0 
or 2tv. That is, 0 o (t o ) — 2 n. The time t 0 is readily found by numerical methods. 
(The following results were obtained by using the Newton-Raphson root-finding 
algorithm.) 

How the settling time of a type I system varies as a function of normalized loop 
gain K v jco r when the initial phase error is negative is illustrated in Fig. 9.52 for the 
case in which the low-pass filter bandwidth B = 2.5 co r . The curve is similar to the 
case in which the initial phase error is positive (Fig. 9.51). To minimize the loop 




FIGURE 9.52 

Settling time of a type I PLL as a func- 
tion of loop gain (for negative phase 
error). 



KJ(li r 
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FIGURE 9.53 

Settling time of a type I PLL as a function of loop bandwidth 
(for negative phase error). 



settling time, the normalized loop gain needs to be close to unity. How the settling 
time varies as a function of low-pass filter bandwidth is illustrated in Fig. 9.53 for a 
normalized loop gain of unity. The settling time reaches a minimum value of 1 when 
the filter bandwidth is approximately 2 x j 2 times dereference frequency. The set- 
tling time remains at this value as the filter bandwidth is further increased. Figure 
9.54 is similar to Fig. 9.53 except that the normalized loop gain K v /a> r — 0.5. 




FIGURE 9.54 

Settling time of a type I PLL as a function of loop bandwidth 
(for negative phase eiTor and reduced loop bandwidth). 
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There is little interaction between the minimum filter bandwidth and the normalized 
loop gain. A comparison of Figs. 9.50 and 9.53 shows that if only the loop settling 
time is considered in selecting the filter bandwidth, the bandwidth should be 
approximately 2’/ 2 times the reference frequency. 



Sinusoidal Phase Detection 



If a sinusoidal phase detector is used without a low-pass filter, and the upper- 
frequency term co r + co c is ignored, the phase detector output voltage will be equal 
to the voltage applied to the VCO: 



The phase error is 
so the frequency error is 



V c = Kd sin 0 e 

o<=e r - e 0 

dO e d0 o 

dt dt 



If a) c is the free-running frequency of the VCO, then 

(0 = o) c + K 0 V c (t) 



so 



dO e 

— — — co r co c K 0 V c (t) 

dt 



(9.85) 



(9.86) 



= A (o-K 0 V c {t) 

where A co — co r — a> c is the difference between the reference frequency and the 
free-running frequency of the VCO. If Eq. (9.85) is substituted in Eq. (9.86), 

de € 

— - = A<u - K 0 K d sin6> e (9.87) 

dt ‘ 

This is the nonlinear equation describing the phase error in a phase-locked loop con- 
taining a sinusoidal phase detector and no filter. Also, the high-frequency term has 
been ignored. For the sake of generality, assume the loop also contains an amplifi- 
er; theif Fq. (9.87) can be rewritten as 

d$ ( 

—— = A co — K v sin 0 € (t) 

dt (9.88) 



where K v = K 0 K d K 

If A co > K v , the loop cannot acquire phase lock since the maximum change of 
VCO frequency (A(y) ma x = K v and it is assumed that K v > A a>. Equation (9.88) 
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can be rewritten as 

which has the solution 
t -t 0 = 



dO f 



= dt 



Ao) — K v sin 0 e (t) 

A co -J- 



[(A coY-Kl]^ 



tan h~ 



A (o — 



Ky (n e<\ 

— tan - — — 1 

K v \4 2) 



(9.89) 



where the initial time t a will be assumed to be zero. This equation can be rearranged 
to express the phase error as a function of time. 2 



OM 

Note that 



2 tan 



/ K v _ 

\Ky 



— AaA 



1 / 2 ' 



+ 



A a) ) 



1 — ex P(~ IX» — (Aa)) 2 ] l/2 t) n 
1 + exp (-[jq - (Aw) 2 ] 1 / 2 *} 2 



lim 0«(t) = 2 tan -1 ' + T ( 9 - 9 D 

t->oo y K v + A co J 2 



Numerical Example 

Consider the simplest case where Ao> = 0. Then Eq. (9.88) becomes 

d0 f 



—K v sin# € (r) 

which is readily solved to give 

1 1 — cos 0, 



= dt 



2 n 1 + cos 0 € 
1 — cos 0, 



or 



= —K v (t — t 0 ) + C 



1 + cos 0 € 

Without loss of generality, let the initial error be 0 o at t = t 0 = 0. Then 
. - " • v . 1 — cos 0o 

= A 



and 



cos Of — 



1 + cos 0 o 

1 — Ae ~ 2Kv (f ) 1 + cos0 o — (1 — cos 0 o )e~ 2Kvt 

1 + Ae^ 2Kvt 1 + cos 0 o + (1 — cos 0A)e~ 2Kvt 



Several significant results for the large-signal behavior of PLLs containing a 
sinusoidal phase detector have also been obtained by using phase-plane techniques. 3 
Since the emphasis here is on the response of loops containing digital phase detectors, 
those results will not be discussed, except to emphasize that the large-signal behavior 
of PLLs is markedly different for different types of phase detectors. 
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■ 9 S 
PROBLEMS 

9.1 A simple phase-locked loop has K<t K 0 = 1000 rad/s, F(s) = 1, and N = 20. What is 
the closed-loop bandwidth? What is the closed-loop bandwidth if the filter described 
by the transfer function 

fW =d> + 1 )"' 

is added inside the loop? 

9.2 The system of Prob. 9. 1 (including the filter) is to be designed so that it will be able to 
track step changes in frequency (Ao> = 1 rad/s) with less than 0.01 -rad steady-state 
error. Is the loop gain adequate? If not, how much additional gain must be added to 
meet the steady-state error specification? 

9.3 Graph the open-loop frequency response, determine the crossover frequency, and cal- 
culate the phase margin of the PLL described in Prob. 9.1, both with and without the 
low-pass filter in the loop. 

9.4 Derive the formula [Eq. (9. 16)] for the closed-loop bandwidth of a type I system. 

9.5 Calculate the overshoot of the system described in Prob. 9.1 in response to a 2° step 
change in the input phase. 

9.6 What is the minimum bandwidth that the filter of Prob. 9.1 can have if the system peak 
overshoot to step inputs in phase is to be less than 20 percent? Solve the problem by 
using both straight-line approximations and the analytic method. 

9.7 Modify the system of Prob. 9.1 so that it has less than 20 percent overshoot to step 
inputs and also has a rise time of less than 10 ms. Design the circuit to be added to the 
loop. 

9.8 The following open- loop system G(s) has zero steady-state phase error to constant- 
frequency inputs. Determine the filter frequency co z so that the closed-loop system has 
approximately 20 percent overshoot to step inputs. What will the closed-loop band- 
width be? 

lO^M + l) 

» ‘ = ~2 

9.9 Design a type II system that has a closed-loop bandwidth of 10 3 rad/s and a 30 percent 
overshoot to a step input. 

9.10 For a type II system with K a = 10 6 (rad/s) 2 , determine a lead-lag network so that the 
closed-loop system has less than 30 percent overshoot to step changes in phase. The 
network pole location should be minimized in order to maximize the high-frequency 
filtering. 



9.5 Problems 
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9.11 Determine the transfer function of the amplifier shown in Fig. P9. 1 1 . The transconduc- 
tance g m = 10 -4 S. If this amplifier is connected as a unity-gain voltage-follower, 
what is the phase margin? How large a capacitor must be connected between the com- 
pensation terminals to obtain a 45° phase margin? The transfer function of the depen- 
dent source is 

(~2xJtf)K 

° 2 x 10“ 5 i + 1 



Compensation 






FIGURE P9.ll 

A two-stage amplifier. 



9.12 An open-loop transfer function is given by 

r lOVlOO + l) 

s 2 

For what value of time delay T will the system become unstable? 

9.13 A type I system has the open-loop transfer function of 

rn _ K v 

K) sis/10 5 + l) 2 

Select K v so that the closed-loop system has approximately 25 percent overshoot to a 
step input. Estimate the system’s closed-loop bandwidth. 

9.14 A type II system has the open-loop transfer function of 

_ K a (s/ 200 -FI) 

• , ' (5) . .v 2 (.v/2000 + 1) 

determine the value of K a that will minimize the overshoot to a step input. What will 
the minimum overshoot be? 



9.15 For the simple phase-locked loop consisting of a phase-frequency detector and a VCO, 
sketch the phase error as a function of time for the case where 



K 0 V _ 3 

co c 4 



For what value of loop gain will the system become unstable? 
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9.16 Design an FM demodulator using the CD4046 integrated-circuit PLL (see App. 7 for 
specifications). The carrier frequency is to be 100 kHz, and the frequency deviation is 
to be 4 kHz. Select the loop filter so that the closed-loop bandwidth is approximately 
8 kHz. 

9.17 A PLL has a 25-kHz bandwidth. How much filtering does the PLL provide to the VCO 
output at 25 kHz from the center frequency? At 5 kHz? 

* 9.18 Use the phase margin specifications described in this chapter to meet the following 
design specifications. 

(a) Design a unity-gain noninverting amplifier with approximately 20 percent over- 
shoot to a step input using an operational amplifier with a gain-bandwidth prod- 
uct of 10 7 rad/s and a bandwidth of 10 rad/s (internally compensated). The op- 
amp output impedance is 200 £2 (resistive), and the load impedance consists of a 

0.01-^iF capacitor. Describe a compensating circuit. The closed-loop bandwidth 
should be as wide as possible. Verify your design by using computer simulation. 

(b) Use the same op amp to convert the output of a 1 0-/x A current source to an out- 
put voltage of 1 V (magnitude). The current source has an output capacitance of 
100 pF (±20 percent). The rise time should be as brief as possible subject to the 
design constraint of a maximum of 30 percent overshoot to a step input of current. 
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Frequency Synthesizers 



■ 10.1 

INTRODUCTION 

A frequency synthesizer is a device that generates a large number of precise fre- 
quencies from a single reference frequency. The term frequency synthesis was first 
used by Finden 1 in 1943 for the generation of frequencies that were a harmonic of a 
submultiple of a reference frequency. Recent advances in integrated-circuit design 
include the development of inexpensive frequency synthesizers and their subse- 
quent application in most communication receivers. - 

A frequency synthesizer can replace the expensive array of crystal resonators in 
a multichannel radio receiver. A single-crystal oscillator provides a reference fre- 
quency, and the frequency synthesizer generates the other frequencies. Because 
they are relatively inexpensive and because they can be easily controlled by digital 
circuitry, frequency synthesizers are being included in many new communication 
system designs. 

The oldest synthesis method, first described by Finden, is referred to as direct 
frequency synthesis; it utilizes mixers, frequency multipliers, dividers, and band- 
pass filters. Direct synthesis has been superseded in almost all applications by indi- 
rect (coherent) synthesis, which utilizes a phase-locked loop that may be analog or 
digital. The newest method, direct digital frequency synthesis (DDFS), uses a digi- 
tal computer and digital- to- analog (D/A) converter to generate the signals. Each of 
these methods has advantages as well as disadvantages; and if the specifications 
are sufficiently stringent, it may be necessary to incorporate all three methods into 
the synthesizer design. In this chapter, the three methods of frequency synthesis are 
described, and a design example that combines the different synthesis methods to 
meet the overall specifications is presented. Because one of the most demanding 
synthesizer specifications is output noise, the oscillator being a primary source of 
the random noise associated with frequency synthesis, a brief description of the ran- 
dom noise occurring in quality oscillators and phase-locked loops is included in this 
chapter so that the reader can better assess the noise performance of synthesizers. 
First we will examine the various methods of frequency synthesis. 
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■ 10.2 

DIRECT FREQUENCY SYNTHESIS 



Direct frequency synthesis is the oldest of the frequency synthesis methods. It syn- 
thesizes a specified frequency from one or more reference frequencies from a com- 
bination of harmonic generators, filters, multipliers, dividers, and frequency mixers. 
Bipolar transistors, because of the exponential base-to-emitter voltage characteris- 
tics, are well suited for use as harmonic generators. 

One method of using a harmonic generator is shown in Fig. 10.1. The desired 
frequency is obtained with a filter tuned to the desired output frequency. Highly 
selective filters are required with this method. The multiple-oscillator approach is 
an alternative method. The oscillators are usually easier to realize than the bandpass 
filters. Figure 10.2 illustrates a method of generating 99 discrete frequencies from 
18 crystal oscillators. One switch selects one of the nine oscillators that cover the 
frequency range 1 to 9 kHz in 1-kHz steps, and the other switch covers the fre- 
quency range 10 to 90 kHz in 10-kHz steps. The two signals are then combined in a 
frequency mixer, and the bandpass filter selects the higher of the two mixer output 
frequencies. 

Direct frequency synthesis refers to the generation of new frequencies from one 
or more reference frequencies by using a combination of multipliers, dividers, 
bandpass filters, and mixers. A simple example of direct synthesis is shown in 
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FIGURE 10.3 

Example of direct synthesis. 



Fig. 10.3. The new frequency 2 / 3 / 0 is realized from f 0 by using a divide-by-3 cir- 
cuit, a mixer, and a bandpass filter. In this example 2 / 3 /„ has been synthesized by 
operating directly on f 0 . 

One of the foremost considerations in the design of direct frequency synthesiz- 
ers in the mixing ratio 




where f\ and fc are the two input frequencies to the mixer. If the mixing ratio is too 
large or too small, the two output frequencies will be too close together, and it will 
be difficult to remove one of the signals with filtering. 

example 10.1. If the two mixer input frequencies are 100 and 1 MHz (r = 100), the 
mixer output frequencies will be 99 and 101 MHz. The removal of one of these fre- 
quencies would require an extremely complex filter. 

The filter requirements can be reduced by using an offset frequency. This 
approach is utilized in the next direct synthesis method described. 

Figure 10.4 illustrates a type of direct synthesis module frequently used in 
direct frequency synthesizers. The method is referred to as double-mix-divide. An 
input frequency is combined with a frequency f\, and the upper frequency 
/i + fi is selected by the bandpass filter. This frequency is then mixed with a 
switch-selectable frequency / 2 + /*. (In the following /* refers to any one of 10 
switch-selectable frequencies.) Frequency + f* can be realized with one of the 




FIGURE 10.4 

A double-mix-divide module. 
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methods illustrated in Figs. 10.1 and 10.2. The output of the second mixer consists 
of the two frequencies / + / + / 2 + /* and / + / — / 2 — /*; only the higher 
frequency appears at the output of the bandpass filter. If frequencies /, / , and / 2 
are selected so that 10/ = / + /i + / 2 , then the frequency at the output of the 
divide-by-10 module will be 



/.-/. + £ C°' 2 ) 

The double-mix-divide module has increased the input frequency by the switch- 
selectable frequency increment /*/ 10. Double-mix-divide modules can be cascaded 
to form a frequency synthesizer with any degree of resolution. The double-mix-di vide 
modular approach has the additional advantage that frequencies /, f 2 , and / can be 
the same in each module so that all modules can contain identical components. 

Considered solely from a theoretical viewpoint, the double-mix-divide module 
appears unnecessarily complicated, since the output frequency / + /*/10 could be 
realized by using one mixer and bandpass filter. The advantages of the approach 
shown in Fig. 10.4 are practical; it allows better mixing ratios (with relaxed filter- 
ing criteria) and allows for the same bandpass filters in each stage. The effect of 
deleting f 2 is illustrated after we discuss a three-digit synthesizer. 

example 10 . 2 . A direct frequency synthesizer with three digits of resolution can be 
realized by using three double-mix-divide modules. Each decade switch selects one of 
10 frequencies f 2 + /*. In this example the output of the third module is taken before the 
decade divider. For example, it is possible to generate the frequencies between 10 and 
19.99 MHz (in 10-kHz increments), using the three-module synthesizer, by selecting 

fi = 1 MHz /, = 3 MHz f 2 = 6 MHz 

Since 



/+/ + / = 10/ (io.3) 

the output frequency before the last division by 10 will be 

/» = io/, + / 3 * + £ + ^ (io.4) 

Since /* occurs in 1-MHz increments, /*/100 will provide the desired 10-kHz fre- 
quency increment^. The output is taken before the last decade divider as this provides a 
sine wave' output. The divider output has a square waveform. If, for example, a fre- 
quency of 14.86 MHz is required, f* will be 6 MHz, / 2 * will be 8 MHz, and / 3 * will be 
4 MHz. 

Theoretically, either / or / 2 could be eliminated, provided 

/ + /i (or f 2 ) = 10/ (10.5) 

but the additional frequency is used in practice to provide additional frequency sep- 
aration at the mixer output. This frequency separation eases the bandpass filter 
requirements. For example, if f 2 is eliminated, / + / must equal 10/, or 10 MHz 
in the preceding example. If an /* of 1 MHz is selected, the output of the first mixer 
will consist of the two frequencies 9 and 1 1 MHz. The lower of these closely spaced 
frequencies must be removed by the filter. The filter required would be extremely 
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complex to achieve such selectivity. If, instead, a 5-MHz signal f 2 is also used so 
that // + f\ + f 2 = 10 MHz, then the two frequencies at the first mixer input will 
be fi + f\ =5 MHz and f 2 + f* = 6 MHz. Therefore, the frequencies present at 
the mixer output (for an /,* of 1 MHz) will be 1 and 11 MHz. In this case the two 
frequencies will be much easier to separate with a bandpass filter. The ancillary fre- 
quencies f\ and f 2 can only be selected in each design after all possible frequency 
ratios at the mixer output have been considered. 

Direct synthesis can produce fast frequency switching, almost arbitrarily fine 
frequency resolution, low phase noise, and the highest frequency of operation of 
any of the methods. Direct frequency synthesis requires considerably more hard- 
ware (oscillators, mixers, and bandpass filters) than the two other synthesis tech- 
niques to be described. The hardware requirements result in direct synthesizers 
being larger and more expensive to construct. Another disadvantage of the direct 
synthesis technique is that unwanted (spurious) frequencies can appear at the out- 
put. The wider the frequency range, the most likely it is that spurious components 
will appear in the output. These disadvantages must be weighed against the versa- 
tility, speed, and flexibility of direct synthesis. 



■ 10.3 

FREQUENCY SYNTHESIS BY PHASE LOCK 



The disadvantages associated with direct synthesis are greatly diminished with the 
frequency synthesis technique (often referred to as indirect synthesis ) that employs 
a phase-locked loop (PLL). A simple PLL is illustrated in Fig. 10.5. A detailed 
analysis of PLL characteristics is given in Chaps. 8 and 9, but for the present dis- 
cussion it is sufficient to state that when the PLL is functioning properly, the two 
phase-detector input frequencies are equal. That is, 



fr = fd (10.6) 

Frequency f d is obtained by dividing the voltage-controlled oscillator (VCO) out- 
put frequency f a by N: 





(10.7) 
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FIGURE 10.5 

An indirect frequency synthesizer. 
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Therefore, the output frequency f Q is an integer multiple of the reference frequency, 
or fo = Nf r 00.8) 

The PLL with a frequency divider in the loop thus provides a method for 
obtaining a large number of frequencies from a single reference frequency. If the 
divide ratio N is realized by using a programmable divider, it is possible to easily 
change the output frequency in increments of f r . The PLL with a programmable 
divider provides an easy method for synthesizing a large number of frequencies, all 
of which are an integer multiple of the reference frequency. There are, however, 
problems associated with this method. First the major difficulties will be discussed, 
and then some of the methods presently used to circumvent these problems will be 
described. 

From Eq. (10.8) we note that the frequency resolution is equal to f r . That is, the 
output frequency can be changed in increments as small as f T \ however, this is in 
conflict with the requirement of a short time interval for changing frequencies. 
Although an exact expression for the switching time has yet to be derived, a fre- 
quently used rule of thumb is that the switching time 




It takes approximately 25 reference periods to switch frequencies. The frequency 
resolution is therefore inversely proportional to the switching speed. A contempo- 
rary specification for satellite communication systems, which use frequency hop- 
ping, is that the frequency resolution is equal to 10 H 1 and the switching time is less 
than 10/zs! Since the above rule of thumb predicts a switching time of 2.5 s, it is 
clear that the simple PLL frequency synthesizer cannot meet both specifications. 
The choice of reference frequency dominates loop performance. 



Effects of Reference Frequency on Loop Performance 

The expression for the output frequency [Eq. (10.8)] shows that to obtain fine fre- 
quency resolution, the reference frequency must be small. This creates conflicting 
requirements. One problem is that to cover a broad frequency range requires a large 
variation in N. Even if the hardware problems can be overcome, some method will 
normally be needed to compensate for the variations in loop dynamics that occur for 
widely varying values of N. It is shown in Chap. 9 that the linearized loop transfer 
function is 

fo( s ) _ flofo) _ K v F(s)/s (10.10) 

ft(s) ~ 0i(s) ~ 1 + K v F(s)/(Ns ) 

where F(s) is the transfer function of the low-pass filter. If N is to assume a large 
number of values, say, from 1 to 1000, then there will be a 60-dB variation in the 
open-loop gain and a correspondingly wide variation in the loop dynamics, unless 
some method (such as the use of a programmable amplifier) is employed to alter the 
loop gain for different N values. 
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A second problem encountered with a low reference frequency is that the loop 
bandwidth must be less than or equal to the reference frequency, because the low-pass 
filter must filter out the reference frequency and its harmonics present at the phase- 
detector output. Thus, the filter bandwidth must be less than the reference frequency. 
It is explained in Sec. 9.3 (PLL stability analysis) that the loop bandwidth is normal- 
ly less than the filter bandwidth for adequate stability. Therefore, a low reference 
frequency results in a frequency synthesizer that will be slow to change frequency. 

Another problem introduced by a low reference frequency is the effect on noise 
introduced in the VCO. Figure 10.6 shows a linearized model of a PLL with the 
three main sources of noise. Here (p Nt is the noise on the reference signal, and <f> Nd 
is the noise created in the phase detector. The largest phase-detector noise compo- 
nents are at the reference frequency and the harmonics of this frequency. And <j> No is 
the noise introduced by the VCO. Figure 10.7 illustrates a frequency spectrum typ- 
ical of VCO noise. Most of the energy content of VCO noise is near the oscillator 
frequency; in the PLL model it can be interpreted as a low-frequency noise. The 
total noise of the closed-loop system at the VCO output <p N is given by 

, _ ( 4>n , + <pN d )K v F(s)/s (pN 0 

N ~ 1 + K v F(s)/(Ns) + 1 + K v F(s)Ns 

( 10 . 11 ) 

= G(s)(<f>N r + 0v rf ) + G r (s)<p No 

Since F(s ) is either unity or a low-pass transfer function, G(s) is a low-pass transfer 
function and G r (s ) is a high-pass transfer function. The PLL functions as a low- 
pass filter for phase noise arising in the reference signaLand phase detector, and it 
functions as a high-pass filter for phase noise originating in the VCO. Since the 
VCO noise is a low-frequency noise, the output noise due to <j> No is minimized by 
having the loop bandwidth as wide as possible. At the same time, the loop band- 
width should be less than the reference frequency in order to minimize the effect of 
4>N d , which is dominated by spurious frequency components at the reference fre- 
quency and its harmonics. 

Therefore, the desire to have a low reference frequency f r in order to obtain fine 
frequency resolution is offset by the need to have f r large in order to reduce the loop 
settling time and to minimize the noise contributed by the VCO. 




FIGURE 10.6 

A PLL synthesizer including three noise sources. 
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FIGURE 10.7 

Frequency spectrum of VCO noise. 



Variable-Modulus Dividers 

Another difficulty with the system illustrated in Fig. 10.5 is that the maximum 
operating speed of programmable dividers is slower than that required in many 
communication systems. The upper limit of a programmable divider realized from 
transistor-transistor logic (TTL) components is approximately 25 MHz, and that 
realized with complementary-symmetry metal-oxide semiconductor (CMOS) logic 
is about 4 MHz. So, for example, if one is to build a 2 x 10 9 Hz synthesizer for 
satellite communications, some other method must be used. There are various ways 
to overcome this problem. First we will discuss the problem of the relatively low 
operating speed of programmable dividers. - 

Programmable dividers are slower than fixed-modulus dividers (prescalers). In 
fact, prescalers are available that operate at gigahertz frequencies. Figure 10.8 illus- 
trates an indirect synthesizer that contains both a prescaler and a programmable 
divider ip the loop. The prescaler, which can operate frequencies into the gigahertz 
region^ first reduces the output frequency by the factor P before it is applied to the 
programmable divider. When the loop is in lock, 

/ r = A or f„ = N(Pfr) (10.12) 

Although the use of the prescaler allows the loop to operate with higher output fre- 
quencies, the output frequency can be changed only in increments of Pf r . Since the 
channel spacing is equal to the reference frequency, in order to obtain the same res- 
olution, the reference frequency must be decreased by the prescaler factor P. 
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Prescaler 



FIGURE 10.8 

A PLL including a prescaler. 



Another approach for obtaining good frequency resolution while operating at 
high output frequencies uses a method known as variable-modulus prescaling. 
Reconsidering Eq. (10.12), we see that the output frequency resolution could 
be improved if the value of N were an integer plus a fraction. For example, if 
N = N a + AQ/ P (where A and Q are integers), then the output frequency will 
be given by 

f, = p(n o + = PNJ r + AQf r 

and the resolution can be regained. This equation is ncft easily implemented, but if 
± A P is added, the result is 

fo = (N 0 p + AQ-AP + AP)f r = [P(N 0 - A) + (P + Q)A]f r 

From this equation, it is apparent that a dual-modulus counter that divides by 
P A- Q for A cycles and by P for N 0 — A cycles could be used to implement the 
function. 

The dual-modulus prescaler system illustrated in Fig. 10.9 has a prescaler that 
divides by the modulus P -f Q when the modulus control is high and divides by P 
when the modulus control is low. In this particular scheme, the output of the 
variable-modulus prescaler simultaneously drives the two programmable dividers 1 
and 2. The programmable dividers operate at the input clock rate divided by P or 
P + Q. The divide cycle begins with counter 1 preset to A, counter 2 preset to N, 
and thfc modulus control high so that the two-modulus prescaler output frequency is 
equal to the frequency divided by P + Q. The prescaler will divide-by- P + Q 
until the A counter reaches 0. At this point, the divide-by-N counter is at a value 
equal to Mpreset) - A(preset). Next, counter A pulses the prescaler modulus con- 
trol to low to change to the divide-by-P mode. The prescaler then divides by P, 
N - A times, until the N counter reaches 0. Finally, the divide cycle is restarted by 
reloading the counters with their preset values and resetting the modulus control 
signal. The number of input cycles in one complete divide cycle is 

D = (P + Q)A + P{N - A) = AQ + PN 



(10.13) 
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Prescaler 




Counter 1 Counter 2 

(Programmable) (Programmable) 



Output 



FIGURE 10.9 

A programmable divider realized with a dual-modulus 
prescaler. 



(Note that N must be greater than A for the method to work.) If Q = 1 , then the divide 
ratio, even though it has a minimum value D mm = PN y can be implemented in unit 
steps. A frequently used divide ratio is P = 10 and P 4- Q = 1 1- Then Eq. (10.13) 
becomes 



D — ION + A 



(10.14) 



which shows that the 10/11 prescaler can be used to obtain division ratios with 
increments of 1, provided N > A. Since A max = 9 ,N must be at least 10 and D min 
is 100. The minimum divide ratio is not usually a problem in frequency synthesizer 
design. 



example 10 . 3 . If it is desired to design a frequency synthesizer to cover the fre- 
quency range from 100 to 109 MHz in 1-MHz increments, a reference frequency of 1 
MHz is suitable (a higher reference frequency would not be). Since 100 MHz is too fast 
for a programmable divider, a 10/11 variable-modulus prescaler will be considered. 
Now A will vary from 0 to 9, so N must be at least 10. The minimum value of D will be, 
using the 10/11 prescaler, 




D n 



100 x 10 6 

To* 



= 100 



which will provide ( f 0 ^ = 100 MHz. Thus the desired division ratio can be obtained 
i ) y using a 10/1 1 variable-modulus prescaler together with the programmable dividers. 



Other variable-modulus division ratios such as 5/6, 8/9, 32/33, 40/41, 64/65, 
100/101 , and 128/129 are also frequently used. In Example 10.3, if it is necessary 
to cover the frequency interval from 100 to 100.99 MHz in 10-kHz increments, a 
maximum reference frequency of 1 0 kHz will be needed, and the minimum divide 
ratio will be 






100 x 10 6 = 1q4 = (/„), nin 



10 4 



fr 
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since, A max = 99 and is 100. Also, D = AQ + PN, so Q must equal 1 for a 
frequency resolution of 10 kHz. It is possible to select P = 10 and N = 10 3 , but it 
is better to select P = 100 and N = 100, since the maximum frequency to the two 
programmable dividers will then be 1 .0099 MHz. This will allow for the use of low- 
noise CMOS logic for the programmable dividers. Therefore, a 100/101 variable- 
modulus divider is suited for this design. If P = 10 is selected, the maximum 
frequency to the programmable dividers would be 10.0A99 MHz. 



PLL Frequency Synthesizer ICs 



There are several types of PLL frequency synthesizer integrated circuits available 
today. Most contain digital phase detectors and presettable counters for the feed- 
back divide. Some of the more advanced chips contain the control logic and 
counters necessary for an external dual-modulus prescaler and can be preset 
either serially or in parallel. One such chip is the Motorola MC 145 152-2. This 
parallel-input PLL frequency synthesizer has many useful features, as shown in the 
data sheets in Fig. 10.10. 

example io.4. In the spread-spectrum technique known as frequency hopping, the 
carrier frequency is hopped over a bandwidth B. Each hop in frequency is located at a 
predetermined frequency bin. (For more information on spread spectrum, refer to 
Robert Dixon’s book Spread Spectrum Systems with Commercial Applications). Sup- 
pose that we want to hop from 1 80.4 to 1 85.6 MHz [note that the fifth harmonic of these 
frequencies is located in the ISM (Industrial, Scientific and Medical) band] with at least 
20 kHz between hops and at least 50 bins. Design a PLL frequency synthesizer circuit 
that will implement these requirements. 

Solution. The following components are used to design this circuit: 

• 2 -MHz crystal 

• MCI 45 152-2 

• V X 16 bit ROM 

• MCI 20 17 (Motorola 64/65 Prescaler) 

• Addition digital control logic 

To begin with the hopping-bin channel spacing requirement of at least 20 kHz, a 
2-MHz crystal is connected to the MCI 45 12-2 with the reference address inputs 
(pins 4, 5, 6) connected such that the crystal is divided by 64(RA2 = 0, RA1 = 0, 
RAO =- 1). This gives a reference frequency of 31.25 kHz, and the maximum 
number of hops is 5.2 MHz/31.25 kHz = 166.4 hops. For 185.6 MHz the values 
of N and A are found as follows: First, let A — 0, and solve for N. 



PN + A = 



k 

fr 



185.6 MHz 
31.25 kHz 



5939.2 ^ 5939 



Second, for this value of N, find A by 



N = 92 



A = kr — NP = 5939 - (92) (64) = 51 

Jr 
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MC145151-2 BLOCK DIAGRAM 



OSCoo, 



osq n 



fin 



T/R 




NOTE: NO-N13 inputs and inputs RAO, RA1 . and RA2 have pull-up resistors that are not shown. 



PIN DESCRIPTIONS 

INPUT PINS 
tin 

Frequency Input (Pin 1) 

Input to the 1 - N portion ot the synthesizer, fjn is typically 
derived from loop VCO and is ac coupled into the device. For 
larger amplitude signals (standard CMOS logic levels) dc 
coupling may be used. 

RA0-RA2 

Reference Address Inputs (Pins 5, 6, 7) 

These three inputs establish a code defining one of eight 
possible divide values for the total reference divider, as 
defined by the table below. 

Pull-up resistors ensure that inputs left open remain at a 
logic 1 and require only a SPST switch to alter data to the 
zero state. 



Reference Address Code 


Total 

Divide 

Value 


RA2 


RA1 


RAO 


0 


0 


0 


8 


0 


0 


1 


128 


0 


1 


0 


256 


0 


1 


1 


512 


1 


0 


0 


1024 


1 


0 


1 


2048 


1 


1 


0 


2410 


1 


1 


1 


8192 



NO- Nil : 

N Counter Programming inputs (Pins 11 - 20, 22 - 25) 
These tnpifls provide the data that is preset into the + N 
counter when it reaches the count of zero. NO is the least sig- 
nificant and N13 is the most significant. Pull-up resistors en- 



sure that inputs left open remain at a logic 1 and require only 
an SPST switch to alter data to the zero state. 

T/R 

Transmit/Receive Offset Adder Input (Pin 21} 

This input controls Ore offset added to the data provided at 
the N inputs. This is normally used for offsetting the VCO 
frequency by an amount equal to the IF frequency of the 
transceiver. This offset is fixed at 856 when T/R is low and 
gives no offset when T/R is high. A pull-up resistor ensures 
that no connection will appear as a logic 1 causing no offset 
addition. 

OSCjp, OSC out 

Reference Oscillator Input/Output (Pins 27, 26) 

These pins form an on-chip reference oscillator when con- 
nected to terminals of an external parallel resonant crystal. 
Frequency setting capacitors of appropriate value must be 
connected from OSCj n to ground and OSC ou t to ground. 
OSCj n may also serve as the input for an externally-gener- 
ated reference signal. This signal is typically ac coupled to 
OSCjp, but for larger amplitude signals (standard CMOS 
logic levels) dc coupling may also be used. In the external 
reference mode, no connection is required to OSC out . 

OUTPUT PINS 

"PDout 

Phase Detector A Output (Pin 4) 

Three-state output of phase detector for use as loop-error 
signal. Double-ended outputs are also available for this pur- 
pose (see and pp). 

Frequency fy > fp or fy Leading: Negative Pulses 
Frequency fy < Ir or fy Lagging: Positive Pulses 
Frequency I y = f R and Phase Coincidence: High-Imped- 
ance State 
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FIGURE 10.10 ( continued ) 
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MOTOROLA 

SEMICONDUCTOR TECHNICAL DATA 



Parallel-Input PLL Frequency 
Synthesizer 

Interfaces with Single-Modulus Prescalers 

The MCI 451 51 -2 is programmed by 14 parallel-input data lines for the 
N counter and three input lines for the R counter The device features consist of 
a reference oscillator, selectable-reference divider, digital-phase detector, and 
14-bit programmable divide— by-N counter. 

The MCI 451 51 -2 is an improved-performance drop-in replacement for the 
MCI 451 51-1. The power consumption has decreased and ESD and latch-up 
performance have improved. 

• Operating Temperature Range: - 40 to 85°C 

• Low Power Consumption Through Use of CMOS Technology 

• 3.0 to 9.0 V Supply Range 

• On- or Off-Chip Reference Oscillator Operation 

• Lock Detect Signal 

• + N Counter Output Available 

• Single Modulus/Parallel Programming 

• 8 User-Selectable + R Values: 8. 128, 256, 512, 1024, 2048, 2410, 8192 

• + N Range - 3 to 16383 

• “LinearizecT Digital Phase Detector Enhances Transfer Function Linearity 

• Two Error Signal Options: Single-Ended (Three-State) or Double-Ended 

• Chip Complexity: 8000 FETs or 2000 Equivalent Gates 
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10 


19 


JN8 


N0( 


11 


18 


]N7 


Nit 


12 


17 


) N6 


N2( 


13 


16 


Ins 


N3( 


14 


15 


] N4 




(M) MOTOROLA 



© Motorola. Inc. 1995 



FIGURE 10.10 ( continued ) 




10.3 Frequency Synthesis by Phase Lock 



421 



MCI 45152-2 BLOCK DIAGRAM 



OSCou, 



OSCr 




ID 

MC 

♦v 



M2 N4 NS N7 N9 



NOTE: NO - N9, AO - A5. and RAO - RA2 have pul-up resistors that are not shown. 



PIN DESCRIPTIONS 

INPUT PINS 
*ln 

Frequency Input (Pin 1) 

Input to the positive edge triggered +• N and + A counters, 
tin ^ typically derived from a dual-modulus prescaler and is 
ac coupled into the device. For larger amplitude signals 
(standard CMOS logic levels) dc coupling may be used. 

RAO, RA1, RA2 

Reference Address Inputs (Pins 4, 5, 6) 

These three inputs establish a code defining one of eight 
possible divide values for the total reference divider. The 
total reference divide values are as follows: 



Reference Address Code 


Total 

Divide 

Value 


RA2 


RA1 


RAO 


0 


0 


0 


e 


0 


0 


1 


64 


0 


1 


0 


128 


0 


1 


1 


256 


1 


0 


0 


512 


1 


0 


1 


1024 


1 


1 


0 


1160 


1 


1 


1 


2048 



NO-N9 

N Counter Programming Inputs (Pins 11 - 20) 

The N inputs provide the data that is preset into the + N 
counter when it reaches the court of 0. NO is the least signifi- 
cant digit and N9 is the most significant Puff-up resistors en- 
sure that inputs left open remain at a logic 1 and require only 
a SPST switch to alter data to the zero state. 

At 

AO- AS ^ 

A Counter Programming Inputs 
(Pins 23,21,22,24,25,10) 

The A inputs define the number of clock cycles of fjn that 
require a logic 0 on the MC output (see Duel-Modulus 



Prescaling section). The A inputs all have internal pull-up 
resistors that ensure that inputs left open will remain at a 
logic 1. 

OSCjn, O SC out 

Reference Oscillator Input/Output (Pins 27, 26) 

These pins form an on-chip reference oscillator when con- 
nected to terminals of an external parallel resonant crystal. 
Frequency setting capacitors of appropriate value must be 
connected from OSCj n to ground and OSC ou t ground. 
OSCjn may also serve as the input for an externally-gener- 
ated reference signal. This signal is typically ac coupled to 
OSCj n , but for larger amplitude signals (standard CMOS 
logic levels) dc coupling may also be used. In the external 
reference mode^no connection is required to OSCout. 

OUTPUT PINS 

Phase Detector B Outputs (Pins 7, 8) 

These phase detector outputs can be combined externally 
for a loofv-enror signal. 

If the frequency fv is greater than f r or if the phase of fy is 
leading, then error information is provided by $y pulsing low. 
♦r remains essentially high. 

If the frequency fy is less than fR or if the phase of fy is 
lagging, then error information is provided by f r pulsing low. 
4>v remains essentially high. 

If the frequency of fy = (r and both are in phase, then both 
4V and $r remain high except for a small minimum time 
period when both pulse low in phase. 

MC 

Dual-Modulus Prescale Control Output (Pin 9) 

Signal generated try the or>-chip control logic circuitry for 
controlling an external dual-modulus prescaler. The MC 
level will be low at the beginning of a count cycle and will 
remain low until the * A counter has counted down from its 
programmed value. At this time, MC goes high and remains 
high until the + N counter has counted the rest of the way 
down from its programmed value (N - A additional counts 
since both + N and + A are counting down during the first 
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portion of the cycle). MC is then set back low, the counters 
preset to their respective programmed values, and the above 
sequence repeated. This provides for a total programmable 
divide value {Nj) = N • P + A where P and P + 1 represent the 
dual-modulus prescaler divide values respectively for high 
and low MC levels, N the number programmed into the + N 
counter, and A the number programmed into the + A counter. 

LD 

Lock Detector Output (Pin 28) 

Essentially a high level when loop is locked (fR, fy of same 
phase and frequency). Pulses low when loop is out of lock. 



POWER SUPPLY 
VDD 

Positive Power Supply (Pin 3) 

The positive power supply potential. This pin may range 
from + 3 to + 9 V with respect to V$s. 

Vss 

Negative Power Supply (Pin 2) 

The most negative supply potential. This pin is usually 
ground. 



TYPICAL APPLICATIONS 



NO CONNECTS 




NOTES: 



1. Off-chlp oscillator optional. 

2. The $r and outputs are fed to an external combiner/loop filter. See the Phase-Locked Loop — Low-Pass Fitter 

Design page for additional information. The and fry outputs swing rail— to — rail. Therefore, the user should be careful 

not to exceed the common mode Input range of the op amp used in the combiner/loop filter. 

Figure 1. Synthesizer for Land Mobile Radio VHF Bands 
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RECEIVER 2ND LO. 
30.720 MHz 



RECEIVER FIRST 1.0. 
825.030 -> 844.980 MHz 
(30 kHz STEPSJ 




TRANSMITTER 


J 


X4 


MODULATION 


~1 


NOTE 6 



CHANNEL PROGRAMMING 



MC12017 

-64/65 PRESCALER 
NOTE 6 



NOTES: 



TRANSMITTER SIGNAL 
825.030 -> 844.980 MHz 
(30 kHz STEPS) 



1. Receiver 1st I.F. = 45 MHz, low side injection; Receiver 2nd I.F. = 11.7 MHz, low side injection. 

2. Duplex operation with 45 MHz receiver/transmit separation. 

3. f R = 7.5 kHz; ♦ R = 2048. 

4. Ntotal = N • 64 + A ■ 27501 to 28166; N = 429 to 440; A = 0 to 63. 

5. MC145158-2 may be used where serial data entry Is desired. 

6. High frequency prescalers (e.g., MCI 2018 [520 MHz] and MCI 2022 [1 GHz]) may be used for higher frequency VCO and l ref 
Implementations. 

7. The $ R and <v outputs are fed to an external combiner/loop filter. See the Phase-Locked Loop — Low-Pass FBter Design page for 
additional information. The *R and ifv outputs swing ralMo-rail. Therefore, the user should be careful not to exceed the common mode 
input range of the op amp used in the combiner/loop filter. 



Figure 2. 666-Channel, Computer-Controlled, Mobile Radiotelephone Synthesizer 
for 800 MHz Cellular Radio Systams 
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In the same manner N = 90 and A = 13 for 180.4 MHz. Notice that the decimal val- 
ues were rounded to the integer part. The decimal appears because the output fre- 
quency choice was not a multiple of the reference frequency. The divide-counter 
values are summarized below 

N = 92 N = 90 

A = 51 A = 12 

P = 64 P = 64 

f 0 = 185, 593, 750 Hz f Q = 180, 406, 250 Hz 

With these values there are 166 hops possible. Since only 50 hops are required and 
we will need a 16-bit read-only memory (ROM)(10 bits for the N counter and 6 bits 
for the A counter) to store these digital values, it is best to use 128 hops and a 2 7 X 
16 bit ROM. The new divide-counter values are 



N = 92 N = 90 

A = 13 A =12 

P = 64 P = 64 

f 0 = 184, 406, 250 Hz f 0 = 180, 406, 250 Hz 

A low-pass filter (LPF) is designed with the techniques learned in Chaps. 8 and 9, 
and a VCO is designed with the techniques learned in Chap. 7. In addition, a timer 
circuit is required to clock the ROM. The time interval for which a hop is in a fre- 
quency bin is called the dwell time. For this application, the dwell time must be at 
least as long as the longest settling time of the PLL (note, as stated earlier in this 
chapter, that the different divide values change the open-loop gain and the loop 
dynamics). A block diagram of this implementation is given in Fig. 10.1 1. 



Down Conversion 

Another approach to circumventing the high-frequency limitation of the program- 
mable dividers is to shift the output frequency down by mixing the output fre- 
quency with a local oscillator frequency. Figure 10.12 illustrates a single down- 
conversion synthesizer. The low-pass filter following the mixer is used to filter out 
the hjgher mixer output frequency f 0 + ft . The divider output frequency is 

/. /» f o f L 

Jd — Jr — 

SO f 0 = /l + Nfr 

The main disadvantages of this method are that the complexity and size are 
increased, the possibility of spurious components being introduced by the mixer is 
increased, and the phase lag of the filter used in the feedback path can degrade the 
loop performance. 
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FIGURE 10.11 

Implementation of PLL frequency synthesizer using MC145 152-2. 




FIGURE 10.12 

A PLL frequency synthesizer with down conversion. 



Method;? for Reducing Switching Time and/or Widening the Loop Bandwidth 

There are methods available for circumventing the conflict between the need for 
fine frequency resolution and the need to quickly change frequencies. A method of 
reducing the response time is to include a coarse steering signal. When the fre- 
quency is changed by altering the divide ratio N, a steering signal can be generated 
and applied immediately to direct the VCO to the new frequency (see Fig. 10.13). 
The steering signal can be obtained from a lookup table stored in memory with the 
D/A converter used to generate the analog steering signal. Another frequently used 
method is to incorporate multiple phase-locked loops in the synthesizer. 
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FIGURE 10.14 

A PLL frequency synthesizer with a postdivider for increased 
frequency resolution. 



Multiple-loop frequency synthesizers 

One possible method of obtaining fine frequency resolution with a high refer- 
ence frequency is illustrated in Fig. 10.14. The output frequency is obtained by 
dividing the VCO output frequency by M. That is, 




and the frequency resolution is 




Hence fine resolution is obtained by making sure that M is sufficiently large. A prob- 
lem inherent ih this technique is that the loop frequency may become too large. The 
difficulty is illustrated by the following numerical example. 

example io. s. Consider the design of a frequency synthesizer to cover the frequency 
range from 10 to 10.1 MHz with 1-kHz resolution. The reference frequency is to be 100 
kHz. To obtain the 1-kHz frequency resolution from the 100-kHz reference frequency 
requires that the VCO output frequency be divided by 100. An output frequency of 10 
MHz will require that the VCO be operating at 1 GHz! 

Although adding a postdivider is not a good solution in general, the concept 
does find practical application in multiple-loop synthesizers. A multiple-loop syn- 
thesizer uses one or more loops to obtain the fine frequency resolution and com- 
bines the outputs of these loops with that of another loop, which generates the 
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high-frequency components of the desired output frequency. The principles in- 
volved can be easily understood by examining one such synthesizer. 

example 10 . 6 . Consider the design of a frequency synthesizer to cover the fre- 
quency range from 35.40 to 40.00 MHz in 1-kHz increments. If this is to be accom- 
plished in a single-loop synthesizer, a reference frequency of 1 kHz will be required 
(with a response time of approximately 25 ms), together with the divide ratio N 

35.40 x 10 3 < Af < 40.00 x 10 3 

An alternate design is shown in Fig. 10. 15. 2 The synthesizer consists of three PLLs. 
PLLs A and B both use the 100-kHz reference frequency. Loop C locks the divided out- 
put of loop A (/a) to the difference between the output frequency f 0 and the output of 
loop B (/ B ). That is, 

/a = fo- h (10.15) 

or fo = fto + /a (10.16) 

Phase-locked loop C serves as a mixer and filter for /a and /b- If /a and /b are directly 
combined in a mixer, the sum and difference frequencies will be too close together to be 
adequately separated with a bandpass filter. The present technique of using a phase- 
locked loop for frequency mixing does accomplish good separation. 

Since the reference frequency of loop A is 100 kHz, its output frequency f a can be 
varied in 100-kHz increments, and 



= is, = * 103 




FIGURE 10.15 

The three-loop frequency synthesizer discussed in Example 10.6. 
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varies in 1-kHz increments. Loop A is used to generate the 1- and 10-kHz increments 
of output frequency, and loop B the 0.1- and 1-MHz changes in output frequency. Fre- 
quency /a could be selected to vary between 0 and 99 kHz in 1-kHz increments, but 
/a also serves as the reference frequency for loop C. If, for example, / A = 1 kHz, this 
will require that loop C be a relatively slow loop and will determine the overall 
response time of the synthesizer. To reduce the response time of loop C, / A is increased 
by 300 kHz so that 



300 kHz < / A < 399 kHz 
Therefore, 3.0 x 10 7 < f a < 3.99 x 10 7 

and 300 < N a < 399 

Since — — f A , frequency / B is reduced by 300 kHz so that 



35.40 - 0.3 < / B < 40 - 0.3 MHz 



and 351 < N B < 397 

The response time of the frequency synthesizer is determined by the response times 
of loops A and B, both of which have a reference frequency of 1 00 kHz. Hence the over- 
all response time will be approximately 25 X 10 2 ms, even though 1-kHz frequency 
increments are obtained. Frequency resolution down to 10 Hz could be obtained by first 
combining loop A with another loop and a divide-by-100 circuit (requiring two addi- 
tional loops). 

Fractional -N loops 

An alternative method of decreasing loop response time would be possible if N 
could be made to take on fractional values. The output frequency could then be 
changed in fractional increments of the reference frequency. Although a digital 
divider cannot provide a fractional division ratio, ways can be found to effectively 
accomplish the same task. The technique was originally called digiphase , 3 and a 
commercial version 4 is referred to as Fractional-N. The most frequently used 
method is to divide the output frequency by N + 1 every M cycles and to divide by 
N the rest of the time. The effective division ratio is then N -F M -1 , and the aver- 
age output frequency is given by 

. v - fo = (N + M-')f r ( 10 . 17 ) 

This expression shows that f a can be varied in fractional increments of the reference 
frequency by varying AT. A simplified method for generating the fractional division 
is shown in Fig. 10 . 16 . The divider divides the input frequency by N, and the 
counter counts the number of cycles of waveform output. Each time the counter 
reaches a count of M — 1, the counter output goes low for one input cycle and one 
input cycle does not reach the divider. Therefore, the divider requires N + 1 input 
cycles to change state. 

The number of output cycles during one complete cycle of the M counter is 
fo = fdN(M - 1 ) + f d (N + 1 ) = fANM + 1 ) 
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FIGURE 10.16 

A simplified method of implementing frac- 
tional division. 



and the average output frequency per cycle of the M counter is 

(/.)„ = fAN + AT 1 ) 

The average frequency at the divider output is the output frequency divided by 
N + A/ \ so a form of fractional division has been realized. The method of imple- 
menting fractional- A division shown in Fig. 10.16 will work as long as Mis an inte- 
ger, but normally it will not be. A more general method of implementing fractional 
division can be obtained by using a phase accumulator. The phase accumulator 
approach is illustrated by the following example. 

example io.7. Consider the problem of generating 455 kHz by using a fractional-jV 
loop with a 100-kHz reference frequency. The integer part of the division is N = 4, and 
the fractional part is M -1 = 0.55, or M = 1.8. Clearly M is not an integer; the VCO out- 
put is to be divided by 5(N + 1) every 1.8 cycles, or 55 times every 100 cycles. 
Although M is not an integer, the fractional division can be easily implemented by 
adding the number 0.55 M -1 to the contents of an accumulator every output cycle. Each 
time the accumulator overflows (the contents exceed l),“the divider divides by 5 rather 
than by 4. Only the fractional value of the addition is retained in the phase accumulator. 

The phase accumulator realization of fractional division is illustrated in 
Fig. 10.17. Fine frequency resolution can be arbitrarily obtained by increasing the 
length of the phase accumulator. The previous example used a 100-kHz reference 
frequency. A resolution of 1 0 5 / 1 0 5 = 1 Hz could be obtained by using a five-stage 
binary-coded decimal (BCD) accumulator. The performance of a fractional-A 
synthesizer will be further illustrated with another numerical example. 

example io.8 Consider the problem of incrementing the output frequency of a 1- 
MHz synthesizer by 1000 Hz, the reference frequency being 10 kHz. Since 

\ f„ = (N + M~')f r 



r * Divider output 





’ fd 


Accumulator 













FIGURE 10.17 

A phase accumulator used for fractional 
division. 



f c /M 



Carry 
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N = 100; if f 0 is to be increased to 1.001 x 10 6 Hz, then M = 10. That is, at every 10 
reference cycles (10 3 output cycles), the output frequency is divided by 101. The aver- 
age output frequency is then 100.1 x 10 4 Hz, which is the desired frequency. While the 
reference signal goes through one period, the VCO signal goes through 100.1 cycles and 
the output of the divider (-rl00) goes through 1.001 cycles; its phase relative to the ref- 
erence frequency advances by 0.001 x lit rad each reference cycle. After the 10 refer- 
ence cycles, the divider reference output leads the reference signal by 0.01 x lit rad. At 
this time one VCO cycle is skipped; the skipping of one VCO cycle delays the divider 
output by 0.01 x 2jt rad, which is exactly how much the divider output had increased 
in phase. 

Although the average output frequency was 1.001 MHz in the preceding exam- 
ple, the instantaneous output frequency changes with each reference cycle because 
of the increasing phase difference between the divider output and the reference sig- 
nal. The timing diagram of Fig. 10.18 illustrates this point. If the divider output fre- 
quency is slightly faster than the reference frequency, the phase-detector output will 
consist of pulses of increasing width, and the dc value of these pulses will appear as 
shown in Fig. 10.19. This voltage will create fluctuations in the output frequency if 
the frequency is not eliminated before it reaches the VCO. 

Figure 10.20 contains a simplified diagram of a fractional-V synthesizer that 
eliminates the deterministic noise occurring at the phase-detector output by adding 
a signal equal in magnitude and opposite in sign to the deterministic voltage present 
at the detector output. The fraction register, adder, and phase register determine how 
often a pulse is to be removed from the VCO output. The phase register contains the 




FIGURE 10.18 

Timing signals in a PLL frequency syn- 
thesizer using fractional division. 




FIGURE 10.19 

Typical waveform of the aver- 
age value of the phase-detector 
output of a fractional-W 
synthesizer. 
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FIGURE 10.20 

A complete fractional-N frequency synthesizer. 



fractional portion of the divisor, and this information is converted to an analog sig- 
nal in the D/A converter. The analog signal is then used to reduce the phase noise. 

One further feature of this analog noise-canceling signal is that it depends on 
both M and N. If, for example, it is desired to synthesize a frequency of 2.001 MHz, 
then M is again 10, and every 10 reference cycles the output frequency is divided by 
201 . During each reference cycle the VCO goes through 200. 1 cycles. Therefore, the 
divider output phase relative to the reference frequency advances by 0.001/2 x 2tt 
rad each reference cycle. This phase increment is one-half of that which occurs for 
an output frequency of 1.001 MHz. In general, the amplitude of these steps is 
inversely proportional to frequency. Therefore, the D/A output amplitude must be 
adjusted by a programmable gain amplifier, with the gain inversely proportional to 
N. The analog signal is subtracted from the phase-detector output in order to provide 
a low-noise. VCO control signal. 

■ 10.4 

DIRECT DIGITAL SYNTHESIS 5 

Direct digital frequency synthesis (DDFS) is achieved either by solving a digital 
recursion relationship using a general-purpose computer or microcomputer or by 
storing the sine wave values in a lookup table. Recent advances in microelectronics 6 
make DDFS practical at frequencies up to approximately 150 MHz. Further scaling, 
the use of pipeline phase accumulators, and the use of parallel-architecture D/A 
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converters may soon enable frequencies up to 500 MHz. The synthesizers can be 
small and low-power and can provide very fine frequency resolution (can be less 
than 1 Hz) with virtually instantaneous, phase-coherent switching of frequencies. In 
addition, they have a very fast settling time (usually measured in nanoseconds), 
experience minimal drift, and exhibit very little phase noise. 

There are at least two problems with the method of solving a linear recur- 
sion relationship to generate the sine wave. The noise can increase until a limit 
cycle (nonlinear oscillation) occurs. Also, the finite word length used to represent 
the coefficients places a limitation on the frequency resolution. For these two 
reasons, the direct table lookup method is preferred today. One direct table 
lookup method outputs the same points for each cycle of the sine wave and 
changes the output frequency by adjusting the rate at which the data are output. 
It is relatively difficult to obtain fine frequency resolution with this approach, 
and a modified table lookup method is usually used if fine frequency resolution 
is desired. It is the latter method that will be described here. The basic idea is to 
store N uniformly spaced samples of a sine wave in memory and then to output 
these samples at a uniform rate to a digital-to-analog converter, where they are 
converted to an analog signal. The lowest-output-frequency waveform then will 
contain N distinct points. A waveform of twice the frequency can then be gener- 
ated by using the same data output rate but outputting every other value stored 
in memory. A waveform k times as fast is obtained by outputting every kth point 
at the same rate. The frequency resolution is the same as the lowest frequency 
f L . There is an upper frequency limit that is determined by the number of points 
stored in memory. Theoretically, it is only necessary tQ output two samples of the 
sine wave and to recover the fundamental frequency with analog filtering on the 
output of the D/A converter. Normally four or more points are used in the high- 
est frequency signal, as this somewhat eases the requirements of the analog filter 
at the output. The architecture of a complete DDFS is shown in Fig. 10.21. The 
system consists of a phase accumulator, which is simply a digital accumulator, a 
read-only memory, a reference oscillator, a D/A converter, and a low-pass filter. 
To generate the lowest frequency, the value 1 is added to the phase accumulator 
each reference cycle, and the next value from the lookup table is outputted. To 
output the frequency which is k times as fast as the lowest frequency, the value 
k is added to the phase accumulator each time and the corresponding value from 
the lookup table is outputted. 




FIGURE 10.21 

A direct digital frequency synthesizer (DDFS). 








10.4 Direct Digital Synthesis 



433 



To determine the frequency resolution of a DDFS system, consider a 2*-bit 
phase accumulator and a reference clock/., k . This phase accumulator can address up 
to 2 n different ROM locations (i.e., samples); and if it is incremented by 1 on each 
clock edge, then all 2 N samples are accessed. Assuming that all the samples are 
unique (usually the case), the frequency resolution is given by 

fr = ^r (10.18) 

For example, with a 32-bit accumulator and a 10-MHz clock, the frequency resolu- 
tion is 2.33 mHz! 

If P samples are used to represent the waveform at the highest output fre- 
quency / m „, then N = (/ ma x//min)- P samples are used in the lowest-frequency 
waveform. The number N is limited by the amount of available memory, and P, 
which must be greater than 2, is determined by the output low-pass filtering require- 
ments. For the period of the highest output frequency, 

Znax — ~Z = PT or / max — — — 

J max i 1 

where T is the reference clock’s period. Therefore, the highest possible obtainable 
output frequency is determined by the fastest sampling rate possible. The single most 
important factor limiting the high-frequency performance of direct frequency syn- 
thesizers is the speed of the D/A converter. Not only does it limit the maximum out- 
put frequency, but also it introduces noise and harmonic distortion. For frequency 
synthesizers realized with a microprocessor, the upper frequency limit will be deter- 
mined by the number of computer clock cycles required to do the phase accumula- 
tion and memory lookup transfer. For the new high-speed digital signal-processing 
integrated circuits, this time can be reduced to less than 20 ns. There is no lower limit 
on the lowest output frequency with this method. It will be subsequently shown that 
the lower frequency limit can be extended simply by extending the size of the phase 
accumulator. 

To complete the DDFS, the memory size and length (number of bits) of each 
word must be determined. Word length is determined by the system noise require- 
ments. The D/A output samples are those of an exact sinusoid corrupted with deter- 
ministic noise due to the truncation caused by the finite length of the digital words. 
It can be shown that if an (n + 1 ) -bit word length is used (including 1 bit as the sign 
bit), the worst^case- noise power (relative to the signal) due to the truncation will be 
approximately 

a 2 = (2 n )~ l or a 2 = -6 n dB (10.19) 

For each bit added to the word length, the spectral purity improves by 6 dB. 

example io.9. What word length will be required in a DDFS if the output spectral 
purity is to be at least 80 dB? 

Solution. Since the noise power is -6 n dB, n must be at least 14. One additional bit is 
needed for the sign; therefore, the minimum word length needed is 15 bits for an 80-dB 
signal-to-noise ratio. 
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For four output samples at the highest frequency, the memory size is deter- 
mined from Eq. (10.18) 

AT = 4 — 
fh 



where N is the number of points in the lowest-frequency sinusoid. Clearly N words 
of memory would be sufficient for storing the data. However, the amount of mem- 
ory required can usually be markedly reduced. First, it is only necessary to store the 
values for the first quadrant (0 to 90°) of the sine wave, since the values for the other 
three quadrants can be computed directly from these values; so a maximum of 
Af/4 = fu ! /l memory points is required. The amount of memory can also be 
reduced by including one or more multipliers; but since multiplication is relatively 
slow, particularly with microprocessors, and memory is small and inexpensive, 
multiplication is rarely used to reduce the memory requirements. The amount of 
memory may still be reduced from that specified by Eq. (10.19) when the spectral 
purity requirements are not too severe. This point is illustrated in the following 
example. 

example io.io. Design a DDFS to cover the frequency range 0 to 10 kHz with a fre- 
quency resolution of at least 0.001 Hz. The spectral purity is to be at least 40 dB. 



Solution . The use of 8-bit words, including the sign bit, will give a spectral purity of 
42 dB (6x7), and this meets the noise specification. Since 



N 




4 x 10 4 
0.001 



= 4 x 10 7 < 2 26 



it appears at first inspection that a large amount of memory is required. However, only 
2 8 = 256 different words can be realized using 8-bit words, so 256 memory locations 
should suffice. The explanation of this apparent contradiction is that although 4 x 10 7 
different points are specified, the phase increments AO — coT are so small that approx- 
imately 2 26 h- 2 8 = 2 18 increments are needed before a change is registered in the 8-bit 
word. (A 26-bit word would be required to represent all 2 26 words.) The complete 
design is illustrated in Fig. 10.22. If four samples are used to represent the maximum 
frequency of 10 kHz, then a 40-kHz clock is required. From Eq. (10.18), for a resolu- 
tion of at least 1 mHz, a 26-bit phase accumulator is required. However, only 8 bits are 
needed to address the ROM, and the remainder of the phase accumulator bits is unused. 




FIGURE 10.22 

The direct digital frequency synthesizer discussed in Example 10.10. 
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This procedure is known as phase accumulator truncation and adds noise spurs to the 
output spectrum. The strength of these spurs and their location in the spectrum were first 
determined by Henry T. Nicholas, III, and Henry Samueli in their paper “An Analysis 
of the Output Spectrum of Direct Digital Frequency Synthesizers in the Presence of 
Phase-Accumulator Truncation.” 7 The worst-case magnitude of a spur is given by 

= T _ N *(FCW, 2 T )j2 T 
sin[jr(FCW, 2 T )/2 T ] 

where T is the number of bits truncated, N is the number of phase accumulator bits, 
FCW is the frequency control word (the amount that the phase accumulator is incre- 
mented), and (FCW, 2 T ) represents the greatest common divisor (GCD) of FCW and 
2 T . With a simple hardware modification, 6 the FCW is held relatively prime to 2 r and 
reduces the expression (FCW, 2 r ) to unity. In this case the worst-case spur amplitude is 
about —48.2 dBc for 18 bits of truncation, and the design requirements are still satisfied. 
Notice that greater frequency resolution could be obtained by increasing the number of 
phase accumulator bits, but at the cost of greater-magnitude noise spurs. 

At the upper frequency limit f u , the output waveform will consist of only four 
samples, and so it will not look much like a sine wave unless the harmonics of the 
fundamental frequency are removed by a low-pass filter. This filter should have a 
bandwidth slightly greater than f u and a steep attenuation rate outside the passband. 
Although the harmonic filtering will not be as great for lower-frequency wave- 
forms, these waveforms contain more sample points, and hence the harmonic con- 
tent will be less. 

The main drawback of DDFS is that it is limited t£> relatively low frequencies. 
The upper frequency is restricted by the maximum possible clock frequency and the 
settling time of the D/A converter. In addition, at higher frequencies the power con- 
sumption can become large. (Combining DDFS for fine frequency resolution with 
other synthesis methods to obtain high-frequency performance is discussed in the 
next section.) DDFS is also spectrally noisier than the other methods. The spectral 
content of spurs due to phase accumulator truncation changes with each new FCW 
value, making the low-pass filtering requirements very stringent. More importantly, 
as seen by Eq. (10.19), the magnitude of the noise spurs at the output is directly 
affected by the bit resolution of the D/A converter (DAC). 

Despite these disadvantages, DDFS systems are easily constructed with con- 
ventional components; they are flexible, have fast settling times, maintain phase 
coherence between frequency steps, and have very good frequency resolution. 
DDFS systems also offer easy digital modulation (on-off keyed and FM at the 
accumulator phase between the accumulator and ROM, and AM between the ROM 
and D/A converter. In addition, since the phase progresses in a linear manner, the 
phase linearity is the same as the reference clock’s progression linearity. A DDFS 
system is essentially a clock divider, making the phase noise of the system normal- 
ly less than that of clock (low-phase noise crystal). 

Integrated-circuit versions of the DDFS system are available from many ven- 
dors including Harris Semiconductor and Analog Devices. For example, the Analog 
Devices AD9850 is a 28-pin DDFS with a 10-bit DAC and 32-bit phase accumula- 
tor, and it can be clocked up to 125 MHz. Current research efforts are focused on 
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improving the settling time and resolution of the DAC, compressing the ROM sam- 
ples, lowering the power consumption, and reducing the noise spurs at the system 
output. If these issues can be resolved, the DDFS may become the main frequency 
synthesis architecture in the future. 



■ 10.5 

SYNTHESIZER DESIGN EXAMPLE 

Consider the design of a frequency synthesizer to cover the range of 198 to 200 MHz 
in 10-Hz increments. The frequency switching time should be as short as possible. 
These specifications are typical of those imposed on a synthesizer to be contained in 
a satellite communication system. Fine frequency resolution and short settling time 
are required in a system which uses frequency hopping as a means of preventing 
unauthorized reception of the data transmission. A switching time of 10 /xs is realis- 
tic today. 

There are many systems that can meet the frequency and resolution require- 
ments. They include 

1. A single-loop indirect synthesizer 

2. A multiple-loop indirect synthesizer 

3. A fractional-N synthesizer combined with one or more local oscillators for up 
conversion 

4. A direct frequency synthesizer 

5. A PLL-DDFS combination 

6. A combination of DDFS, direct, and indirect synthesizers 

The following discussion considers some of these possibilities. 

The single-loop indirect (PLL) synthesizer is not a good choice for several rea- 
sons. First, N must vary from 19.8 x 10 6 to 20 x 10 6 , and programmable dividers 
that operate at 198 MHz are not yet available. However, a variable-modulus prescaler 
could be added to reduce the speed requirements of the programmable dividers. Also, 
the 10-Hz frequency resolution specification requires that the reference frequency be 
10 Hz. For a 10-Hz reference frequency, the loop settling time would be on the order 
of 2.5 s, which is must too slow. 

A two-loop synthesizer that can cover the specified frequency spectrum is 
shown in Fig. 10.23. The output frequency is the sum of the local oscillator fre- 
quency f L and the frequency of VCO 1 (/i). That is, 

fo = f L + fi (10- 2 °) 

The output f\ is found from 

- / 1 -/ 2 /IOOO 

ir ~ M 

f2 ~ h/2 



and 



N 



( 10 . 22 ) 
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FIGURE 10.23 

A hybrid frequency synthesizer. 



Therefore, 



fo — ft + 



M r + 



h 

1000 



= f L + Mf r +N 



fr 



1000 



+ 



fh 

2000 



(10.23) 



for a reference frequency f r = 10 kHz, and 

fo = 1.0005 f L + 10 4 M + ION 

where N could be a three-digit decimal number (1 to 999) to select the three least 
significant digits of the frequency, and M could vary between 0 and 200 to select the 
three most significant digits. But then the output bandpass filter requirements would 
be too stringent. Therefore, it is better to place a minimum value on M and reduce 
/l such that Eq. (1Q.23) is satisfied. For example, M could vary from 800 to 1000; 
then - - ' 

1.0005 f L = 198 x 10 6 - 800 x 10 4 
or f L = 189.90504 x 10 6 Hz 

For this synthesizer the reference frequency for each loop is 10 kHz, so the settling 
time will be approximately t s = 25/ 10 4 = 2.5 ms, which is a marked improvement 
over the single-loop system. If a shorter settling time is required, other alternatives 
need to be considered. Another possibility would be a three-loop synthesizer. The 
design of such a system is left as an exercise. 

A direct frequency synthesizer could be designed to meet the specifications, but 
the hardware would be complex. A direct synthesizer using double-mix-and-divide 
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modules would require seven such modules. Currently, a DDFS cannot be used 
because of the high output frequency required, but a direct digital frequency syn- 
thesizer could be used to obtain the fine frequency resolution with a very short set- 
tling time. The DDFS could then be combined with a direct or indirect synthesizer 
to obtain the high output frequency. 

Figure 10.24 illustrates one possible solution to the design problem. The DDFS 
realizes 1 to 3 MHz in 10-Hz increments. The lower frequency is offset to 1 MHz 
in order to make the first high-pass filter practical. An infinite variety of frequencies 
could be selected for the mixing frequencies, but the combination of f\ =1 MHz, 
f 2 = 30 MHz, and / 3 = 160 MHz is one possibility. As previously described, the 
memory requirements for the DDFS will be determined by the word length, which 
is determined by the noise specification. 

Figure 10.25 illustrates another solution to the problem. The configuration is 
often referred to as a direct digital/direct/indirect hybrid synthesizer. In this system, 




FIGURE 10.24 

A combination direct/direct digital frequency synthesizer. 




FIGURE 10.25 

A hybrid frequency synthesizer. 
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the DDFS generates the frequencies 2.0 to 2.1 MHz in 10-Hz increments if d ). The 
minimum frequency of 2.0 MHz is selected to ease the requirements of the band- 
pass filter. The lower PLL uses a reference frequency of 100 kHz to generate the fre- 
quency increments of 100 kHz (1 < N < 21). Since the DDFS responds almost 
instantaneously, the overall settling time is determined primarily by the loop with 
the 100-kHz reference frequency; the settling time is estimated to be 250 /is. 



S3 10.6 

PHASE NOISE 

The preceding discussion of frequency synthesizers emphasized that the output 
noise is an important design consideration. The main sources of output noise in PLL 
synthesizers are spurious components at the reference frequency and at its harmon- 
ics (due to the phase detector) and the noise originating in the VCO. This noise cre- 
ates a theoretical noise floor, which is a minimum against which actual systems can 
be compared. As shown earlier, the phase noise for a DDFS is actually less than that 
of the reference clock. 



A Model for Oscillator Phase Noise 

If the power spectral density (power as a function of frequency) is measured at the 
output of an oscillator, a curve such as that of Fig. 10J7 is observed. Rather than all 
the power’s being concentrated at the oscillator frequency, some of the power is dis- 
tributed in frequency bands on both sides of the oscillator frequency. These un- 
wanted frequency components are referred to as oscillator noise. 

Oscillator noise will have a different impact on system performance depending 
upon the application. The noise of a synthesizer used in a transmitter is transmitted 
on frequencies above and below the desired frequency of transmission. A similar 
process occurs in a receiver. The local oscillator phase noise can mix with an un- 
wanted signal to create an unwanted signal in the intermediate-frequency (IF) pass- 
band. This process is referred to as reciprocal mixing. The phase noise is one of the 
limiting factors in determining how closely spaced (in the frequency domain) two 
communication channels can be. 

With a spectrum analyzer, it will not be possible to measure the noise charac- 
teristic^ of a signal unless the spectrum analyzer oscillators have substantially less 
noiseThan the signal to be measured. Leeson 8 developed a model that describes the 
origins of phase noise in oscillators, and since it closely fits experimental data, the 
model is widely used and will be described later in this chapter. First a relation 
between the observed power spectral density function and 9(t) will be developed. 

The oscillator output S(t ) can be expressed by 

S(t) = V(f) cos^f + 0(f)] (10.24) 

where V(t) describes the amplitude variation as a function of time, and 9{t) is the 
phase variation [0(f) is referred to as phase noise.] A well-designed, high-quality 
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oscillator is very amplitude-stable, and V(r) can be considered constant. For a con- 
stant amplitude signal, all oscillator noise is due to &(t). 

A carrier signal of amplitude V and frequency f Q , which is frequency- 
modulated by a sine wave of frequency / m , can be represented by 



S(f) = V cos 



(^>o 



Af . 
f + — sin co„ 
Jm 



) 



(10.25) 



where A / is the peak frequency deviation and $ p = A f/f m is the peak phase devi- 
ation, often referred to as the modulation index fi. Equation (10.25) can be ex- 
panded as 

S(t) = V[cos(o> 0 /) cos {6p sina> m 0 - sin(a) o 0 sin^ sin co m t)] (10.26) 



If the peak phase deviation is much less than 1 (0 p <$C 1), then 

cos(0 p sin a> m t) « 1 



and sin(0 p sin co m t ) ~ 0 p sin co m t 

That is, for 0 P <& 1, the signal S(t) is approximately equal to 
S(t ) = V[cosetV — sincUor^p sinft> m r)l 

I Op 

cos 0) o t - ~~ [cos (co 0 + co m )t — C0S((U o - te m )t] 



(10.27) 



Equation (10.27) shows that if the peak phase deviation is small, the phase 
deviation results in frequency components on each side of the carrier of amplitude 
VOpj 2. This development has shown that a constant- amplitude signal of frequency 
f a phase-modulated with a signal of constant frequency f m and peak phase deviation 
Op results in frequency sidebands at the frequencies f 0 ± f m . The ratio of the peak 
sideband voltage V n to the peak carrier voltage V is 



Vn 

V 



2 



and the power ratio is 



(Vs Y = 9 J = o_L 

\v) 4 2 



(10.28) 



It is fustomary to extend this result to the interpretation of the power spectral den- 
sity of a constant- amplitude signal. Consider the normalized power spectral density 
plot shown in Fig. 10.26. If the normalized power spectral density P e {f ) is approx- 
imately constant over a unit bandwidth, then the power in that bandwidth S' e is 



Wm) 



-L 



/»+ 1/2 



Po(f)df = P e (fm) 






(10.29) 



Since P$(f) is symmetric about the carrier frequency f Q , the power in both side- 
bands is 



Soifm) - 2 Peifm) 



(10.30) 
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FIGURE 10.26 

Oscillator-noise-power spectral 
density. 



This noise power is interpreted as due to a phase- modulating noise at the fre- 
quency f m : 

s e (f m ) = e 2 mi (fj = ^~ (io.3i) 

where B p is the peak value of the phase modulation. Then S e (f) is the ratio of 
power in the unit bandwidth centered at f m to the carrier power. With this interpre- 
tation of the noise-power spectral density, the noise can now be described in terms 
of its origins. 

We will assume that the oscillator is composed of an amplifier with gain A and 
a high-Q resonant circuit, as illustrated in block diagram form in Fig. 10.27. Since 
the gain of the resonant circuit has been normalized to unity at the resonant fre- 
quency f 0 , the amplifier gain A must also be unity in order for the circuit to oscil- 
late. Let Sg represent the amplifier-noise-power spectral density referenced to the 
amplifier input. The available white noise N power per unit bandwidth at the ampli- 
fier input is given by 

N = Ni +N a = FkT (10.32) 

where F is the amplifier noise figure. Therefore, the ratio of white noise power 
per unit bandwidth^ to signal power P s is FkT/P s , which is a component of Sg. In 

FIGURE 10.27 

A mode) used to characterize oscillator noise. 



[i +yC?(t-£)r 1 
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addition, amplifiers generate an additional “flicker,” or 1 // phase noise, about the 
carrier frequency, assumed probably to be due to carrier density fluctuations in the 
transistor. 

A plot of a typical So spectrum is contained in Fig. 10.28. For frequencies 
below f a , S e has a 1 // spectrum. At higher frequencies, the spectrum is flat and 
equal to FkT/P s . The frequency f a below which the spectrum has a Iff shape 
depends upon the characteristic of the individual amplifier. For the circuit of 
Fig. 10.28 with positive feedback and an A of 1, the closed-loop steady-state trans- 
fer function between the amplifier input and output is given by 



where 



= [1 - H{j(o)r l (10.33) 

S(jco) 

H(jw) = j"l + jo(~ - ^)] U0.34) 



Since H(jco) is a high-£? filter and we are interested in describing the noise power 
distribution about the center frequency co 0 , H(jco) can be replaced by its low-pass 
equivalent. 9 

= (l + (10.35) 



where coi = — (10.36) 

is the equivalent bandwidth. The noise-power spectral density S a (co) at the output 
of a filter with a voltage transfer function G((o) in terms of the spectral density 
Si (co) of the input noise, is given by 

s„(ft>) = S,to)|G(<o)| 2 (10.37) 

Therefore, the ratio of the equivalent phase noise-to-signal power S# of the closed- 
loop system measured at the output of the unity-gain amplifier is 

s; = *[|i- J H r (®)i 2 r 1 

= So 

[1 - (1 + jco/co L )-'][ 1 - (1 - 

i. _ ■%(! + (o 2 /(o 2 l ) (10.38) 

(o 2 l(o 2 L 




which can be written [using Eqs. (10.28), (10.32), and (10.36)] as 



S+((d) - So(co) 




4Q 2 co 2 ) 



(10.39) 
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FIGURE 10.28 

Amplifier-noise-power spectral density. 



This is the expression proposed by Leeson 8 for describing the noise at the output of 
an oscillator. 

For So as depicted in Fig. 10.28, the output phase noise spectrum is as shown 
in Fig. 10.29a, provided the filter bandwidth is greater than the f a of the amplifier. 
At frequencies close to the carrier frequency f c , the noise power decreases with a 
l// 3 (— 18 dB per octave) slope; between f a and f L the power spectral density 
(PSD) decreases as Iff 2 (—12 dB per octave); and for frequencies above the filter 
bandwidth, the output phase noise is white. If the filter bandwidth f L is less than 
f a , the noise PSD is as depicted in Fig. 10.2%. In this case the PSD decreases as 
l/f (—6 dB per octave) for frequencies between f L and f a and is independent of 
frequency for frequencies greater than f a . Equation (10.39) provides a quantitative 
measure for comparing an oscillator’s noise performance to a theoretical minimum 
based on the amplifier’s noise figure and f a . 

At high frequencies, the oscillator noise floor is proportional to the noise figure 
of the amplifier used in realizing the oscillator. Since the minimum noise figure is 
1, the minimum noise floor is kT, or — 174 dB/Hz. At lower frequencies close to 
the oscillating frequency, the noise increases, but it is seen from Eq. (10.39) that the 
actual amplitude is inversely proportional to Q 1 of the resonator. So the higher 
the Q, the smaller will be the phase noise near the oscillating frequency. 





FIGURE 10.29 

(a) Output noise of an oscillator with a low-j2 resonator; (b) output noise of an oscillator 
with a high-0 resonator. 
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Phase Noise in Phase-Locked Loops 



The synthesizer output noise due to the noise generated in the VCO can be deter- 
mined (assuming a linear model) with Eqs. (10.37) and (10.39). It is 

__ S,,(a>)[l+a>;/(4eV)] 

*• [1 + K u F(ja>)/N(Ja>)\ 2 

_ S^(co) 

~ n +a:,,f(»/(<uW)| 2 (10.40) 

FkT/{P,(\ + 1 + <o 2 J( 4gV)]j 

|1 + K V F (Ja>)/(J<oN)\ 2 
The denominator can be approximated by 

[U + G(»|T ' « [|GOco)| 2 ]-' for \G(JW)\ » 1 
(that is, inside the loop bandwidth). For frequencies above the loop bandwidth, 

[| 1 + G(jo))\ 2 ]~' » 1 for \G(ja>)\ « 1 

The frequency at which the two approximations coincide is the open-loop crossover 
frequency, which is approximately the closed-loop bandwidth. Therefore, for fre- 
quencies higher than the open-loop crossover frequency, the closed-loop noise due 
to the VCO noise is approximately the same as the VCO noise, or 

S ^ & S^co) co > o&t (10.41) 

and for lower frequencies 

a ) 2 N 2 

(ia42) 

If a type I loop is employed with a filter bandwidth greater than co c and the VCO 
output phase noise spectrum is as shown in Fig. 10.29a, then the synthesizer output 
noise spectrum due to the VCO noise will be as shown in Fig. 10.30. The open-loop 
noise power spectrum decreases at — 18 dB per octave, so the closed-loop noise 
power spectrum decreases at a rate of — 6 dB per octave until the frequency co a ; then 




FIGURE 10 JO 

Output noise power spectrum 
of a type I PLL, due to VCO 
noise. 
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the noise power spectrum does not change with frequency until the PLL filter fre- 
quency is reached. The noise power density then increases at +12 dB per octave 
until the open-loop crossover frequency a> c is reached. At higher frequencies, the 
power spectral density plot assumes the same shape as S#. 

For a type II loop, the open-loop transfer function is 



G(jco) = 



K v {jo)/a) z + 1) 
N(jco) 2 



(10.43) 



so the closed-loop noise spectrum (due to the VCO noise) will increase with a rate 
of +6 dB per octave at low frequencies. The shape of the normalized closed-loop 
noise power spectrum (due to the VCO noise only) is shown in Fig. 10.31. The 
slope increases from +6 to + 12 dB per octave at co a and to +24 dB per octave at 
o) L , then decreases to + 12 dB per octave at co z , and assumes the same shape at S<p 
for frequencies above co c . The type II system provides substantially more filtering of 
the VCO noise within the loop bandwidth. 



Effect of Frequency Division and Multiplication on Phase Noise 

Equation (10.25) states that the instantaneous phase 6i(t) of a carrier frequency 
modulated by a sine wave of frequency f m is given by 

A / 

&i(t) -ojJ + — sino) m / 

Jm ^ 

Instantaneous frequency is defined as the time rate of change of phase, or 
dOi A / 

c o = — =wj co m cos o) m t < co 0 + A a> (10.44) 

dt fm 




FIGURE 10.31 

Output noise power spectrum of a type II PLL, due to VCO noise. 



446 



chapter 10: Frequency Synthesizers 



If this signal is passed through a frequency divider that divides the frequency by N, 
the output frequency co } will be given by 



co 



1 



co 0 Aco 
1 cos co m t 

XT' XT 



and the output phase by 

0 { (t) = H — sin co m t (10.45) 

N Nf m 

The divider reduces the carrier frequency by /V, but does not change the fre- 
quency of the modulating signal. The peak phase deviation is reduced by the divide 
ratio N. Since it was shown in Eq. (10.28) that the ratio of the noise power to carri- 
er power is 

m'-’i 

frequency division by N reduces the noise power by N 2 . 

example io.il. The indirect frequency synthesizer shown in Fig. 10.32 is used to 
generate a 5-GHz (5 x 10 9 ) signal. A 1-kHz reference signal is obtained from a 5-MHz 
reference oscillator (M = 5000) which is specified to have a signal sideband power of 
— 140 dB/Hz at a frequency separation of 0.5 kHz from the oscillator’s operating fre- 
quency. What will be the single sideband noise power (due to the input noise) at this 
frequency? 

Solution . If the loop bandwidth is assumed to be approximately 1 kHz, then the noise 
from the reference oscillator 0.5 kHz from the carrier frequency will not be reduced by 
the low-pass filtering of the PLL. The approximate loop transfer function is 



9 r K v F(s)/s 
1 + K v F(s)/(sN ) 



Nd r 



N 

M ( 



(10.46) 



for reference frequencies below the loop bandwidth of 1 kHz . Although the divider M 
reduces the input noise power, the net effect is that the output noise power is the refer- 
ence oscillator noise power multiplied by ( N/M ) 2 . So N must equal 5 X 10 6 in order 
to obtain the output frequency of 5 X 10 9 Hz, and the output noise power due to the 




FIGURE 1032 

A PLL for synthesizing high-frequency signals. 
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reference oscillator is therefore 

(5 x 10 6 \ 2 

N 0 - - 140 dB/Hz + 10 log ( = -80 dB/Hz 

\5 x 10 3 / 

at a frequency offset of 0.5 kHz. 

Actually, the noise would be much worse than predicted in the previous exam- 
ple. The reference oscillator is already a low-noise device, and the noise cannot be 
reduced below some noise floor by additional division. This illustrates a problem 
inherent in PLL frequency synthesizers used to generate an output frequency much 
higher than the reference oscillator frequency. Although the reference oscillator 
noise power may be small, the same noise power appears on the output signal 
amplified by the factor N 2 , where N is the ratio of the output frequency to the refer- 
ence oscillator frequency. 

■ 10.7 

PROBLEMS 

10.1 A relationship was developed in Chap. 4 that expressed the filter attenuation of the nth 
multiple of the center frequency of a second-order tuned circuit in terms of the circuit 
Q. For the frequency synthesizer shown in Fig. 10.4, what must be the Q of the first 
bandpass filter in order to obtain 80-dB suppression of the other mixer product? 

10.2 Design a direct frequency synthesizer to generate 15.8 x 10 6 Hz from a 1 x 10 6 Hz 
reference oscillator. 

10.3 Design a direct frequency synthesizer, using double- mi x-and-divide modules, to cover 
the frequency spectrum of 25 to 29.999 MHz in 1-kHz increments. Specify all fre- 
quencies used and the maximum frequency mixing ratio of all mixers. 

Design a phase-locked loop synthesizer to meet the specifications of Prob. 10.3. 

{a) What is the reference frequency? 

(b) What is the range of the divide ratio A? 

(c) The 25-MHz output frequency is too high for a programmable divider, and a vari- 
able-modulus divider should be used. Use a 10/11 divider, and determine the ini- 
tial values of the counters required to synthesize 26.111 MHz. 

Could a 100/101 variable-modulus divider be used in Prob. 10.4? Explain your answer. 

10.6 Pbr the three-loop frequency synthesizer illustrated in Fig. 10.15 determine N A and 
Ng required to obtain an output frequency of 38.912 x 10 6 Hz. 

10.7 Design a multiple-PLL synthesizer to cover the frequency range of 35.4 to 40.0 MHz 
to 10-Hz increments. The reference frequency is to be 100 kHz. No loop should oper- 
ate with a reference frequency below 100 kHz. 

10.8 Use a fractional- A frequency synthesizer to synthesize a frequency of 2.33 kHz using 
a 1-kHz reference frequency. 

(a) What must be the size of the phase accumulator? 
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(b) Sketch the output of the phase detector (N — 2, M = 3). 

' (c) Sketch the phase-detector output if the output frequency is to be 4.33 kHz 
(N = 4, M = 3). 

( d ) What must the phase accumulator size be to realize a frequency resolution of 1 0 Hz? 

10.9 It is desired to design a direct digital frequency synthesizer with a maximum output 
frequency of 10 kHz and a step size of 10 Hz. 

(a) What must the clock frequency be if four samples are to be used in the highest- 
frequency waveform? 

( b ) How many bits must the accumulator contain? 

(c) What number must be added to the accumulator at each cycle to generate an out- 
put frequency of 100 kHz? 

id) What must the accumulator size be if the minimum step size is to be reduced to 
1 Hz? 

(e) What word length is required for a 5-dB signal-to-noise ratio? 

10.10 Design a DDFS to cover the frequency range of 0 to 5 kHz in 0.01 -Hz increments. 
The spectral purity is to be at least 50 dB. Specify the accumulator size, memory re- 
quirements, sampling rates, and characteristics of the output low-pass filter. 

10.11 Design a frequency synthesizer to cover the frequency range of 100 to 100.999 MHz 
in 10-Hz increments. The frequency switching time is to be less than 100 fxs. Discuss 
different configurations which can be used to meet the specifications. 

10.12 Design a three-loop synthesizer to cover the frequency range of 198 to 200 MHz with 
a frequency resolution of 10 Hz. The loop frequency switching time should be as 
short as possible. 

10.13 Figure PI 0.1 3 illustrates another method for covering the 198- to 200-MHz fre- 
quency range with a frequency resolution of 10 Hz. Select frequency ranges for the 




FIGURE P10.13 

A hybrid direct/direct digital frequency synthesizer. 
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two direct digital frequency synthesizers, and specify the frequencies of the four 
oscillators used to mix the frequency up to the specified operating frequency. 

10.14 A 10-MHz oscillator has a noise figure of 10 dB, an f a of 20 kHz, and a Q of 100. 

(a) What is the noise power {relative to the carrier) in a 1-Hz bandwidth 1 MHz 
above the carrier frequency? 

(b) What is the relative noise power 100 kHz above the carrier frequency? 

(c) What is the relative noise power 10 kHz above the carrier frequency? 

10.15 If f a in Prob. 10.14 had been 1 MHz above the carrier frequency, what would have 
been the answers to parts (a), ( b ), and (c) of the problem? 

10.16 A 10-MHz reference oscillator is to be used with a phase-locked loop to synthesize an 
output frequency of 10 9 Hz. If the output noise is to be -100 dB/Hz relative to the 
carrier, what must be the output noise level of the reference oscillator? 

10.17 Discuss various methods of realizing a frequency synthesizer to cover the frequency 
spectrum of 10 Hz to 1 kHz in 10-Hz increments. The discussion should include the 
reference frequency used in each case, the synthesizer switching speed, and the 
advantages and disadvantages of each method. 

10.18 Design an indirect frequency synthesizer, using the Motorola MCI 45 152-2 and 
MC12017 prescaler that generates a 50-MHz output from a 10-kHz reference input. 

10.19 Design a DDFS to cover the frequency range of 0 to 1 MHz with a frequency resolu- 
tion of at least 0.001 Hz. The spectral purity is to be at least 55 dB. 
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INTRODUCTION 

Power amplifiers are those amplifiers whose design concerns are based on a combi- 
nation of output power, drive level, power dissipation, distortion, size, weight, and 
efficiency (power output divided by power supplied). Simultaneously, the transis- 
tors used in power amplifiers have requirements based on breakdown voltage, cur- 
rent limitations, and maximum power dissipation. The output power of power 
amplifiers can range from the milliwatt region for smTall, portable transistor ampli- 
fiers to the megawatt region for large broadcast stations. 

The power amplifier is invariably the last stage in the amplifier chain because 
the power level is highest at this point; no intermediate-state amplifier would be 
operated with a power gain significantly less than 1 . Because the signal level is the 
largest at this point, it results in the maximum amount of distortion due to the non- 
linear characteristics of the device. These nonlinearities produce unwanted fre- 
quency components (harmonics) and intermodulation distortion (IMD) products. 
However, there are various methods of designing circuits, methods which lead to 
different levels of efficiency and create different amounts of distortion. Because 
various modulation techniques can tolerate different amounts of distortion, power 
amplifier design depends on the type of signal (modulation) to be amplified. In the 
least efficient design,, the maximum amount of power is dissipated in the transistor, 
requiring larger and more expensive transistors than would otherwise be the case. 
However, good power amplifier design techniques can result in more economical 
and reliable electronics. 

Power amplifiers are classified according to their mode of operation; the most 
frequently used classes are discussed in this chapter. The class of operation is deter- 
mined by how the transistor is biased and the nature of the output circuit. 

The original classification of operating modes included class A, B, AB, and C 
amplifiers. A class A amplifier is a linear amplifier. Theoretically, it will produce a 
sine wave output in response to a sine wave input. The output frequency will be the 
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same as the input frequency, and the output amplitude will be a linear function of 
the input amplitude. If the amplifier output is a linear function of the input over 
50 percent (180°) of the input waveform, it is categorized as class B. If the linear 
conduction angle is less than 50 percent, it is class C; and if the conduction angle is 
greater than 180° but less than 360°, it is referred to as class AB. 

Today, additional classes of amplifiers exist, most of them using the transistor 
as a switch. The more popular forms of switching amplifiers are considered after the 
class A, B, and C amplifiers have been described. 



tt 11.2 

CLASS A AMPLIFIERS 

Class A power amplifiers are no different in behavior from the linear amplifiers 
studied up to this point, except that their power and distortion levels are of primary 
importance. For class A operation, the output will be a sine wave in response to a 
sine wave input. The class of generation is determined by the input signal level and 
how the transistor is biased. Figure 11.1 describes an ac-coupled amplifier which 
can be biased for class A, B, or C. 

For the amplifier shown in Fig. 11.1, the transistor quiescent voltage (no col- 
lector alternating current) is 

F ce — Fg = V cc — I c Re (11.1) 

The slope of the dc load line dI c fdV ce is then — l/Z^ras illustrated in Fig. 11.2. In 
class A power amplifiers, the dc resistance R E will normally be much less than the 
ac resistance. Resistance R E is kept small to limit the dc power dissipated in the 




FIGURE 11.1 

An ac-coupled amplifier. 
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FIGURE 11.2 

Transistor collector-emitter charac- 
teristics including the ac and dc load 
lines. 



resistor. In some designs R E is zero, but a small R E is often included for bias stabi- 
lization of bipolar transistor amplifiers and self-biasing of field-effect transistor 
amplifiers. If Re is small, the Q (quiescent) point voltage is 

V Q « V cc 

For ac operation, the coupling and emitter bypass capacitors act as short cir- 
cuits, and the collector alternating current i c is given by 

-i c R L = V 0 

The output voltage is equal to the ac voltage drop across the transistor output: 

V cc — i c R E + V ce ~ Vq — i c RL (11.2) 

From the transistor characteristics of Fig. 1 1 .2, it is seen that the collector-to-emitter 
voltage is at a maximum when the collector current is zero. This occurs when the ac 
component of collector current is equal in magnitude and opposite in direction to 
the collector direct current (i c = —Ic)- Likewise, the collector-to-emitter voltage is 
zero when the collector current is at a maximum (the ac component is equal in mag- 
nitude and direction to the dc component I c )- As the collector current decreases 
from the Q point due to the ac signal, the collector-to-emitter voltage increases 
from \q to V M \ and as the collector current increases, the collector voltage de- 
creases from Vq to zero. 

For small-signal amplifiers, it is well known that the maximum power gain is 
obtained by matching the load impedance to the transistor output impedance. In 
power amplifiers, the objective is to obtain maximum output power, not maximum 
gain. The amplifiers are operated at less-than-maximum gain. This requires a large 
input drive signal but results in greater output power. For class A operation, the 
maximum output power is obtained by selecting the ac load impedance such that the 
maximum signal swing can be obtained from the device. The output must be sym- 
metric to avoid distortion. In an ideal transistor V sat — 0, the collector-to-emitter 
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voltage can decrease from V cc to zero; so for symmetric operation it can also in- 
crease to 

V M = 2 Vq = 2V CC 

Likewise, the output current can decrease from Iq to zero, so the maximum output 
current is 



and 1q = T l 

The slope of the ac load line is —1/Rl and 

-»-■ = = ,Q 

L V» v cc 

This is the value of the load resistance that results in maximum output power. 

A surprising characteristic of this amplifier is that the maximum voltage 
dropped across the transistor is twice the supply voltage, and the peak-to-peak out- 
put voltage is also 2V CC . How this is possible can be seen from the equivalent cir- 
cuit shown in Fig. 1 1 .3. Here the RF choke has been replaced by a constant current 
source since no alternating current flows through the device and the direct current is 
Iq. Also, no direct current flows through the capacitor; therefore the dc voltage 
drop across the device is V cc , and there is no ac voltage drop across the capacitor. 
Here the capacitor can be replaced by a battery V cc . At the instant at which the load 
current is v 

Y V CC 

II = -*c — —Iq = TT 



the output voltage is 

V 0 = IqR l = Va 

If the emitter-resistor is sufficiently small, 

Vce = V 0 + V cc 



FIGURE 11 3 

A small-signal equivalent circuit of the amplifier shown 
in Fig. 11.1. 
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so 



(V«W *s 2 V cc 



For a sinusoidal input signal, the collector current consists of a dc component 
I Q , which does not flow through the load, and an ac component i L , which does 
flow through the load. That is. 



*c = ?Q + II 



where i L = I p sin cot. Since the collector current cannot become negative, I p < Iq. 
The average power will be 



(Po) av = 




< 



*q r l 

2 



and the power supplied by the battery (neglecting the small amount of power dissi- 
pated in the base bias circuitry) will be 

V 2 

Pcc = V CC I Q = -f 

I\f. 



so the efficiency is 



Po 'l R l 



n P, 2V.I 



(11.3) 



The maximum efficiency occurs for I p — Iq and is 



Hmax — 



j2 d2 

2VI 



= 50% 



The maximum operating efficiency for a class A ac -coupled power amplifier is 
50 percent and occurs with the maximum input signal. If the output signal de- 
creases, I p decreases and so does the efficiency. 

The power dissipated in the transistor is 

P r = P cc -F 0 = |(l-^) (11.4) 

The maximum power dissipated in the transistor 

■' • (frU = |=V.)» (11-5) 

occurs when there is no input signal, and it is equal to twice the maximum power 
that can be delivered to the load. Also, as previously discussed, the maximum 
collector-to-emitter voltage is twice the supply voltage. 

example ti.i. Design a class A amplifier to deliver 5 W to a 50- £2 load. 

Solution. For 5-W power in a 50- Q resistor, the peak value of the sinusoidal voltage 
across the resistor is 



V p = (2 x 5 x 50) 1/2 = 22.4 V 
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Since the peak voltage cannot exceed V cc , a standard supply V cc = 24 V is suitable. The 
corresponding peak value of the ac load is 



22 4 

7 " = lo r=°- 448A 

Therefore, the transistor must be biased so that 

I Q > 0.448 A 

For a 24-V supply with no emitter (or source) resistance, 



/ e = 1 |=0.48A 



The power supplied is then 



and the efficiency is 



Pcc = V CC I Q = 11.52 W 



5 

lT.52 



43.4% 



The transistor that is selected must be able to dissipate 1 1.52 W in case the input power 
drops to zero, and the transistor collector-to-emitter breakdown voltage must be at least 
48 V (2V CC ). 

The effect of the saturation voltage is to create signal distortion and reduce effi- 
ciency. The maximum value of collector current that can be applied without V ce 
decreasing to V sat has the peak value 



( Ip ) max — 



Vcc ~ Vs: 

Rl 



Therefore, when the saturation voltage is considered, the maximum efficiency is 




( 11 . 6 ) 



Transformer-Coupled Class A Amplifiers 

* 

.r 

If a load impedance is specified, a transformer can be used to improve the power 
gain by transforming the load impedance to that required for maximum output 
power. A class A transformer-coupled FET amplifier is shown in Fig. 1 1 .4, and the 
load lines for the amplifier are shown in Fig. 1 1.5. The characteristic curves are sim- 
ilar to those of the bipolar transistor amplifier, except that the controlling signal for 
the field-effect transistor is the gate-to-source voltage. 

If the transformer is ideal, 



II = Nij 
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FIGURE 11.4 

A transformer-coupled class A amplifier. 




FIGURE 11.5 

The ac and dc load lines of the ampli- 
fier shown in Fig. 11.4. 



where i d is the drain alternating current. The ac voltage across the drain- to- source 
junction is 

v d = Nv 0 

Therefore, the ac load impedance seen by the transistor is 

: \ R' l = N 2 R l (11.7) 

The slope of the dc load line is — l/Rs, and if Rs <5C R' L , the slope of the ac 
load line is — 1 / R’ L . The maximum signal swing is again 2V CC (ignoring V sat ), and 
the peak drain current is 

2V 

/m = (i d ) P = (11-8) 

k l 

Power calculations for the transformer-coupled load are the same as those for 
the capacitive-coupled load. The transformer provides greater flexibility for match- 
ing the load to the source, but the power dissipated in the transformer can signifi- 
cantly reduce the amplifier efficiency. Transformer- or inductor-coupled bipolar 




11.2 Class A Amplifiers 



459 



transistor amplifiers are subject to a phenomenon known as thermal runaway . 1 The 
heating up of the transistor causes more current to flow, which causes greater self- 
heating, which can cause the device to self-destruct. The problem rarely occurs with 
resistive loads since the increased current results in a reduced collector-to-emitter 
voltage, and eventually the circuit will reach equilibrium. Nor does the problem 
arise with FET amplifiers because as their temperatures increase, their output cur- 
rents decrease. 



Class A Push-Pull Amplifiers 

As mentioned in Chap. 2, push-pull amplifiers eliminate the even-harmonic 
distortion present in the amplifier output. This can provide a significant 
improvement in the performance of linear amplifiers. Also, push-pull operation 
reduces the power requirements of the individual transistors. Figure 1 1.6 illustrates 
a class A transformer-coupled push-pull stage. The ac equivalent circuit is shown 
in Fig. 1 1 .7. In class A operation, both transistors continuously drive the output, 
and the transistor outputs, which are 180° out of phase, are combined in the center- 
tapped output transformer. The circuit of Fig. 11.7 can be redrawn as shown in 
Fig. 11.8 by using Thevenin’s theorem; the results developed for center-tapped 




A class A transformer-coupled push-pull amplifier. 




FIGURE 11.7 

A small-signal equivalent cir- 
cuit of the push-pull amplifier. 
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FIGURE 11.8 

Another equivalent circuit of the push- 
pull amplifier shown in Fig. 1 1 .6 



v 0 




transformers (Chap. 6) are now directly applicable. Here the amplification factor 
(jl — g m r d . If the dynamic drain resistances of the transistors are equal, then no 
current will flow through R b and the circuit can be redrawn as shown in Fig. 11.9. 
The output voltage V c is determined by 

2 fiVi - 2 r d i d = -2 NV 0 

If the transformer is lossless 

2 NV 0 = -i d (2N) 2 R L = -2 R' L i d 
where R' L = 2N 2 R L , the output voltage is 

^ -N/iRiYi = -Ng m R L Vi 
r d + R' l 14 - R' L /r<i 

Normally r d R' L , so the voltage gain is 

Av - -gmRi^ 




FIGURE 11.9 

A simplified equivalent circuit of the 
push-pull amplifier. 
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since the load for each transistor is 

R' l = 2 N 2 R l 

For maximum output power (i.e., maximum signal swing) each transistor is biased 
so that 






Id 



where Id is the drain direct current. 

The maximum output power (from both transistors) is 



° 2R! l 2 N 2 RL 

The total output power of the class A push-pull amplifier is twice that of the 
single-ended class A amplifier; however, the maximum voltage drop across each 
transistor is the same as that of the single-ended amplifier. The power supplied to 
each transistor is 



V 2 

Pec = l d V cc = 

K L 

The total power supplied is 2 P cc , so the maximum efficiency of the class A 
push-pull amplifier is r\ = 50 percent, the same as the efficiency of the single-ended 
amplifier. Besides reducing even-harmonic distortion, Jhe push-pull configuration 
can provide twice the output power of the single-ended design. 



Square- Wave Input 

The efficiency of a class A amplifier depends on the input signal level and on the 
signal waveshape. Consider the case of a square-wave input. If the amplifier is class 
A, the collector current is also a square wave, as shown in Fig. 1 1.10. The dc value 
is Iq, and the peak current is 

’p<Iq 




FIGURE 11.10 

A collector-current waveform. 
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In this case 

Pcc — IqVcc = IqPl 

and P 0 = IpR L 

so the efficiency 




(11.9) 



will approach 100 percent if I p approaches Iq . The efficiency of the class A ampli- 
fier depends on the waveform of the input signal. 

If a tuned circuit is used as the load, as is frequently the case in order to mini- 
mize distortion, then efficiency is reduced. With a square-wave input, the collector 
current will again be a square wave, as shown in Fig. 11.10, and the power supplied 
is again 

Pcc — Iq 



If the tuned-circuit bandwidth is sufficiently narrow and tuned to the fundamental 
frequency, the output power is 



, _ ! ? r 'l 
°~ 2 



where /] is the amplitude of the fundamental frequency component of the output 
current 




The maximum output power will be 

( Po) max = 



m 2 p R'l 



7T 



8 IqVcc 
7 r 2 



and the maximum efficiency will be 



(Po)r 



n 1 



If the output is tunqd to the nth harmonic (n odd), the efficiency will be r) — 
8 /(nth 2 ), since the amplitude of the nth (odd) harmonic of a square wave is 1/n 
times that of the fundamental frequency. A tuned-circuit load decreases the effi- 
ciency, but it is frequently used since the tuned circuit reduces the output harmonic 
distortion. 



Broadband Class A Power Amplifier 

There is an increasing demand for linear, broadband power amplifiers in appli- 
cations such as those in the CATV (Cable Television) industry. In many applications 
this demand is being met by combining several low-power modules in parallel, 
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because it is possible to obtain more bandwidth by reducing the power gain of each 
module. Each module consists of a class A transformer-coupled push-pull amplifier 
such as the one shown in Fig. 11.6; four of these modules can then be combined, as 
shown in Fig. 11.10a, to obtain approximately 4 times as much output power as 
could be obtained from one module. High-power FETs are normally used, as they 
basically have no safe operating area limitation and no secondary breakdown and 
their high input impedance simplifies biasing. For broadband applications the com- 
biners and splitters are usually obtained with broadband transformers, such as the 
transmission line transformer. A major broadband design is to keep the load seen by 
the transistors relatively constant over the specified bandwidth. 




FIGURE 11.10A 

A Class A Power Combiner. 



■ 11.3 

CLASS B AMPLIFIERS 

A mdjor disadvantage of the class A amplifier is that all the supply power is dissi- 
pated in the transistor when there is no input. It is usually advantageous to have no 
power supplied when there is no input signal, which is the case with a class B ampli- 
fier. A class B amplifier is biased as shown in Fig. 11.11, The quiescent collector 
current is zero, and the coUector-to-emitter quiescent voltage is V ce . It is biased just 
at the edge of the active region so that for a sine wave input the transistor will con- 
duct over 1 80° of the input waveform, as illustrated in Fig. 11.12. 

The output current is a highly distorted sine wave, but the distortion can 
be removed by using a narrowband tuned circuit for the load or, what is more 
frequently done, by operating two class B transistor amplifiers in push-pull, as illus- 
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FIGURE 11.11 

Collector-current waveform of a 
class B amplifier. 




FIGURE 11.12 

The g-point biasing for a class B 
amplifier. 




FIGURE 11.13 
A class B push-pull amplifier. 

trated in Fig.' 1 1.13* Ideally, each transistor conducts over alternate 180° of the input 
cycle, and the two outputs are summed so that an undistorted sine wave appears 
across the load resistor R L . At any time, one transistor is conducting and the other 
is not, so the equivalent circuit can be drawn as shown in Fig. 11.14. The load seen 
by each transistor 

r' l = n 2 r l 

is one-half that of the class A push-pull amplifier. The voltage gain is 



Vo Sm r oNR L 

Vi = r 0 + R l 
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i 



FIGURE 11.14 

The small-signal equivalent circuit 
of the class B push-pull amplifier. 



It is usually the case that r 0 ^> R' L , so A v — —g m R L N. The voltage gain of the 
class B stage is one-half that of the class A push-pull amplifier, so the drive require- 
ments for the class B stage are twice as great. The increased drive requirement, 
however, is offset by the greater efficiency and power-handling capabilities of the 
class B amplifier. 

The power-handling capability of each class B amplifier shown in Fig. 11.13 
will now be evaluated by considering a sinusoidal input and a resistive load. The 
transistors are assumed to be ideal. Each transistor conducts when V, is greater than 
zero, and the collector current is zero when V* is negative. Since the load current 
conducts for 180° of a complete input cycle, 



( I p sin cot 

0 



0 < (Ot < 71 

7i < (ot < 2n 



The collector direct current is then 
b = 



= T [ f 

Jo 



T/2 j 

I p sin cot dt = 

71 



( 11 . 10 ) 



The dc value of the base current is much less than I c , so the dc power supplied by 
the supply voltage is 

I V 

p — j v — p cc 

1 CC M c v cc 



71 



The ac power delivered to the load is 

R' t f T/2 



° T J 0 



(I p sin cot) 2 dt = 



I 2 p R l 



lp - 4 

Since I p < V cc -fR' L , the maximum output power from each transistor is 

V 2 

(Po) max = 



4 R l 



( 11 . 11 ) 



The power supplied by the input circuit will normally be much less than the dc 
power, so the efficiency at maximum output power is 

= l r 

4 Rl VI 4 

The efficiency of a class B amplifier is much higher than that of a class A 
stage. In addition, the class B stage consumes no power when an input signal is 
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not present. This is a most significant advantage in many applications (the class A 
amplifier has maximum power dissipation when no signal is present). The power 
dissipated in the transistor of the class B amplifier is 

Pt = Pcc - K = ^ (1U2) 

71 4 

The maximum power dissipated in the transistor is found by differentiating 
Eq. (1 1.12) with respect to I p . It is found that the maximum dissipation occurs for 

Ip 

and {Pt) max 

Note, however, that the maximum transistor dissipation does not occur when the 
output power is a maximum. The class B stage also results in less transistor power 
dissipation than in a class A stage. This is an expected result of greater operating 
efficiency. Another important difference between the two is that the maximum volt- 
age drop across the transistor in a class B amplifier is V cc ; it is 2V CC for the class A 
amplifiers previously described. Class A amplifiers, therefore, require transistors 
with a higher collector- to-emitter breakdown voltage. Differences in class A and B 
power amplifiers are illustrated by the following example. 

example n. 2 . Design a class B push-pull amplifier to deliver 5 W (maximum) to a 
50- £2 load. 

Solution. Assume that a transformer-coupled amplifier such as the one illustrated in 
Fig. 11.13 is used with a 1: 1 turns ratio. Since a push-pull amplifier is used, each class 
B amplifier will supply 2.5 W. The required supply voltage can be obtained from 
Eq. (11.11): 

Vl=4R L (P o ) m ^ = 500 V 2 

A supply voltage V cc of 24 V would be a suitable choice. The power-handling require- 
ments of the transistor can be determined from Eq. (1 1.13): 

{Pt) max = (PoW-T = 1 W 
t 7t l 

The peak output current will be 




The voltage and/or current requirements can be modified by selecting a different turns 
ratio for the transformer. 

Example 11.1 discussed using a class A amplifier to realize these same specifi- 
cations. Note that the class A amplifier transistor dissipation is over 1 1 times greater 
than that of the class B transistor, so if a class A push-pull amplifier is used, the 
power-handling requirements of each transistor will be 5 1/2 times that of the transis- 
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tors used in the class B amplifier. Also, the collector-to-emitter breakdown voltage of 
the class A transistors must be double that of the transistors used in class B amplifiers. 

While the class B amplifier also has the significant advantage of no power’s 
being dissipated when an input signal is not present, practical class A amplification 
does produce less distortion. All in all, if the distortion produced by class B ampli- 
fication is acceptable, its benefits make it preferable to class A amplification. Large- 
signal distortion can be reduced with negative feedback. 



Push-Pull Amplification with Complementary Transistors 

Transformerless push-pull amplifiers can be realized by using either bipolar or 
field-effect transistors with complementary symmetry. Figure 11.15 illustrates a 
push-pull amplifier using power MOSFETs. The current source and resistor R b are 
used to bias the transistors for class B operation, and the MOSFETs do not turn on 
until the input voltage exceeds the threshold voltage of the device. 

Power MOSFETs have several advantages over bipolar transistors. The most 
important is that the drain current has a negative temperature coefficient that 
decreases with increases in temperature, since the positive temperature coefficient 
of bipolar transistors can result in self-destruction unless complicated biasing cir- 
cuits are used. Bipolar transistors also have an undesirable characteristic when 
operated at high voltages. The collector current is no longer uniform, but tends to 
concentrate in small areas, causing very high peak temperatures, known as hot 
spots, in these areas. The average junction temperature, measured at the transistor 
case, does not show the presence of hot spots, which degrade the transistor perfor- 
mance. The drain current of power MOSFETs is distributed uniformly, preventing 
the development of hot spots. The high input impedance (and hence high power 
gain) of the MOSFETs is another advantage. The upper-frequency limits and 
power-handling capability of power MOSFETs have been continually increasing as 
manufacturing techniques have improved. Bipolar transistors are minority carrier 
devices that accumulate charge in the base region. This causes a problem in class B 



Iq 




FIGURE 11.15 

A class B push-pull amplifier using complemen- 
tary MOSFETs. 
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and C operation because removing the charge takes time and energy. One conse- 
quence is increasing power dissipation with increasing frequency. FETs are majori- 
ty carrier devices; the charge carriers are controlled by an electric field and not by 
injection of minority carriers into the active region. The gate regions, therefore, 
contain no stored charge, and switching between the on and off states is very fast. 

The first field-effect transistors were useful only at lower (less than 1 W) power 
levels. Their major limitation was that the FET drain-to-source channel was paral- 
lel to the chip surface, so the current density was much less than that of bipolar tran- 
sistors (which utilized vertical current flow). For a given current the FET chip had 
to be much larger than an equivalent bipolar junction transistor (BJT) chip, which 
meant a lower yield and a higher cost. Several new technologies have recently been 
developed that produce high-voltage, high-current FETs. The three most frequently 
used manufacturing technologies are VMOS (vertical MOS), VJFET (vertical JFET), 
and DMOS (double-diffusion MOS). 2 



Power Relations in the Direct-Coupled Class B Push-Pull Amplifier 

For the push-pull amplifier shown in Fig. 11.15, the maximum average ac output 
power in response to a sine wave input is 

(/•*)» = (11-14) 

ZKl 

The power delivered by each transistor is 

(/>.)„ = (11-15) 

4 R l 

The power delivered by each supply is 

r T / 2 y y 2 

Pcc = V cc r _1 / -jp sin cotdt = ~~ (11.16) 

Jo Rl *Rl 

so the efficiency of this circuit is the same as that of the transformer-coupled push- 
pull amplifier. The maximum power dissipated in each transistor is 

' (Pr)« = -|- (1U7) 

K 2 Rl 

the same as that for the transformer-coupled push-pull circuit. The only difference 
between the two circuits deduced from a power analysis is that the transformerless 
circuit requires two power supplies. 

When the current requirements exceed the limitations of a single transistor, 
transistors can be operated in parallel. Figure 11.16 illustrates a class B amplifier 
containing two power MOSFETs. 3 It is usually easier to parallel FETs than bipolar 
transistors because of their larger input impedance. In this particular circuit, approx- 
imately 2 times as much output power could be obtained as from a class B circuit 
using a single transistor of the same type. 
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FIGURE 11.16 

A class B amplifier using two MOSFETs in parallel. 



Class B amplifiers all suffer from crossover distortion, which occurs because of 
the nonlinear behavior of small-signal levels. The silicon BJT requires that the 
base-to-emitter junction be forward-biased by approximately 0.7 V before the col- 
lector current will flow. FETs also exhibit a nonlinear behavior for low signal lev- 
els. For these reasons power amplifiers are usually operated with a slight forward 
bias to reduce crossover distortion. This operation is often referred to as class AB, 
but it is essentially the same in that the power levels and efficiency are only slight- 
ly reduced from those of class B amplifiers. 

■ 11.4 

CLASS C AMPLIFIERS 

If the output current conduction angle is less than 180°, the amplifier operation is 
referred to as class C. This mode of operation can have a greater efficiency than 
class B, but it creates more distortion than class A or B amplifiers. The distortion is 
sonfetimes acceptable or, in the case of frequency multiplication, desirable. Class C 
is often used where there is no variation in signal amplitude and the output circuit 
contains a tuned circuit to filter out all the harmonics of the output current. In many 
applications, such as the amplification of FM signals, the signal frequency, and not 
the amplitude, is important. Class C power amplifiers are usually used for these 
applications. Figure 11.17 provides examples of FET and bipolar transistor class C 
amplifier circuits, and Fig. 11.18 illustrates the drain (or collector) current of a 
class C amplifier in which the conduction angle (29) is less than 180° and the drive 
level is sufficiently small that the output current does not saturate. 



FIGURE 11.18 

Collector-current waveform of a class C amplifier. 

Several different models can be assumed for the current pulses. A relatively 
simple model is to assume that the pulses represent the tip of a sine wave. This is the 
model used here. That is (see Fig. 11.18), 

f I p sin cot — Id 9\ < cot < 62 
* c I 0 otherwise (11.18) 
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where 

and 

For this model the direct current is 



I D = Ip sin Ox 



*02/ tt 



= T 1 f (I p smart — I D ) dt 

JO W 

- 2I p cosd i ~ biO 2 - Q\) 

2tt 



(11-19) 



(11.20) 



To simplify the notation, we will define the conduction angle as 



20 — $2 — 9\ or 0 = j-0x (11.21) 

Equation (1 1.20) can be rewritten as 

Ip . 

I c — — (sin 0 — 0 cos 0) (11 .22) 

71 

The direct current determines the power supplied, since the base (or gate) direct cur- 
rent is much smaller than the output current. That is, 

y 

Pec = V cc Ic = — / p (sin0 - 9 cos 9) (11.23) 



If the output is a narrowband circuit tuned to the fundamental frequency of the cur- 
rent pulses, then the output power will be 



Po = 



IJRl 

2 



(11.24) 



where /] is the amplitude of the fundamental current component 

4 po/w 

1 1 = — I (I p cos (Dt — I D ) cos cot dt 

T Jo 

Here the time origin has been s hi fted to the center of the current pulse to simplify 
the integration. The time shifting does not alter the amplitudes of the frequency 
components, ^only their phase. The amplitude of the fundamental frequency compo- 
nent is . 

/ 

/n 

lx = ~^(20 -sin 20) (11.25) 



Since the conduction angle depends on the input amplitude, the fundamental current 
amplitude and thus the output voltage are a nonlinear function of the input signal 
amplitude. 

For the class C FET amplifier shown in Fig. 11.17a, the maximum drain-to- 
source voltage is 



fyrf,j)max — Vcc “t" (fl)max^L ~ 2 V cc 



472 



chapter 1 1 : Power Amplifiers 




FIGURE 11.19 

A class C amplifier efficiency as a func- 
tion of current conduction angle 29. 



The efficiency at maximum output power is 

_ Po_ = IJRl = Vcch = 29 ~ sin 26 

71 ~ P cc ~ VcJc Vcch 4(sin# ~0cos9) 

where I c is the dc value of the current [Eq. (11.20)]. The efficiency as a function of 
conduction angle is plotted in Fig. 11.19. The class C amplifier efficiency can be 
increased toward 100 percent (in an ideal amplifier) by decreasing the conduction 
angle toward zero. When the conduction angle 9 is 90°, the operation is class B and 
the efficiency is 78.5 percent. The efficiency increases monotonically as the con- 
duction angle decreases. This high efficiency is why class C amplifiers are often 
used for power amplification. 



Class C Power Amplifier Design 

For class C power amplifiers, as for all power amplifiers, the design parameters of 
greatest importance are the output power, transistor power dissipation, maximum 
collector-to-emitter (or drain-to-source) voltage, and maximum transistor output 
current I p . For the BJT class C amplifier shown in Fig. 11.17b, the maximum col- 
lector-to-emitter voltage is 

■i’ (^ce)max = 2.V cc 

The Maximum collector current is, from Eq. (11.18), 

71 

I m == (^c)max — fp sin ~ Ijy = I p Ip sin$] (11.26) 

and since 9 = tt/2 - 9\ % 

/ M = / p (l-cos0) (11.27) 

The peak current is related to the amplitude I\ of the fundamental frequency com- 
ponent [using Eq. (11.25)] by 
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2tt/i(1 — cos#) 
2 9 — sin 2# 



(11.28) 



The ac power output of the amplifier is approximately 

P„ = 



I 2 x Rl 



(11.29) 



provided the Q of the tuned circuit is sufficiently high. The peak output current is a 
function of both collector current and output power. The maximum output power 
occurs for maximum I p , and the average (maximum) output power is 

IiRl vi 



since 



Pn = 



I\Rl = V c 



2 R, 



(11.30) 

(11.31) 



for maximum output power. 

The power dissipated in the transistor is 



Pt = P C c ~ Po — — ^~^(sin 9 — 9 cos#) — ^ ~ 



n 



V cc l p sin#— 9 cos# 



2 R, 



(11.32) 



n 



1 — cos# 



2 R l 



For a specified load resistance, Eq. (11.30) determines the required supply voltage 
for a specified output power. The corresponding maximum current I M [from Eqs. 
(11.28) and (11.31)] is 



I M — 



2ttV cc (\ — cos#) 
Rl{29 — sin 2#) 
A normalized peak collector current is defined as 



(11.33) 



r/ _ ImRl _ 1 - cos# 
M “ 2 7tV cc ~ 29- sin 2# 



(11.34) 



The normalized peak collector current l' M as a function of conduction angle is plot- 
ted in Fig. 1 1 .20. For a fixed level of output power, the peak value of the collector 
current increases as the conduction angle decreases. 

Th£ transistor dissipation for maximum output power can be expressed as a 
function of the output power and conduction angle [from Eqs. (11.32) and 
(11.33)]: 



Pt 



o f 4(sin # — # cos #) 
° [ 2# - sin 2# 




(11.35) 



The normalized transistor dissipation PjjP 0 is plotted as a function of the con- 
duction angle in Fig. 11.21. As expected, the transistor dissipation increases with an 
increasing conduction angle. For a given maximum P T the conduction angle must 
be limited to a maximum value for a specified output power. The corresponding 
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FIGURE 11.20 

Normalized peak collector (or drain) 
current as a function of conduction 
angle 20. 




FIGURE 11.21 

Normalized (by output power) tran- 
sistor power dissipation as a func- 
tion of conduction angle 29. 



maximum value of transistor output current is then determined from Fig. 1 1 .20. As 
the conduction angle decreases, the transistor dissipation decreases but the peak 
output current increases. 

example 11.3. Design a class C amplifier that will deliver 5-W average power to a 
50- £2 load at a frequency of 1 MHz using a transistor with a safe power dissipation rat- 
ing of 0.5 W. 

Solution . The average output power is 



so Vl = 500 

and a supply voltage of 22.4 V is required. Since the allowable power dissipation is 

(Pr)ma* =0.1P o 

the maximum conduction angle is found from Fig. 11.21 to be 57.5°, and the corre- 
sponding peak value of normalized collector current is found from Fig. 11.20: 

4 = 0.5 
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Therefore, the peak collector current is 



h i 



2n x 22.4 
50 



0.5 = 



1.4 A 



The selected transistor must be capable of handling this much current, and the collector 
circuit should be tuned to resonate at 1 MHz. 



An alternate design procedure for class C amplifiers is to select the power sup- 
ply and transistor and then determine the maximum output power possible without 
exceeding the ratings of the transistor. The transistor can then be driven to its max- 
imum allowed value of output current. From Eq. (11.30) we know that the maxi- 
mum output power will occur when R L is at a minimum. And R L can be expressed 
in terms of the supply voltage V cc , and the peak transistor output current can be 
expressed [using Eqs. (11.28) and (11.31)] as 



D V cc „ 1 ~cos# 

Ri = — x 2 tv 

I M 20 — sin 20 

For a specified V cc and I M , it is seen from Fig. 11.20 — a plot of (1 — cos 0 ) / 
(20 — sin 20) — that R L decreases with an increasing conduction angle. Actual- 
ly, R h reaches a minimum for 9 = 122.6° (class AB operation). This is the con- 
duction angle for maximum output power constrained by the peak-current limi- 
tation. If the maximum transistor dissipation is exceeded at this conduction angle, 
the conduction angle must be reduced, and the output power will be decreased 
accordingly. 

The transistor dissipation can also be written [from Eqs. (11.31) and (1 1.32)] as 
VccIm sin# -OcosO V cc 
T ~ n 1 — cos# Vcc 2R~l 

_ V CC I M /sin#-# cos# V cc I\ \ 

tv \ 1 — cos 0 2 ) 

And 7i is given by Eq. (11.28), so 

„ V cc Im 4(sin# - OcosO) - (20 - sin 20) V CC I M 

p ? = — A 1 — — b = m (n.36) 

4 tv 1 - cos# 4 TV 



The normalized transistor power dissipation 



p' — 
r T ~ 



AtvPj 

VccIm 



= f(0) 



is plotted as a function of the conduction angle in Fig. 1 1 .22. 

From Eq. (1 1.36) it is seen that for a given V cc and I M the maximum transistor 
dissipation occurs for maximum / (0), For specified P T , V cc , and I M , the value of 
0 that satisfies this equation, i.e., determines (P T ) max , is the value of 0 for maxi- 
mum output power. Then (P 0 ) m!i x is determined from Fig. 11.21. 

example 11.4. Determine the maximum output power and the conduction angle of a 
class C amplifier using a transistor with a maximum power dissipation rating of 4 W and 
a maximum drain current of 1.5 A. The supply voltage is 48 V. 
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FIGURE 11.22 

Normalized transistor power dissipa- 
tion as a function of conduction angle 
(29). 



Solution. The normalized maximum transistor dissipation is 



, 4tt x 4 

P' r = = 0.7 

T 48 x 1.5 



From Fig. 11.21 it is found that the maximum possible conduction angle is 9 = 80° 
without exceeding the maximum transistor dissipation. Figure 11.21 indicates that for 
this conduction angle the corresponding Pt/P 0 = 0.22, so the output power is 



^ = 022 = 18 18 W 



The value of load resistance that results in this output power is determined from 
Eq. (11.30): 



Rl 



48 2 

2 x 18.18 



= 63.4 Q 



Frequency Multiplication 

Since the current pulses of a class amplifier are rich in the harmonics of the input 
wavefyrm, the class C amplifier can be used as a frequency multiplier by tuning 
the output circuit to the desired harmonic. The amplitude of the nth harmonic of 
the output current can be determined from a Fourier expansion of the current 
waveform. The collector current can be written [using Eqs. (11.18), (11.19), and 
(11.21)] as 

i c — I p cos cot — I p cos 6 

4 fiO/toi 

so /„ = — / (Ip cos cot — I p cos 9) cos ncot 

T Jo 
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FIGURE 11.23 

Amplitude of output current harmonics 
as a function of current conduction 
angle (20). 



I p I" sin(n + 1)0 sin (n — 1)0 2 cos# sin «0 

n |_ n + 1 n — 1 n 

I p cos 9 sin n9 — n sin 9 cos n9 
n n(n 2 — 1) 



n> 2 (11.37) 



The amplitudes of the harmonics as a function of the conduction angle are plotted 
in Fig. 11.23 (for n = 2, 3, and 4). 

ex a mple li.s. A frequency quadrupler is to be designed. What should the conduction 
angle be to maximize the output signal voltage? 

Solution. From Fig. 11.23 it is seen that the amplitude of the fourth harmonic has a 
maximum value for a conduction angle 20 of approximately 60°. The output circuit 
would be tuned to the fourth harmonic of the input signal. 

The analysis of class C operation assumed that the current pulses could be 
modeled as the tip of a sine wave. In many class C applications the transistor will 
saturate during part of the output cycle; however, a more detailed analysis of this 
behavior is possible but rarely necessary. Efficiency decreases as saturation in- 
creases, therefore, stable operation with maximum efficiency and output capability 
is achieved by driving the amplifier just hard enough to produce saturation of the 
transistor. 



■ 11.5 

CLASS D AMPLIFIERS 

The main source of power amplifier inefficiency is power that is dissipated in the 
transistor. A class A application is the poorest example, since current flows continu- 
ously through the device and the collector-to-emitter voltage is not zero. If the 
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FIGURE 11.24 

A class D amplifier. 



collector-to-emitter (or drain-to-source) voltage is zero when the current flows, no 
power will be dissipated in the device, and the efficiency will approach 100 percent. 
This is the basic idea behind class D, E, and S power amplifiers. A class D amplifier 
is illustrated in Fig. 11.24. Transistors QiandQ 2 operate as switches. When 
Qi is on, Q 2 is off, and vice versa. For an ideal transistor with zero saturation volt- 
age, there will be no voltage drop across the transistor, and the circuit can be mod- 
eled as in Fig. 11.25. If the input V, is a square wave, the voltage V a at the input to 
the series tuned circuit will be as shown in Fig. 11.26. Since V a is a square wave, it 
can be expanded in a Fourier series, and the amplitude of the fundamental frequen- 
cy component is 
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FIGURE 11.25 

I The equivalent circuit of a class D amplifier. 




FIGURE 11.26 

Tuned-circuit output voltage waveform for 
square-wave input to the class D amplifier. 
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If the output filter is relatively high Q with a center frequency equal to the fre- 
quency of the input signal, the drain current in each transistor will be one-half of a 
sinusoid at the same frequency. Therefore, the direct current in each transistor is 



Id = (R l T)~' 

and the total power supplied is 



' T/2 4V cr . 4V ct 

sin cot dt = 



[ /z 4Vc 

JO * 



(11.38) 



Pi = WccId = 



8V 2 

cc 

n 2 R, 



The output power will be 






(2 R L r' = 



8 Vi 

CC 

7t 2 R L 



(11.39) 



which is the same as the power supplied, so the theoretical efficiency of the ideal 
class D amplifier is rj = 100 percent. 

example 11.6. Design a class D power amplifier to deliver 20 W to a 50- Q load. 
Solution. Since the output power is 

8V 2 

Po = ~~ = 20 W 

7T 2 R l 

V cc % 35.1 V 

The direct current in each transistor will be 



T ^ y CC 

/dc = = 0.285 A 

Rlk 2 

and the maximum voltage drop across each transistor will be 2V CC , or 70.2 V. The load 
circuit would be tuned to resonate at the fundamental frequency of the input signal. 



Nonideal Performance 

For actual transistors it is impossible to have a zero voltage drop across the device 
when ins saturated. Bijxfiar transistors are usually modeled by a saturation voltage 
V sa „ and FETs by an on resistance R on . The class D FET amplifier can then be mod- 
eled as shown in Fig. 11.27. The voltage at the input to the tuned circuit is still a 
square wave, as illustrated in Fig. 11.26; only the amplitude is reduced. The output 
voltage will be (again assuming a narrowband filter) 



Vo = 



4 VccRi 
k(Rl + Ron) 



sin cot 



and the direct current in each transistor will be 



(11.40) 
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LV CC FIGURE 11.27 

I Circuit model of a class D FET amplifier. 




Id 



4 Vcc 

7Z 2 (R.L + Ron) 



The total power supplied is 



and the output power is 



P = 

i rr 



8 Vi 



7t 2 (R L + Ron ) 



_ 8V» R, _ 

° n 2 (Rl + Ro ,) 2 



(-*-Y 

\ /?/, + /? on / 



so the efficiency of the nonideal class D FET amplifier is 

Rl 



V 



Rl + Ro 



(11.41) 



(11.42) 



example 11 . 7 . Calculate the actual power output and efficiency of the class D amplifier 
used in the preyioils example if VMOS 2N6659s are used with a gate signal level of 8 

v. k 

Solution. The specification sheet for the 2N6659 indicates that the on resistance is 
approximately 2 ft for this drive level. Therefore, the output power is 



P 0 = 20 




18.5 W 



and the efficiency is 



n = — = 96.2% 

' CO 
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FIGURE 11.28 

Block diagram of a class S amplifier. 



■ 11.6 

CLASS S POWER AMPLIFIERS 



The high efficiency of the class D amplifier has encouraged the design of other 
switching amplifiers. Another possibility is to pulse-width-modulate the informa- 
tion, amplifying the pulses with a high-efficiency amplifier and then demodulating 
the amplified signal. This is the principle of class S amplification. The classification 
“class S” is not universal. Some authors interchange the class S and class D classi- 
fications, while others refer to class S as “broadband class D.” A class S amplifier 
block diagram is illustrated in Fig. 1 1 .28. The input signal is pulse-width-modulated, 
and the constant-amplitude pulses are increased by the pulse amplifier, which is a 
highly efficient switching amplifier. Pulse frequency modulation, which varies the 
rate of constant-width pulses, can also be used. It can be shown 4 that for pulse-width 
modulation (with fixed leading edges) of a sinusoidal* signal S(t ) = Acos^Mhe 
modulated signal is 



X(t) = T~ l 



E -i' 



e jmw Q t 

jma> 0 



oo oo 

-E E 

m=—oo n— —oo 
M+|n|/0 



(-jY JniMmWo + ttfc>,)] 
j(ma) 0 + na> s ) 




(11.43) 



The modulated signal contains a term at the input signal frequency (m = 0, 
n = 1). As long as the modulating frequency is much greater than the signal 
frequency, the other significant frequency components will be at much higher 
frequency and can be removed by low-pass filtering. The significant difference, 
then, between a class D and a class S power amplifier is that the output circuit of the 
class D amplifier is tuned to the fundamental frequency of the input signal, while 
the output circuit of the class S amplifier is a low-pass filter that recovers the input 
signal: It is important that the amplifier’s fluctuations be large enough that they do 
not become a factor in determining the pulse width of the modulated signal. 

The transistor-switching characteristics of a class S amplifier limit its high- 
frequency performance. A simplified class S amplifier is illustrated in Fig. 11.29. If 
the saturation resistance of the transistors is neglected, the efficiency will approach 
100 percent; however, the nonzero switching time of the transistor can also affect its 
efficiency. 

The class D amplifier is a nonlinear power amplifier that preserves the fre- 
quency (but not the amplitude) of the input signal. The purpose of the circuit is to 
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FIGURE 11.29 

Simplified circuit for a class S 
amplifier. 




FIGURE 11.30 

Input and output waveforms of a pulse-width modulator. 

amplify digital data modulated on a carrier such as ffequency-shift-keyed (FSK) 
data. 

Pulse- Width Modulators 

Class S amplifiers include a pulse-width modulator. A relatively simple method for 
obtaining pulse-width modulation consists of using a comparator as a zero-crossing 
detector to generate a pulse- width-modulated signal. One comparator input is a tri- 
angular wave f{t), and the other input is the signal to be modulated An 

example of the modulated signal is shown in Fig. 11.30 for the case in which the 
signal is a ramp waveform. The comparator output is high whenever V m (t ) > / (t). 
This particular technique modulates both the leading and trailing edges of the wave- 
form. Single-edge modulation can also be easily implemented with integrated cir- 
cuitry. 
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FIGURE 11.31 

A class E amplifier. 



H 11.7 

CLASS E TUNED POWER AMPLIFIERS 5 

The class D amplifier utilizes transistors as switches and is a power converter. The 
input signal waveform is not preserved, just the frequency. In class E operation the 
transistor acts as a switch, as it does in class D, but only one transistor is used. A 
simple class E amplifier is illustrated in Fig. 11.31. Class E further differs from class 
D in that the output tuned circuit is designed to realizS certain collector-voltage and 
current waveform characteristics that are selected to minimize the power dissipated 
while the transistor is switching from on to off, or vice versa. The transistor switch- 
ing time can occupy an appreciable fraction of the input signal period during which 
substantial power can be dissipated in the transistor, reducing amplifier efficiency. 
To prevent this problem, the output tuned circuit is designed so that (1) the rise of 
the collector voltage is delayed until after the transistor is turned off, (2) the collec- 
tor voltage is reduced to zero when the transistor is turned on, and (3) the slope of 
the collector voltage is zero at the time of turn-on. The analysis of the circuit is as 
yet not well developed, and its main parameters must be further manipulated. An 
analysis of the idealized amplifier with design formulas is given in the literature. 6 



fl 11.8 

r 

PROBLEMS 

1H A transistor with a peak current rating of 5 A and a maximum drain-to-source voltage 
of 50 V is to be used in a class A power amplifier. What is the maximum output power? 
If a load resistance of 50 £2 is specified, what turns ratio for a matching transformer is 
required? 

11.2 Compare the designs of class A and class B power amplifiers to deliver 20 W to a 50- 
£2 load. The power supply is 24 V. Specify the maximum transistor dissipation, peak 
output voltage, and peak output current for each design. 
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11.3 Calculate the efficiency of the direct-coupled class A power amplifier shown in 
Fig. PI 1.3. What is the maximum voltage across the transistor? 




FIGURE P11.3 

A direct-coupled class A amplifier. 



11.4 Design a transformerless class B power amplifier using complementary symmetry 
transistors to deliver 20 W to a 50- £2 load. Specify the maximum transistor dissipation, 
peak output voltage, and peak output current for each transistor. 

11.5 Figure PI 1 .5 illustrates three different methods of biasing a class A amplifier. Compare 
the efficiency factor 

v+ v+ 





v+ 




FIGURE P11.5 

Three methods of class A biasing. 



11.8 Problems 



Peak output power 

Transistor dissipation with no input signal 
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for the three configurations. 

11.6 Design a power amplifier using the DV1260T power MOSFET (see App. 1 for specifi- 
cation). The load resistance is 50- ft, and it is to be coupled to the transistor with a 
transformer (which is assumed to be 90 percent efficient). What is the maximum pos- 
sible output power without exceeding, the transistor maximum ratings'? What are the 
required supply voltage and current? 

11.7 Design a class A push-pull amplifier to deliver 100 W to a 50- £2 load. Use DV1260T 
MOSPOWER FETs (App. 1). Specify the supply voltages, bias network, and turns 
ratios of any transformers used. The source resistance is 500 £2. 

11.8 Design a class C amplifier that will deliver an average power of 20 W at 1 MHz using 
the DV 1 260T MOSPOWER FET (see App. 1 ). 

11.9 Determine the maximum output power and conduction angle of a class C amplifier 
using the DV1260T MOSFET and a 24- V supply voltage (see App. 1). 

11.10 If a class C amplifier is to be used as a frequency tripler, what should the conduction 
angle be for maximum output power? 

11.11 Determine the maximum output power of a frequency tripler using the DV1260T 
MOSFET and a 24- V supply voltage (see App. 1). 

11.12 Design a complementary class D amplifier to deliver 100 W to a 50- £2 load using 
DV1260T transistors (see App. 1). Assume typical transistor values. A 24-V supply is 
to be used, and an impedance-matching transformer can be used for the output. 

11.13 What is the efficiency of the amplifier of Prob. 11.12? What will efficiency be if a 
DV1260T FET is used? 

11.14 What is the maximum output power possible using DV1260T transistors in a class D 
amplifier? (See App. 1.) What will be the maximum value of supply voltage? 

11.15 Describe a technique for class S amplification that uses single-edge pulse- width 
, modulation. 

* 11.16 Design a class A power amplifier using MRF 177 transistors to deliver 20 W to a 
50- £2 load. Calculate the maximum transistor dissipation, peak output voltage, and 
peak output current of each transistor; and compare with the values obtained from 
the simulation. Determine the bandwidth of the amplifier. 
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Modulators and Demodulators 



■ 12.1 

INTRODUCTION 

Communication systems require circuits for frequency conversion, modulation, and 
detection. Modulation is the modification of a high-frequency carrier signal to 
include the information present in a relatively low frequency signal (the modulating 
signal). The information is modulated onto a higher-frequency signal because radio 
wave propagation is more efficient at higher frequencies and smaller antennas can 
be used. Also, a larger bandwidth can be obtained at the higher frequencies, 
enabling many information-containing signals to be multiplexed onto one carrier 
and sent simultaneously. 

A practical illustration of this is the composite color-television signal used in 
the United States that was developed by the National Television Systems Commit- 
tee (the NTSC system). This television signal includes a frequency-modulated 
sound signal with a resulting bandwidth of approximately ±25 kHz with 100 per- 
cent modulation. The sound signal is then shifted to a center frequency of 4.5 MHz 
so that it does not overlap with the video signal. The composite signal also includes 
the video information consisting of the picture signal and vertical and horizontal 
synchronization pulses with a bandwidth of 4 MHz. The color information, or 
chrominance .signal, which is also contained in the composite signal, is modulated 
onto a 3.58-MH& subcarrier. 

^The total signal, then, includes time- and frequency-multiplexed components. 
This signal is then amplitude-modulated onto one of the standard broadcast chan- 
nel carrier frequencies, which creates both upper- and lower-sideband frequency 
components. For standard TV broadcasting most of the lower sideband is filtered 
out before transmission. The removal of one sideband reduces the amount of 
power that must be transmitted and reduces the channel bandwidth, allowing for 
more channels in a given frequency spectrum. The frequency spectra of the 
transmitted signal are illustrated in Fig. 12.1. The signal bandwidth is 6 MHz, 
which includes 4.75 MHz above the carrier frequency and 1.25 MHz (the vestigial 
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FIGURE 12.1 

Frequency spectra of a stan- 
dard broadcast TV channel. 



sideband) below the carrier frequency. The color subcarrier C is 3.58 MHz above 
the carrier frequency, and the center frequency of the sound signal is 4.5 MHz 
above the carrier frequency. 

Demodulation, then separates the received information from the high-frequency 
carrier signal. Radio pioneers used the word detector for the device that detected the 
transmitted information. Today the terms detector and demodulator are often used 
interchangeably, but detector can have other connotations, such as when applied to an 
AGC detector or a frequency detector (for automatic frequency-control applica- 
tions). In this chapter the terms detector and demodulator are used interchangeably, 
but it will be clear from the context which type of detector is being discussed. 

In the following sections we will discuss the various types of mixers, modula- 
tors, and demodulators and their respective applications. The differences between 
time- varying and time-invariant circuits are also considered. 



m 12.2 

FREQUENCY MIXERS 



The most commonly used device for frequency modification is referred to as a fre- 
quency mixer, or simply mixer. The ideal mixer, represented by the schematic 
shown irfFig. 12.2, is a device which multiplies two input signals. If the inputs are 
sinusoids, the ideal mixer output is 



V Q = (Ai sinc!>j/)(A 2 sina^f) = 



A\A2 

2 



[cos (a) 1 — 0)2 )t ~ COS (a)\ 4- ( 1>2 )/] 



( 12 . 1 ) 



The output consists of the sum and difference frequencies of the two input frequen- 
cies, one of which is the desired component. The other input frequency is removed 
with filtering — this combination of a mixer and filter to remove an output frequency 
is often referred to as a single-sideband mixer. 
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FIGURE 12.2 

Circuit symbol of a four-quadrant multiplier. 



Although the ideal mixer does not exist, there are many different circuits for 
approximating the ideal mixer. There are mixer circuits which provide gain (active 
mixers) and passive mixers which actually have a conversion loss. (The lowest- 
noise mixers are passive mixers.) Mixers can be classified in various ways, but in 
this text they are classified on the basis of the mode of operation, namely, nonlinear 
or switching-type mixers. 



Switching-Type Mixers 



In switching-type mixers, one or more switches, realized with diodes or transistors, 
function as time-varying circuit elements. The nonlinear or switching characteris- 
tics of diodes are often used for frequency mixing, particularly at high frequencies. 
Figure 12.3 provides an example of a simple switching-type mixer circuit contain- 
ing diodes. If the center-tapped transformer is ideal, then the voltages will be as 
indicated in Fig. 12.4. The local oscillator V L is a constant-amplitude signal. The 
dea is for t he local oscillator sienal to he much lamer than Vj so that diode D<Js_on 
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FIGURE 12.4 

Simplified equivalent circuit of the two- 
diode mixer. 



where 



V* - V,P(t) 




V L >0 

V L <0 



In Fig. 12.5, P{t) is a square wave with a frequency equal to that of the local oscil- 
lator frequency a>i. It can be expanded in a Fourier series as 



4 r - \ sin[(2/i -j- l)ct >£,/] 

n n 2n + 1 
«=0 



( 12 . 2 ) 



so 



V* = K 



4 sin(2n + 1 )(Oit 

*h, 2n + 1 



If Vi is a sine wave 



Vi — V sin to, t 

2V ^ cos [(2n + l)a> L - (Oi]t - cos [(2n + \)(o L + (o^t 

then V* = — > — * — z— — j (12.3) 

ir ^ In + 1 

Since V 0 =.Vl + V)*, the mixer output consists of the local oscillator signal plus an 
infinite number of additional frequencies created in the mixer. The output frequencies 



FIGURE 12.5 

A local oscillator waveform. 
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FIGURE 12.6 

A two-diode mixer in which the load oscillator signal does not 
appear in the output. 



in addition to the upper and lower sidebands are called spurious. The desired mixing 
component is selected from the mixer by filtering the output. 

The preceding analysis assumed that the local oscillator signal was much larg- 
er than the input signal and sufficiently large to instantaneously switch the diodes. 
Any deviation from these assumptions increases the distortion of the desired fre- 
quency component. Distortion is considered further in the discussion of double- 
balanced mixers. A disadvantage of the mixer circuit shown in Fig. 12.3 is that the 
local oscillator signal appears in the output. If the local oscillator frequency is much 
larger than the input frequency, then the desired mixing product o) L + or co L — <w ( - 
may be close to the local oscillator frequency, and it will be difficult to separate the 
frequencies by filtering. 

The local oscillator signal does not appear in the output of the mixer circuit 
shown in Fig. 12.6. If the center-tapped transformer is ideal, then the voltages will 
be as shown in Fig. 12.7. If V L is positive and much larger than V iy then both diodes 
will be conducting, and V 0 = V„ since the local oscillator currents balance out in 
the output transformer (assumed to have a unity turns ratio). If the local oscillator 
signal is negative, the diodes will be open and the output signal will be equal to 




FIGURE 12.7 

Simplified equivalent circuit of the diode 
mixer shown in Fig. 12.6. 
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FIGURE 12.8 

Output waveform of the mixer shown in 
Fig. 12.6. 



zero. In general, the output voltage can be represented by 

V Q = ViP(t) 



where 



P(t) = 



1 

0 



V L >0 
V L < 0 



In this case P(t) is a square wave (illustrated in Fig. 12.8) with a frequency equal 
to that of the local oscillator frequency, but it differs from the preceding case in 
that the dc value is no longer equal to zero. And P(t) can be expanded in a Fouri- 
er series as 



If Vi is a sine wave 



1 2 ^ \ sin (2n -f l)^/ 



Vi = V sinruj/ 



(12.4) 



then the output voltage is 



V 0 (t) = V 



sin o>i t 
2 




cos [(2 n + l)co L — o>,l/ cos [(2 n + 1 )co L + 



2 n -t- 1 



(12.5) 



The output of this mixer differs from that in Fig. 12.3 in that it does not contain the 
local oscillator signal, but it does contain a signal at the same frequency as the input 
signal. In some applications this can be a problem, as illustrated by the following 
example. 

example 12 . 1 . The input section of a general-coverage receiver with a 10-MHz inter- 
mediate-frequency (IF) filter is illustrated in Fig. 12.9. To tune the receiver to an input 
frequency of 20 MHz, the local oscillator frequency must be 10 MHz in a down- 
conversion receiver. If the mixer shown in Fig. 12.3 is used, then the local oscillator sig- 
nal will be present at the IF output, and it will probably be so large that it will mask out 
the input signal. If the mixer is connected as illustrated in Fig. 12.6, the local oscillator 
signal will be removed from the output. Still, an unwanted 10-MHz signal present at the 
input will appear at the IF output unless it is removed by an input filter (preselector). 




IF output 



Local 

oscillator 



FIGURE 12.9 

Receiver input section. 
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FIGURE 12.10 

A double-balanced mixer. 

A double-balanced mixer circuit, which can be used with a balanced load, is 
shown in Fig. 12.10. The behavior of this circuit is the same as that of the mixer 
illustrated in Fig. 12.6, and the output is given by Eq. (12.5) if one-to-one trans- 
formers are used. 

A switching-type mixer containing four diodes in which neither the local oscil- 
lator signal nor the input signal appears at the output is shown in Fig. 12.11. If the 
local oscillator signal Vl is positive, then diodes £>2 and £>3 will conduct and the 
equivalent circuit will be as shown in Fig. 12.12, With r d representing the equiva- 
lent diode on resistance. The circuit is more easily recognized if it is redrawn as 
shown in Fig. 12. 13; the balanced output transformer eliminates the local oscillator 
signal from the load. The two loop equations are 

Vi = (h + h)R L + hr d ~ Vl 

and Vi = (/] + / 2 )/?l + £2 r d + V L 




FIGURE 12.11 

A four-diode switching-type mixer. 
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FIGURE 12.12 

Equivalent circuit of Fig. 12.11 (for positive local oscillator voltage). 




FIGURE 12.13 

Circuit equivalent of that in Fig. 12. 1 1. 



If Vl is eliminated, 



or 



h + h 



Vi 

Rl + 



K 

Rl 



Vo = Rl 
Vi R L +r d /2 



If the local oscillator signal is negative, diodes D\ and D 4 conduct, and the equiva- 
lent circuit is as shown in Figs. 12.14 and 12.15. The output voltage is then 



V e = 



VjR L 

Rl + r <//2 






FIGURE 12.14 

Equivalent circuit of Fig. 12.11 (for negative local oscillator voltage). 
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FIGURE 12.15 

Circuit equivalent of that in Fig. 12.14. 
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In this mixer the output voltage is proportional to the input voltage and is switched 
at the local oscillator frequency; therefore, 

v ° ( ‘) = v - P(1) i^T2 

where P(t) is given by Eq. (12.4). If V*(0 is a sine wave 

Vi = V sin g>, r 



T/ ^ Rl 2V ^ cos [(2 n + 1 )co L — a)i]t — cos [(2 n + \)ool + 
Vo(,) = R, + r„/2 j IT 2- 2n + 1 



( 12 . 6 ) 



A double-balanced mixer with perfectly matched diodes and ideal transformer 
coupling will generate the upper and lower sidebands plus an infinite number of 
spurious frequencies centered on odd harmonics of the local oscillator frequency, 
but both the input and local oscillator signals are isolated from the output. Compact, 
inexpensive double-balanced mixers are commercially available that cover the fre- 
quency spectrum from the tens of kilohertz to the gigahertz region. Their excellent 
performance is due in a large part to modem fabrication techniques which enable 
one to constmct closely matched diodes. High-frequency Schottky barrier diodes are 
invariably used today. 



Conversion Loss 

r 

Mixer conversion loss is defined as the ratio of output power in one sideband to sig- 
nal input power. It is a most important mixer parameter, particularly for the receiver 
input stage. To calculate the conversion loss, we will assume that the external imped- 
ances are adjusted for maximum power transfer. Consider first the double-balanced 
mixer circuit shown in Fig. 12.1 1. If the input transformer has a 1:1 turns ratio, then 
the equivalent circuit is as shown in Fig. 12. 13, and the load impedance seen by V, is 

_v_ = Yl = r +1 

1 1 + h A L + 2 
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Normally R L » r d , so the input will be matched for maximum power transfer if 
R l = R s . Under this condition V, = V s j2 and 




From Eq. (12.6) we see that the output voltage in one sideband (assuming 
Rl » r d ) is 






v;- x 2 _ k 

71 71 



and the output power is 




So the conversion gain of the double-balanced mixer is 

c = p ° = 4Rl _ 4 

Pi 7T 2 R l 7 r 2 



which is less than 1 . The mixer has a conversion loss of 



(12.7) 



L = 10 log ^ ^ 4dB 

For an ideal double-balanced mixer matched to the source impedance, and ignoring 
the power lost in the transformer and switching diodes, approximately 40 percent of 
the signal input power will be transferred to the output. 

For the single-balanced mixer shown in Fig. 12.5, the output voltage of one 
sideband [from Eq. (12.5)] is 

Ka | +a>, — 

n 



If the input port is matched for maximum power transfer. 




K = 



2tt 




and 



Po = 



V 2 

s 

4tt 2 Rl 



The power gain is 



G = 




-l 



( 12 . 8 ) 



Output power 
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so the conversion loss is L = 10 log iz 1 ~ 10 dB, and the conversion loss of the 
single-balanced mixer is 4 times (6 dB) larger than that of the double-balanced 
mixer. 



Distortion 

As the mixer input signal power increases, it will reach the level at which it is larg- 
er than the local oscillator power. The input signal then assumes the switching role, 
and the output power becomes proportional to the local oscillator power. Since the 
local oscillator power is constant, the output power will be constant. An idealized 
power transfer characteristic is shown in Fig. 12.16. At low input power levels, the 
power transfer is linear; but as the input power increases, distortion begins and the 
response becomes nonlinear. At high input levels, the output saturates at a level pro- 
portional to the local oscillator power. As the signal level further increases, the 
intermodulation distortion (IMD) also increases. 



Intermodulation Distortion in Diode-Ring Mixers 1 

Consider a diode-ring mixer with a resistance R in series with each diode, as shown 
in Fig. 12.17. The purpose of the additional resistors will become clear once the 
IMD is determined. The transformers are assumed to be ideal, and the diodes all 
have identical characteristics. If the local oscillator power is sufficiently large, the 
circuit during either half-cycle is as shown in Fig." 12. 18. The diode current then 
consists of a constant component /, due to the local oscillator, and a small compo- 
nent /, due to the input signal. The diode current is described by 

id = 

where Vj is the voltage drop across the diode and V T —kTjq. 

The input signal V* causes a signal current 2 i to flow through the load. Because 
of the circuit symmetry one-half flows through each diode. That is, 

i’d, = / - i 




FIGURE 12.16 

Mixer power transfer characteristics. 



Input power 
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FIGURE 12.17 

A four-diode mixer with linearizing resistors. 




FIGURE 12.18 

Equivalent circuit of mixer shown in Fig. 12.17. 



and ify — I 4- i 

The currents are shown in Fig. 12.18. The Voltage equations are 

k Vl — V a = Vdj 4- i Di R 

and ; -V L -Va = — Vdi ~ ithR 

r *’ 1 -i 

or V L - V a = V T In — — + (/ - i)R 

*S 

and -V L -V a = - |V r In + (/ + i)flj 

Adding the two equations, one obtains 

-2V a = V T In I -^~ - 2 iR 

I + i 
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and since 2V a = 2 (V, — 2z/?^) 

the relation between input voltage and diode current is 

V T t /"hi 
V, = i(2J? L + I?) + ^f In- : 

2 / — i 

This can be expanded for i <§; / to 
V, = (2R t + R)i + y 



i 1 ( 


i\ 2 1 / 


A 3 / 


A 3 1 




7 1 +7 


7 1 


7 +••■ 


/ 2 V 


[J 3 V 


U V 


u 



-7-5(7) -5(7) +higher -° rder 



terms . . . 



The even-order terms cancel, so 



v, = (ir l + * + y) ' + 5 (?) 4 - odd higher-order terms 

Since the first term of the power series is not zero, the series can be inverted 2 : 

V, V T V, ? 



I = 



2 R l + R 3 (2 R l + R)*P 



Comparing this equation with Eq. (3.64), we see that 



*3 = - 



V T 

3(2 R l + ft) 4 / 3 " 



(12.9) 



The third-order intermodulation distortion is proportional to k\ [Eq. (2.60)], so the 
smaller the magnitude of £ 3 , the smaller will be the IMD. The IMD is inversely pro- 
portional to the sixth power of the current /j, so the larger the local oscillator drive 
level, the smaller will be the IMD. The addition of a resistor R in series with the 
diode reduces the IMD. An additional diode can be used in place of the resistor. This 
permits higher local oscillator drive levels and a corresponding reduction in IMD. 

Diode-ring mixers are classified by the different elements in each leg. Fig- 
ure 12. 19 illustrates three classes of diode-ring mixers. The class II mixers have the 



7&T 

Class 1 mixer 



^ — • 

Class li mixer 
(type II) 



FIGURE 12.19 

Three classes of diode-ring mixers. 
(After Cheadle, 1973.) 



-M-W- 




Class II mixer 
(type 1) 



Class III mixer 
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highest power-handling capabilities, but because of the additional matched compo- 
nents, they are also the most expensive to manufacture. The capacitor in parallel 
with the series resistor in the class III diodes acts to reduce the distortion that 
occurs when the local oscillator signal switches state; it also reduces conversion 
loss by acting as a high-frequency bypass for the signal voltage. At high frequen- 
cies the effects of finite switching time also cause distortion. It can be shown that 
for the same power levels, a square-wave signal will cause less distortion than will 
be the case if a sine wave signal is used for the local oscillator. 3 



Square-Law Mixers 

The square-law characteristic is approximated by several electronic devices. That a 
square-law device can function as a mixer is readily seen by squaring the sum of 
two sine waves: 

(A i sinojif + A 2 sinoV) 2 = (A\ sin&>ir) 2 4- (A 2 sin a^t) 2 + 2AiA 2 siruoit smco 2 t 

A 2 (l — cos2ct)i0 ( A\(\ — cosluht) 

. = 2 + 2 

+ 2Ai A 2 [cos (a)) - c o 2 )t - cos (n>i + o) 2 )t\ ^ ^ 

An ideal square-law device will provide the upper and lower sidebands, together 
with a dc component and the second harmonic of both input waveforms. The circuit 
is frequently used at microwave frequencies for down conversion to the lower side- 
band, which is at a lower frequency than either of the input signals. A simple square- 
law mixer, which has been used since the earliest radio receivers were built, is 
shown in Fig. 12.20. Crystal diodes were originally used, but today Schottky barri- 
er diodes are the best choice. 

At lower frequencies this form of the diode mixing is normally not used 
because of the large conversion loss. Transistor mixers are preferred because they 
can provide conversion gain. Transistors are often used to approximate the square- 
law characteristic. The input and local oscillator signal voltages are applied to the 
transistor so that they effectively add to the dc bias voltage to produce the total 
gate-source or base-emitter voltage. The composite signal is then passed through 
the device nonlinearity to create the sum and difference frequencies. 
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B JT Mixers 



Figure 12.21 illustrates a simplified bipolar junction transistor (BJT) mixer. For this 
circuit the base-to-emitter voltage is 

V be = V DC + V, - V L 

where V DC is the base-to-emitter bias voltage. The collector current in a bipolar 
transistor is described by ( V be > 0) 

ic = he v ^ 

and since V be = V DC + V, - V L 

the current is i c = I s e VDcfVT e VilVT e~ VL/Vr 

If Vj = V\ cos co,t and V L = V L cos a> 0 t, then the current can be expanded in a series 
of modified Bessel functions 4 as 

ic(t) = he VDc/VT Uo(y)h(x) - 2I 0 (y)I\ (x:)cos o) 0 t + 2/,(y)/ (3 (x) cosw.-f 

— 47] (y)/] (jr) cos coi t cos <o a t + higher-order terms] (12. 1 1) 

where y = V\/ V T , x = V L /V Ty and /„ is the nth-order modified Bessel function. 

The collector current consists of a dc component I c , components at both the 
input and local oscillator frequencies, components at the frequencies a> 0 ± o) iy and 
an infinite number of high-frequency components.. The amplitude of either the 
upper- or lower-sideband component is 



/ = / je ^/* 2 / l( y)/ l( *) 

= 2/ h(y)h(x) 

c io(y)io(x) 



( 12 . 12 ) 





FIGURE 12.21 

A bipolar junction transistor 
(BJT) mixer. 
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The local oscillator voltage amplitude is constant, and if V L V\, then the collec- 
tor direct current will not vary with changes in the amplitude of the input signal, 
since 



lim/ 0 (y) = 1 

y—o 

The mixer should have a linear response to changes in the input amplitude. The ratio 
is given as 

£iM*z(,_z! + zl) 

h O’) 2 V 8 16/ 

So if the input amplitude is sufficiently small, the mixer upper- and lower-sideband 
outputs will be a linear function of the input signal. For y < 0.4 (Vi < 10.5 mV) 
the response will be within 2 percent of a linear response. The amplitude of the side- 
band current is 



I = 21, 



h 00 /i(*) 

4,00 /.(*) 



r h(x) _ l7 /,(*) 

Icy TT~\ = ^Vi— —— 
I 0 (x) l 0 (x) 



(12.13) 



provided the input signal is sufficiently small. Note that g m is the transconductance 
Ic/Vt ■ The ratio I\ (x)/I 0 (x) rapidly approaches 1 as x increases: 



lim 

*-►00 



M*) 

Io(x) 



= 1 



and - 7 - 7 — ~ 0.86 forjc =4 

Io(x) 

So if the local oscillator drive level is approximately 100 mV (x & 4) or larger, the 
amplitude of the upper- and lower-sideband current components is 7 « g m V\. If the 
collector circuit is tuned to either of these frequencies, the mixer conversion gain 
G = gm^L, where R L is the equivalent load resistance at the frequency of interest. 
The BJT mixer has the advantage over dioide mixers in that it provides conversion 
gain, although it will be much noisier than a properly designed diode-ring-type 
mixer. Another advantage of the BJT mixer over diode mixers is that the local 
oscillator drive level required is much smaller. This reduces oscillator design and 
system-shielding requirements. 



FET Mixers 

If an FET is operated in its “constant-current” region, the idealized FET current 
transfer characteristic is the square-law relation 

b = lus (1 - hf) 



(12.14) 
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where V gs is the gate-to-source voltage and V p is the transistor pinch-off voltage. 
Because of the square-law characteristic, the FET will not generate any harmonics 
higher than second-order. Since the third-order intermodulation distortion arises 
from the cubic term in the transfer characteristic, an ideal FET mixer will not produce 
any third-order intermodulation distortion. However, in reality, the transfer charac- 
teristic deviates from the idealized version, and some intermodulation distortion will 
be produced. Still, a properly biased and operated FET mixer will produce much 
smaller high-order mixing products than a bipolar transistor. This is one reason why 
an FET mixer is usually preferred to a bipolar transistor mixer. The FET also pro- 
vides at least 10 times as great an input voltage range as the BJT. Figure 12.22 illus- 
trates an FET mixer circuit. The drain current is (in the constant-current region) 

Id = /« ( 1 - '*~y V ° C ) 1 (12.15) 



where V DC is the gate-to-source bias voltage (or Vgs ~ V T for a MOSFET). If the 
applied signals are sine waves 

Vi = Vi sin a>i t 

and v L = V L smco L t 

then the output current [obtained by expanding Eq. (12.15)] is 

i £> — I dc Ki(Vi sin w/ 1 — V/, sintu^r) sin2&),t -H V^sin2 co^t') 

-Ki sin(<u, - (o L )t + K 3 sin(cu; + co L )t (12.16) 
The amplitude of the sum and difference frequencies is 

IdssV,V l 



The term 



K,= 

K3 
Vi 



V 2 

p 

IdssVl 

V 2 

p 



(12.17) 



+Vdd 



FIGURE 12.22 

An FET mixer circuit. 



504 



chapter 12: Modulators and Demodulators 



is referred to as the conversion transconductance g c . In general, the device with the 
lowest pinch-off voltage has the highest gain, and the conversion transconductance 
is directly proportional to the amplitude of the local oscillator signal. It would also 
appear that FETs with high I DS s are preferred, but loss and V p are related. It is usu- 
ally the case that devices selected for high I DS s also have a high V p and a lower 
conversion transconductance than low- loss devices. Since the device is to be oper- 
ated in the constant-current region, V L must be less than the magnitude of the pinch- 
off voltage. If 



then 

and the sideband current is 



Vl 



k 3 



W P \ 



2 

?DSS 

2V P 



Vi 



i D = K 3 sin (coi ± a>i)t = Vi - — sin (&>, ± a>\)t 



Since for a JFET the transconductance is 




(12.18) 



the conversion transconductance is one-fourth the small-signal transconductance 
evaluated at V gs = 0 (provided V L = V p /2). For a MOSFET it can be shown that 
the conversion conductance cannot exceed one-half of the transconductance of the 
device when it is used as a small-signal amplifier. 



example 12 . 2 . An FET with I DS s = 40 mA and transconductance g m = 14 x 10 3 S 
at Vgs = 0 is to be used in a mixer. Estimate the conversion gain if a 50- £2 load is 
used. 



Solution. Since 




gm. — 



-Voss ( _ M 
Vp \ Vp) 



die transistor pinch-off voltage is 



2 x 40 x 10 -3 
14 x 10- 



5.7 V 



The peak local oscillator voltage Vl should be kept to approximately 50 percent of this 
value in order to minimize distortion. If Vl ~ 2.85 V, then the conversion transcon- 
ductance is found from Eq. (12.18) to be 



40 x 10“ 3 



= 3.5 x 10" 3 S 



gc = 



2 x 5.7 
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The magnitude of the voltage gain is 

^ 8cRl = 1-75 

If the device is operated in the common-gate configuration, the current gain will be 

close to unity, so the voltage gain will also be equal to the power gain. 

Although the conversion transconductance is smaller than the small-signal 
transconductance, it is large enough that the circuit can be operated as a mixer with 
power and voltage gains. This is an important difference from the diode-switching 
mixer. An FET mixer is capable of producing lower intermodulation and harmonic 
products than a comparable bipolar or diode mixer. Also, an FET mixer operating at 
a high level has a larger dynamic range and greater signal-handling capacity than 
does a diode mixer operated at the same local oscillator level. However, the noise 
figure of FET mixers is currently higher than that of diode mixers. The best inter- 
modulation and cross-modulation performance is obtained with the FET operated in 
the common-gate configuration, where the input impedance is much lower than that 
for the common-source configuration. Figure 12.23 illustrates a double-balanced 
mixer in which the FET transistors are operated in the common-gate configuration. 
The push-pull output cancels the even-order output harmonics. 

The dual-gate MOSFET is often used as a mixer. A typical dual-gate MOSFET 
mixer circuit is illustrated in Fig. 12.24. If the input signals are sinusoidal, the out- 
put will contain frequency components at both the sum and difference frequencies. 
Several other frequency components are also present in the output. The magnitude 
of either the sum or difference frequency is proportional to 

A = K\V g2 \ 

so the conversion gain is proportional to the magnitude of the local oscillator volt- 
age. For maximum conversion gain, the local oscillator amplitude should be select- 
ed so that it drives the gate just to the point of transistor saturation. 




IF 




FIGURE 12.23 

An FET double-balanced mixer. 
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FIGURE 12.24 

A dual-gate MOSFET mixer circuit. 



The input signal is normally connected to the lower (closest to the ground) 
input gate terminal and the local oscillator signal to the upper gate. If the input is 
connected to the upper terminal, then the drain resistance of the lower transistor sec- 
tion appears as a source resistance to the input signal. It has been shown in Chap. 2 
that the source resistance will reduce the voltage gain at the collector. Also, the con- 
nection has a larger drain-to-gate capacitance with a lower bandwidth than is attain- 
able when the input signal is connected to the lower gate. The device is usually 
biased so that both transistors are operating in their triode (nonsaturated) region. In 
this region it can be shown 5 that the small- signal drain current is 

, , v id = gnu Vgi “1“ gm 2 Vg2 

where • g„, = a„ + a, V gt - a 2 V g2 

and g m2 = b 0 + b\ V g] + b 2 V g2 

The drain current can be written as 

id = a i Vl + a 0 V gl + (a 2 + b\)V gl V gl + b Q V gl + b 2 V gl (12.19) 

Since the drain current contains the product of the two signals, the dual-gate 
MOSFET can be used as a mixer when both transistors are operated in the non- 
saturated region. 
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m 12.3 

AMPLITUDE AND PHASE MODULATION AND DEMODULATION 

Amplitude modulation (AM) is the process of varying the amplitude of a constant- 
frequency signal with a modulating signal. Continuous-wave (CW) modulations 
turn the carrier on and off in response to a modulating signal. It can be considered a 
special case of AM and also a special case of frequency modulation. In this section 
we concentrate on the circuit aspects of modulators and demodulators, but since the 
circuitry always depends on the frequency spectrum of the signal, the mathematical 
models for the various modulation methods are introduced in order to describe the 
frequency distributions of the modulated signals. 



Amplitude Modulation 

An amplitude-modulated wave can be mathematically expressed as 

S(t) = g(t ) sin&> c / 

where g(t ) is the modulating signal (modulation) and co c is the carrier frequency. 
Normally the modulating signal varies slowly compared with the carrier signal fre- 
quency. For conventional AM the modulated signal is in the form of 

S(t) = A[ 1 + mf(t )] sin<u c r (12.20) 

where m is called the trwdulation factor and is normally less than 1 ; 100m is the per- 
cent age of modulation. Consider a simple modulating signal: 

f(t) = COS (D m t 

then Sit) = A |sin<u c r + ™ [sin (a> c + co m )t + sin (a) c - co m )t]j (12.21) 

The frequency spectrum of the modulated signal is shown in Fig. 12.25. It consists 
of the earner frequency plus upper- and louver-sideband components centered about 
the earner frequency. This signal is often referred to as the full-carrier double- 
sideband signal. Figure 12.26 illustrates a sinusoidal modulating signal and the 




FIGURE 12.25 
Frequency spectrum of an 
amplitude-modulated signal. 
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FIGURE 12.26 
Amplitude-modulating and 
amplitude- modulated signals. 




carrier amplitude modulated by the sinusoid. The signal envelope is of the same 
form as the modulating signal (m < 1). 

Equation (12.21) shows that for m < 1 the amplitude of the carrier is at least 
twice as large as the amplitude of either sideband component, so at least two-thirds 
of the signal power will be in the carrier and at most one-third in the two sidebands. 
Because the carrier does not contain any modulating information, it is often removed 
or suppressed, resulting in the signal 

Aftt 

S(t ) = — [sin ( C 0 c -1- co m )t + sin (co c - co m )t ] (12.22) 

which is referred to as a double-sideband (DSB) suppressed-carrier signal. The car- 
rier component is not present in the DSB signal. However, as the waveform gets 
more efficient in terms of power-to-information content, the detection method gets 
more complex. Some means of recovering the carrier component is needed for the 
detector to recover the amplitude and frequency of the modulating signal. The DSB 
signal, although more efficient in terms of transmitted power, still occupies the 
same bandwidth as a normal AM signal. Since both sidebands contain the same 
information, one sideband can be removed, resulting in a single-sideband-signal 
(SSB). SSB is the most efficient form of an amplitude-modulated signal. Circuitry 
for the three types of AM will now be described. 

Amplitude Modulators: Standard AM 

to 

r 

Full-carrier double-sideband amplitude modulation is achieved either by modulat- 
ing the oscillator signal at a relatively low power level and amplifying the modu- 
lated signal with a cascade of amplifiers (including an output power amplifier) or 
by using the modulating signal to control the supply voltage of the power ampli- 
fier. Both methods are illustrated in Fig. 12.27. The power requirements of the 
modulator and modulating signal can be estimated by considering the power in an 
amplitude-modulated waveform: 

5(f) = A[1 +m(r)] sin« c f 
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Mixer 




(a) 




(*) 



FIGURE 12.27 

(a) A low-level amplitude-modulation circuit; (b) amplitude modula- 
tion at high power levels. 

The peak output power is 

A 2 

(f„)pe* = y(l+»«) 2 (12.23) 

so if the maximum modulation index is unity. 

(^)peak = 2 A 2 - 4(P 0 ) car 

The modulator must be designed to handle 4 times the average carrier power with 
100 percent modulation; the output power will be 4 times the carrier power. 

Several of the previously analyzed mixer circuits with output filtering can be 
used to realize the low-level modulation illustrated in Fig. 12.27a. For example, the 
output of the diode mixer shown in Fig. 12.3 is given by Eq. (12.3). If V^is a sine wave 

V L = V\ sin o) L t 

and if a low-pass filter is added to the output with a bandwidth of 

r 

B =(o L - 1- o)i 

then the output will be 

/ 4 V \ 

S(t ) = V\ ( 1 -I sinco^ I sincu^t 

\ 7T V i ) 

Since the low-pass filter removes the higher-frequency component, the modulation 
index of the resulting AM waveform is m = (4 /tt) V/V\. This particular amplitude 
modulator functions well only for low indices of modulation. 












510 



chapter 12: Modulators and Demodulators 




FIGURE 12.28 

A collector-modulated 
circuit. 



Both the FET and BJT mix ers described earlier can function as amplitude mod- 
ulators with a relatively high modulation index. The final amplifier will need to be 
linear. Linear class C can be obtained with the output circuit tuned to the carrier fre- 
quency. The output will then be linearly related to the input, provided the amplifier 
output circuit is not current-limited. (The peak value of the current pulses must be 
proportional to the peak value of the input drive current.) 

The most frequently used method of amplitude modulation at high power 
levels is to modulate the supply voltage to the power amplifier, as shown in 
Fig. 12.276. Figure 12.28 illustrates a collector-modulated circuit. The transistor 
can be operated as either class B or C; the output circuit is tuned to the carrier fre- 
quency and has a bandwidth equal to twice that of the modulating signal. The 
modulating signal is applied in series with the dc supply voltage, so the total low- 
frequency supply voltage for the transistor is 

V = V CC + V m (t) 

= V cc (l + m cos co m t) 

provided V m (/) = mV cc cos oj m t 

It was shown in the discussion of class C power amplifiers that the amplitude of the 
output signaj under'saturation-limited conditions equals the power supply voltage. 
Therefore, changing the transistor supply voltage modulates the output signal 
amplitude proportionally, and the output voltage becomes 

V 0 — V cc (l 4- m cos co m t) cos co c t 

For 100 percent modulation the peak value of the voltage V m (t ) must equal V cc . At 
full modulation the sidebands each contain one-fourth the power of the carrier, so 
P 0 — | P c . The carrier signal has an amplitude V cc , and the amplitude of each sideband 
component is one-half that of the carrier amplitude. The total output power is then 

3 V 2 
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The unmodulated carrier power is supplied by the power supply. The remaining 
power must be furnished by the modulator. One reason that output modulation has 
been the most frequently used method is that collector modulation results in less 
intermodulation distortion than existing low-level modulation circuits. 

All the information in an AM wave is contained in one sideband. It is possible 
to eliminate the other sideband without loss of information; thus the required trans- 
mitter power is reduced to one-third of that previously required, since the power in 
each sideband is one-fourth the carrier power for sine wave modulation. Double- 
sideband suppressed-carrier modulation can be easily realized with the double- 
balanced mixers previously described. Although transmitter complexity is not 
markedly increased for DSB signals, the receiver is more complex. Single-sideband 
suppressed-carrier transmission results in an even more complex receiver, and the 
quality of the demodulated signal is generally not as good. However, SSB is exten- 
sively used because of the reduced power and bandwidth requirements. The signal 
quality is adequate for applications of voice transmission. 

The simplest method of SSB generation is to generate the DSB signal using 
a double-balanced modulator and then remove one of the sidebands with a filter. 
A block diagram of this form of SSB generation is shown in Fig. 12.29. Another 
method of SSB generation, the phasing method, is illustrated in Fig. 12.30. Here 
both the modulating signal and the carrier signal are processed through phase split- 
ters, which each generate two signals 90° out of phase with each other. The sum- 
ming network output 

S(t ) = A cos c o c t sin 0 ) o t + A sin co c t cos <D 0 t 
= A sin (a> c + co 0 )t 




FIGURE 12.30 

Phasing method of single-sideband generation. 
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is the desired SSB signal. The phasing method has the advantage of not requiring 
the -sharp cutoff filters of the filtering method of SSB generation, but it is difficult to 
realize a broadband phase-shifting network for the lower-frequency modulating sig- 
nal. The television signal described at the beginning of the chapter uses vestigial 
sideband plus the low-frequency portion (the part closest to the carrier) of the other 
sideband. The technique is used primarily to conserve bandwidth. It is suitable for 
television because the low-frequency components are sufficient for reconstructing 
an acceptable picture. 



Demodulators 

AM detection can be divided into synchronous and asynchronous detection. Syn- 
chronous detection employs a time-varying or nonlinear element synchronized with 
the incoming carrier frequency. Otherwise the detection is asynchronous. The sim- 
plest asynchronous detector, the average envelope detector, is described here. 



Average Envelope Detectors 



Vrit) = 



A block diagram of the average envelope detector is shown in Fig. 12.31. The rec- 
tifier output 

Sit ) S{t) > 0 

0 Sit) < 0 

can be written as 

Vrit) = Sit)Pit) 

If Sit) is periodic with a frequency co c , then 

1 for Sit) > 0 



P(t) = 



0 for Sit) < 0 



And Pit) is a rectangular wave (identical to that illustrated in Fig. 12.8) with the 
same frequency co c , and so [from Eq. (12.4)] 



, *»-5 + ?E 



sin (2 n + 1) 



2 ' 7 x 2 n + 1 

n=0 



CO r t 



If 5(0 is the AM wave described by Eq. (12.20), then 

r 

, , /sina> c f , cos 2 o) c t , . , . „ \ 

V r it) = A[1 + mfit )] f — 1- re 1 -I b higher harmonics of co c J 

(12.24) 



s (0 



Half-wave 


v r (0 


Low-pass 




rectifier 




filter 





FIGURE 12.31 

Block diagram of an average envelope 
detector. 
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If the low-pass filter bandwidth is chosen to filter out the component at <w c and all 
higher harmonics, the output will be 

v.« = A[1+m/(0] 

7T 



which is a dc term plus the modulating information. 

Two additional points will be made to further describe the operation of the 
envelope detector. First, consider the case where 

fit) = sin a > m t 



Then Eq. (12.24) can be written as 



Vrit) = A 



siruo c t m . , cos(ft) c — co m )t — cos (ft» c + co m )t 

— 1 sin o> m t + tv +7 r 



-j-higher-frequency terms 



(12.25) 



The output will contain a term at the frequency co c — co m , which must also be 
removed by the low-pass filter. This is not possible if to m is close to co c . To ensure 
that this distortion does not occur, the maximum modulating frequency should be 
constrained so that 



LL>c 

i^m ) max < ~ 

and the corresponding low-pass filter bandwidth B must be selected so that 

V r (t) >0 if S(t) > 0 

This is only possible if m is not greater than 1 (the maximum modulation is 100 per- 
cent) and the carrier term is present. Average envelope detection will only work for 
normal AM with a modulation index less than 1. However, if a large carrier compo- 
nent A cos a> c t is added to the SSB signal, the resultant signal can also be detected 
with an envelope detector (see Prob. 12.10). 

A simple diode envelope detector circuit is shown in Fig. 12.32. It is assumed 
here that the input gignal amplitude is large enough that the diode can be considered 
either on or off, depending upon the input signal polarity. The diode can then be 
replaced by an open circuit when it is reverse-biased and by a constant resistance 




FIGURE 12.32 

A diode envelope detector. 
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FIGURE 12.33 

Envelope detector input (dashed line) and output waveforms. 



when it is forward-biased. The series capacitor C c is included to remove the dc 
component [Eq. (12.24)]. The purpose of the load capacitor C in the circuit is to 
eliminate the high-frequency component from the output and to increase the aver- 
age value of the output voltage. The effect of the load capacitor can be seen from 
Fig. 12.33. which illustrates the input and output signal waveforms of a diode detec- 
tor. As the input signal is applied, the capacitor charges up until the input waveform 
begins to decrease. At this time the diode becomes open-circuited, and the capaci- 
tor discharges through the load resistance R L as 

V L = V p e~ t/{RL ° 

where V p is the peak value of the input signal, and the diode opens at time t = 0. 
The larger the value of capacitance used, the smaller will be the output ripple 
(which means the smaller will be the undesired high-frequency components and the 
larger will be the dc value of the output voltage). However, C cannot be too large, 
or it will not be able to follow changes in the modulated signal. The time constant is 
often selected as 

RC = [(® m <u c )- | ] 1/2 

If the highest modulation frequency approaches the carrier frequency, these two 
constraints become incompatible and some other form of detection, such as a syn- 
chronous detector, must be used. 



Synchronous Detection 

Envelope detectors will not detect some AM signals such as DSB. If it is possible 
to obtain a signal synchronized in frequency and phase with the original carrier, 
then it is possible to readily detect DSB signals. Some communications systems 
transmit a small pilot carrier signal synchronized with the original carrier signal. 
FM stereo uses this technique. If a local oscillator signal synchronized with the car- 
rier signal is available, then demodulation can be accomplished, as shown in 
Fig. 12.34. Consider, for example, the DSB signal given by Eq. (12.22). If the local 
oscillator signal is 



V L = V sin (o c t 



12.3 Amplitude and Phase Modulation and Demodulation 



515 




FIGURE 12.34 

Synchronous amplitude demodulator. 



then the output signal is 
Vo = V L S(t) 

Am 

= —jj— V[2 cos a) m t — cos (2a) c + w m )t — cos (2 co c — a> m )t] 

If this signal is low-pass-filtered ( o) m < B < m c ), the output is 

AVm 

V 0 - -y-COS (D m t 

which is proportional to the original modulating signal. The same form of synchro- 
nous detection can be used to detect normal AM and also SSB signals. Therefore, if 
a signal phase-synchronized with the carrier is available, any of the previously 
described mixer circuits together with a low-pass filter can be used as a detector. If 
the local oscillator signal is a square wave, the same results apply. As previously 
shown, the square wave will result in additional high-frequency mixing products, 
but these can all be removed by the low-pass filter. The mixer requirements for 
detection are far less stringent than those of the receiver input mixer. For detection 
the signal level is larger, and mixer noise is less of a problem. Also the mixer- 
detector usually follows a narrowband filter, and intermodulation distortion is not a 
significant problem. Phase-locked loops can also be used for AM detection and pilot 
carrier recovery. These applications are discussed in Chap. 8. 



Angle Modulation 

Amplitude modulation alters the amplitude of a sine wave carrier. Information can 
also be transmitted by modulating the phase and frequency. Such modulation is, of 
course, often used.' Angle modulation has the disadvantage, compared with ampli- 
tude modulation, of occupying a wider bandwidth, but it can provide better dis- 
crimirtation against noise and other interfering signals. 

An angle-modulated waveform can be written as 

S(t ) = A(/) cos 1 co c t + 0(f)] (12.26) 

where o) c is the carrier frequency and A(f) is the amplitude modulation. Ideally, A(t) 
will be constant, with the phase 0(t) representing the angle modulation. Angle 
modulation can be further subdivided into phase and frequency modulation, de- 
pending on whether it is the phase or the derivative of phase (frequency) that is 
modulated. Frequency modulation and phase modulation are not distinct, since 
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FIGURE 12.35 
A phase-locked-loop frequency 
demodulator. 



changing the frequency will result in a change in phase and modulating the phase 
also modulates the frequency. 



Angle Modulators 



Frequency modulation can be achieved directly by modulating a VCO (direct FM) 
or indirectly by phase-modulating the RF waveform by the integrated audio input 
signal (indirect fM). Another method of FM is to use a phase-locked loop, as shown 
in Fig. 12.35. The output in response to the modulating signal V M (assuming a lin- 
ear model for the loop) is 



0 o (s) = 



(K 0 /s)V m (s) 

\ + K 0 K d F(s)/(sN) 



(12.27) 



where K d is the phase-detector gain constant and K a is the VCO sensitivity (hertz 
per volt). In the steady state, the output phase will be proportional to the modulating 
voltage, so the phase-locked loop can serve either as a phase modulator or, if V M is 
the integral of the modulating signal of interest, as a frequency modulator. The 
phase-locked loop bandwidth (described in Chap. 9) needs to be wider than the 
bandwidth of the modulating signal in order for the loop not to distort the signal. 



FM Demodulators 

The same type of Circuitry is used for detecting both types of angle modulation, and 
we wifi fefer to either process as FM detection. In this section a few of the many dif- 
ferent methods that have been used for the detection of frequency-modulated waves 
are evaluated. FM detector circuits are often referred to as frequency discriminators. 

The ideal FM detector produces an output voltage that changes linearly with 
changes in the input frequency, as illustrated in Fig. 12.36. The output voltage will 
usually be zero at the carrier frequency. Any deviation from the linear characteristic 
distorts the detected waveform. Amplitude modulation caused by noise, signal fad- 
ing, etc., can also cause the recovered signal to be distorted. Limiting circuitry is 
usually included in an FM detector to reduce the amount of amplitude modulation. 
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FIGURE 12.36 

Ideal characteristics of a frequency-to-voltage converter. 



FIGURE 12.37 

Transfer characteristics of an ideal limiter. 



- v 



yt 



The transfer characteristic of an ideal limiter is illustrated in Fig. 12.37. The 
limiter output is restricted to the values that depend only on the sign of the input 
waveform. A single-stage differential-pair limiter is shown in Fig. 12.38. This 
circuit gives a close approximation to the ideal linutgr characteristic. The transfer 
characteristic is symmetric (about V, = 0) , so there are no even harmonics (or 
direct current) in the output waveform. The input signal must be large enough to 
drive the differential amplifier into saturation. If the input signal is too small, 
several differential-pair stages can be cascaded in order for the output to be sat- 
urated. Integrated-circuit limiters frequently contain three cascaded differential sec- 
tions. 

EXAMPLE 12.3. A differential pair has a voltage gain of 60 dB into a 2-kQ load and a 
... . • .. „ "7C ;n«nt tkp <sta<m into, sat- 
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FIGURE 12.38 

A differential-pair limiter. 



The derivative of an angle-modulated signal is an amplitude-modulated FM wave- 
form; all the modulating information is contained in the amplitude of the differenti- 
ated waveform. Normally co c dO/dt. If so, the amplitude modulation can be 
removed with an envelope detector. Of course, any amplitude modulation on the 
original signal must first be removed by limiting. 

The output of the envelope detector will be proportional to (o c + ddjdt, which 
is co c + KV m (t) for a frequency-modulated waveform. If the output is then high- 
pass-filtered to remove the constant term co c , the remainder will be proportional to 
the modulating signal. This approach does have the disadvantage that any dc com- 
ponent in the modulating signal is lost. 

There are many circuits for realizing the differentiator, but the single-tuned cir- 
cuit is used most often. The frequency response of an ideal differentiator H(jco) = 
jcoK has a +90° phase shift, and the magnitude increases with increasing fre- 
quency at 6 dB per octave. The frequency response of a simple tuned circuit will 
approximate this response at frequencies- sufficiently below the circuit’s resonant 
frequency. 

The frequency response magnitude of the parallel tuned circuit is obtained from 
Eq. (4.7) and Table 4.1: 

' *' _ R 

\M j te)\ ^ + Q2^ &> J (0o _ (o 0 f(ti)1\V 2 

Values for Q and a> 0 of the parallel tuned circuit are given in Table 4. 1 . 

The magnitude of the frequency response of this circuit is plotted in Fig. 12.39. 
The carrier frequency must be sufficiently below the resonant frequency of the cir- 
cuit that the magnitude response is approximately linear. If the carrier frequency is 
too far below the resonant frequency, there will be too much attenuation, with a cor- 
responding degradation of the signal-to-noise ratio. 
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FIGURE 12.39 

Tuned-circuit gain as a function of frequency. 



At the frequency w c + Aw, 
\A(jw)\ = 



R 



{1 + <2 2 [(oj c + Aw) /(Do - w„/(w c + Aw)] 2 } 1 / 2 
Rco 0 ( Aw 4- w c ) 



Q\wl - (w c + Aw) 2 ] 
provided w c is close enough to w 0 that 



Q 



~ W C 
_ (Oo 



+ Aw — w 2 



(w c -|- Aw) 



£ » 1 



Also, if 



then 



|AO'w)t 



w c +• Aw w 0 
R(w c + Aw) 



Qw 0 " 



The output consists of a constant term corresponding to w c plus a component 
proportional to the frequency deviation Aw. Balanced discriminators are often used 
to eliminate the constant term. A simplified balanced discriminator is illustrated in 
Fig. 12.40. The upper resonant circuit is tuned to the frequency w 0 — w c , and the 
output is proportional to w c + Aw. The lower resonant circuit is tuned to w Q + w c , 
and the output is proportional to w c — Aw. The differential output is then 

V 0 = K[w c + Aw — (w c — Aw)] = 2KAw 
which is proportional to the frequency deviation from the carrier frequency. 




FIGURE 12.40 

A balanced frequency discriminator. 
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Pulse Discriminators 

A different approach to FM discrimination, one becoming increasingly popular as 
advances in digital integrated circuits continue, is shown in Fig. 12.41. The zero- 
crossing detector outputs a pulse on every other zero crossing of the input signal 
corresponding to a zero crossing for every full cycle of the input waveform. The 
period discriminator then determines the period between alternate zero crossings 
and converts the period information to an analog voltage with the period-to-voltage 
converter. 

Figure 12.42 shows one method of implementing this frequency discriminator. 
The voltage comparator functions as an amplitude limiter. Whenever the input sig- 
nal goes positive, the contents of the counter are strobed into the D/A converter and 
the counter is reset. The counter increments at a constant rate equal to the clock fre- 
quency. Therefore, the contents of the counter are proportional to the time lapse 
since the last positive-going zero crossing. A D/A converter connected to the 
counter output provides an analog signal proportional to the period or frequency. 
The circuit can also be implemented as shown in Fig. 12.43. For each trigger signal, 
the multivibrator outputs a positive pulse of constant duration. For this circuit 
the monostable multivibrator outputs a positive pulse of constant duration and a 
square wave when the input is triggered at a rate equal to the carrier frequency. 
Since the average value of square wave is zero, the output voltage will also be zero. 




FIGURE 12.41 

A pulse frequency discriminator. 




FIGURE 12.42 

Block diagram implementation of a pulse frequency discriminator. 




FIGURE 12.43 

Another pulse frequency discriminator. 
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FIGURE 12.44 

Pulse frequency discriminator waveforms. 



K( 0 
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If the input frequency increases, the multivibrator output will be as shown in 
Fig. 12.44. Since the pulse length is constant, the multivibrator output is no longer 
symmetric, and the average output voltage will be positive and proportional to the 
increase in frequency. If the input frequency decreases below the carrier frequency, 
the output voltage will become negative. 

The pulse duration discriminator is very insensitive to amplitude modulation. 
Compared with ratio discriminators, it is primarily limited by the speed of the digi- 
tal circuitry and the increased complexity of its hardware. Another popular FM dis- 
criminator, the phase-locked-loop frequency discriminator, is described in Chap. 8. 



m i2.4 

DIGITAL MODULATION 

Today more and more, information is being transmitted in digital form. This is true 
from tow-frequency voice transmission to an all-digital television system to satel- 
lite communications at microwave frequencies. The many reasons for the increased 
use of digital modulation include the advances in modem technology, which made 
available small, compact, and inexpensive digital circuits; the ability to transmit at 
low signal-to-noise interference ratios; and the ease of time-multiplexing the data. 
Also, digital signals allow for the use of very efficient power amplifiers. Digital 
modulation can refer to the modulation of an analog signal by a digital waveform or 
the digital modulation of an analog signal. An analog signal is one that takes on a 
continuum of values, such as 0 to 10 V, and it can be either amplitude- or angle- 
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modulated. A digital waveform assumes only the values corresponding to logical Os 
and \ s. An analog signal can be modulated with digital data by varying either the 
amplitude (such as CW modulation), frequency (as in frequency-shift keying), or 
phase (as in phase-shift keying). Digital data can also be transmitted directly using 
various encoding methods, such as BCD, and data formats, such as nonreturn to 
zero (NRZ) or return to zero (RZ). 

Figure 1 2.45 illustrates the components required to convert an analog-modulated 
signal V m (t ) to a digitally encoded waveform. The signal is first sampled (see 
Chap. 8 for an analysis of the sampling process), providing a pulse-amplitude- 
modulated (PAM) signal, which can be transmitted directly but which is usually 
converted to a pulse-code-modulated (PCM) signal in the A/D converter. The 
Nyquist sampling criterion states that the sampling frequency f s must be greater 
than twice the bandwidth B of the input signal in order to preserve all information. 
That is, f s > 2 B. If the sampling rate is less than twice the bandwidth, the fre- 
quency spectrum centered about the sampling frequency overlaps the original spec- 
trum and cannot be separated from the original spectrum by filtering. (This is 
known as foldover distortion, or aliasing .) 

Thus, a PAM system must include a band-limiting filter before the sampler to 
ensure that foldover distortion does not occur. The Nyquist sampling rate may need 
to be significantly exceeded if precise resolution of the signal is required in a short 
time. The Nyquist criterion states the minimum sampling rate required, but a large 
number of samples are required before the signal can be accurately reconstructed. 
Consider the problem of measuring the period T of a sine wave (as illustrated in 
Fig. 12.46) from its PAM values. The signal period could be estimated by counting 
the number of samples between successive zero crossings or between zero 




FIGURE 12.45 

Digital encoding of a signal. 




FIGURE 12.46 

A uniformly sampled sine wave. 



/= {(N+ i)r]-‘ /=(Nrr 






12.4 Digital Modulation 



523 



crossings of the same sign (corresponding to a full input cycle). If there are N sam- 
ples between zero crossings of the same sign, the estimated period of the signal is 
T = NT S , where T s is the sampling period. The maximum error in the estimation of 
the period is one sample period. That is, 

NT S <T <(N + l)T s 



The uncertainty in the frequency estimate is 

A/ = { NT S )-' - [(N + 1)7;]"' = [N(N + 1)7,]“' *s (N 2 T,y' 



Therefore, for small errors 



or 





N 2 T- 1 




(12.29) 



This equation provides a good estimate of the sampling frequency necessary to esti- 
mate the frequency of a sinusoidal waveform with an accuracy ± A /. 

example 12.4. Determine the sampling rate required to estimate the frequency of a 
sine wave with a maximum error of 1 Hz. The maximum frequency of the unknown sig- 
nal is 1 kHz. 



Solution. If the estimate is to be made from one cycle of data, Eq. (12.29) can be used. 
The required sampling frequency is 



(10 3 ) 2 



1 MHz 



The sampling rate requirements can be reduced if more samples (at the same 
rate) are used to estimate the period. For example, if P full cycles of the sampled 
signal are used, the sampling uncertainty is still one sample period, so the required 
sampling frequency is 

a - ,C (i23 °> 

The PAM signal is usually converted to a PCM signal before transmission, 
using an analog-to-digital converter. In uniformly encoded PCM, all signals falling 
within a prescribed amplitude interval are represented by a single discrete value. 
The'process is illustrated in Fig. 12.47, where eight equal-size quantization levels 
and a binary representation of each level are presented. If the signal level lies any- 
where within the lowest level (and lowest 12.5 percent), it is assigned the binary 
code 000. If the signal lies in the highest level (the highest 12.5 percent), it is 
assigned the binary code 111. Signal amplitudes must be confined to the maximum 
range of the encoder, or else overload distortion will occur. The quantization 
process introduces quantization noise; the more quantization levels, the smaller will 
be the quantization noise. It was mentioned in Chap. 10 that for sampled data the 
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FIGURE 12.47 

Amplitude levels of a PCM signal. 



signal-to-noise ratio after uniform quantization of a noiseless signal is approxi- 
mately 

- = +6n dB (12.31) 

N 



where n + 1 is the number of bits in the digital word (including the sign bit). The 
uniform quantization process results in each level having the same amount of noise. 
Therefore, the small signals have a small signal-to-noise ratio, and the large signals 
have a large signal-to-noise ratio. In many applications such as voice transmission, 
the large signals are the least likely to occur; uniform PCM is not efficient for such 
applications. A more efficient encoding procedure results if smaller quantization 
levels are used for small signals and large quantization levels for large signals. The 
process is known as companding; it is possible to achieve the result with a linear 
A/D converter preceded by a nonlinear amplifier whose gain decreases with in- 
creasing signal level. Various nonlinear characteristics can be used to implement the 
amplifier ( compandor ). A widely used characteristic is the u law, defined as 



F u (x) = sgn(x) 



ln(l +h|x|) 
ln(l + m) 



(12.32) 



where x is the input -signal amplitude (—1 < x < 1), sgn(x) is the polarity of x, 
and 'a is a parameter used to define the amount of compression. 6 The gain com- 
pression functions are now included directly in the design of A/D converters 
(encoders), and the modulation is frequently referred to as log- PCM. 

Many signals, such as voice signals, contain a large amount of sample-to- 
sample redundancy, which permits a reduction in the digital bit rate (and thus the 
bandwidth). If the sampling rate is fast enough, the next sample value is probably 
going to be close to the previous sample in amplitude. Differential pulse code mod- 
ulation (DPCM) encodes the difference between samples. As in PCM, the analog- 
to-digital conversion process can be conventional or companded. DPCM is ideally 
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FIGURE 12.48 

A differential pulse code modulator. 



suited for digital implementation and large-scale integration. Figure 12.48 contains 
a block diagram representation of one system for DPCM implementation. The error 
signal is digitized, and the estimate of the input signal is constructed by accumulat- 
ing the error signal. This estimate is then reconverted to analog form to obtain the 
next error estimate. There are many implementations of this technique, including 
many which do not reconstruct the analog signal but rather generate the error esti- 
mate in the digital domain. DPCM provides approximately a 1-bit reduction in word 
length for the digital modulation of speech signals. 

Delta modulation (DM) is another method of digital modulation of analog sig- 
nals. DM is a special case of DPCM. It uses only 1 bit per sample to represent the 
difference signal. The signal bit specifies whether the signal has increased or 
decreased since the last sample. Delta modulation requires an appreciably higher 
sampling rate than PCM or DPCM, but the hardware required is simpler. Fig- 
ure 12.49 illustrates a delta modulator consisting of a clock, comparator, pulse gen- 
erator, and integrator (to reconstruct an estimate of tfie input signal). The compara- 
tor output consists of digital bits, and the pulse generator output consists of two 
equal-amplitude pulses of opposite polarity. The polarity depends on the output bit. 



Digital Modulation and Demodulation of Analog Data 

The digitized data, often referred to as the baseband data, can be easily modulated 
onto a radio-frequency carrier since the baseband has only two amplitude levels. 
The circuit components previously discussed are directly applicable to this prob- 
lem. The following are the most frequently used techniques. 



Amplitude Modulation 

For digital or continuous-wave modulation, the oscillator can be directly keyed on 
an “off,” but this can create frequency distortion referred to as chirps. A better 
method is to operate the oscillator continuously and then switch the output on and 
off with a buffer amplifier (switch). On/off keying is a special case of amplitude or 
frequency modulation. It is the most economical method of digital communications, 
particularly if envelope detection is used, but it gives the poorest error performance. 
Some form of angle modulation gives better performance. 
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FIGURE 12.49 
A delta modulator. 



Another type of amplitude modulation used for transmission of binary data is 
quadrature AM (QAM), which uses two carriers in quadrature (offset by 90°). If a 
carrier is amplitude-modulated by a signal that assumes only the values ±1, then 
the modulated signal is 



S(t) = A 



1 ± m 
2 



sin (o a t 



The envelope will have an amplitude of 1 4- m/2 or 1 — m/2. The digital data con- 
tribute a portion that is either in phase or 180° out of phase with respect to the car- 
rier. QAM uses two carriers 90° out of phase; both are modulated by digital data, 
and then the modulated signals are summed. The relative phase of the signal portion 
is then 45, 135, 225, and 315°. QAM is able to transmit twice as much data as quad- 
rature AM modulation. 



Frequency Modulation 

Frequency- shift keying (FSK) is a special case of frequency modulation that can be 
achieved by pulling a VCO plus or minus a standard frequency deviation Am. FSK 
is often used for low-cost, low-data-rate communication over analog telephone net- 
works. The channel capacity can be increased by using multiple frequencies. An 
FSK system having four frequencies is denoted as (FSK) 4 . FSK detection is readi- 
ly achieved with phase-locked loops, as described in Chap. 8. 



Phase- Modulation 

It can be shown that for two-level line coding the maximum use of transmitted power 
is achieved when one signal is the negative of the other. Phase-shift keying (PSK) 
has become the most popular digital modulation method for high-performance 
applications. A relatively simple method of PSK modulation is to generate the car- 
rier signals 1 80° apart in phase and then select between the two signals, depending 
on the data values. The data rate can be increased by transmitting multiple-phase sig- 
nals. (PSK) 8 , for example, will assume one of eight values spaced 45° apart. 
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FIGURE 12.50 

Block diagram of a QPSK 
modulator. 



Quadrature-phase- shift keying [QPSK or (PSK) 4 ] uses four phase values 
spaced 90° apart. QPSK is achieved by using two binary phase-shift-keyed (BPSK) 
modulators with the two carriers 90° apart in phase, as shown in Fig. 12.50. The two 
BPSK signals are then summed. The phase splitting can be achieved with a PLL, as 
described in Chap. 8. It can be shown that an ideal QPSK modem can transmit 
2 bits/s per unit bandwidth. To transmit 50 x 10 6 bits/s, for example, will require a 
transmission bandwidth of 25 MHz if QPSK is used. Coherent demodulation is 
normally used for QPSK demodulation by recovering the carrier as described in 
Chap. 8. Many other phase modulation methods are possible, 7 such as staggered 
QPSK (SQPSK) and minimal shift keying (MSK), and can be realized with the 
basic circuitry described in this test. 

m 12.5 

INTEGRATED-CIRCUIT TECHNIQUES 8 

Most integrated-circuit modulators and demodulators use some form of a variable 
transconductance multiplier that relies on the dependence of the transistor’s 
transconductance upon its bias current. The technique is illustrated by the differen- 
tial amplifier in Fig. 12.51 . It was shown in Chap. 2 that for small values of differ- 
ential input voltage, the differential output voltage is 

and the transconductance is 



Therefore, the output 



is proportional to the product of the two input signals. 

One difficulty with this circuit is that since the total current I E varies directly 
as a function of V 2 , a large common-mode voltage swing will occur in the circuit. 
This common-mode swing is eliminated by the circuit shown in Fig. 12.52, which 



Vo ~ gm RlV\ 



gm — 



v 2 



VV RfA/j 



Vo 



RlViVi 



(12.33) 
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consists of two differential stages in parallel. This circuit will now be analyzed with 
the assumptions that the transistors are well matched and have a large current gain 
(# ;$> 1). Under these conditions. 



h + h — h 
h 4 - h = h 
h + h = h 

If the differential input voltage is small, 



I 2 8m\V{ 



and h — h = g m y i 

where g mi is the transconductance of the transistor pair Q\ and Q 2 and g m3 is the 
transconductance of transistor pair Q 3 and Q 4 . Also, 

h 



and 

The output voltage is 




Vo = R L (h -h + h~ h) 

— R-L^gm\ gmi ) V\ 

-2±<k-U> 



Also 



V 2 = V be5 + I 5 R e - I 6 R e - V, 



be ( > 



= V r In f + R £ (I S - l 6 ) « R e (I 5 - h) 
*6 

provided R £ is sufficiently large. Under these conditions 

v °=Tk v ' v ‘ 2 



( 12 . 34 ) 



This circuit operates as a multiplier, provided the input voltages are sufficiently 
small. If the voltages are comparable to, or larger than, the thermal voltage V T , the 
transistor pairs function as synchronous switches, and the circuit functions as a bal- 
anced modulator. Improved circuits, which provide four-quadrant multiplication, 
have been developed, but the balanced modulator circuit suffices for most communi- 
cations applications. In integrated-circuit terminology, a balanced modulator is a 
multiplier circuit in which the output is a linear function of only one of the inputs. 
This input is known as the modulating input, and the other input is referred to as the 
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carrier input. When differential inputs are used (such as shown in Fig. 12.52), the 
carrier signal appearing at the output is greatly suppressed, and the circuit is referred 
to as a balanced modulator. 



■ 12.6 

PROBLEMS 



12.1 Design a passive double-balanced mixer (including the specification of the transformer 
turns ratio) that will provide maximum power transfer between a 300- ft source resis- 
tance and a 50- ft load resistance. 

12.2 If a passive double-balanced mixer is used to realize the mixing product nw L — <u,, 
what is the conversion loss? 



12.3 In the circuit illustrated in Fig. PI 2.3, the local oscillator signal is fed to the primary of 
the center-tapped transformer. Derive an expression for the output voltage as a function 
of the input voltage, assuming the diodes and transformer are ideal. 






FIGURE P12.3 
A two-diode mixer circuit. 



12.4 In synchronous detection of the DSB signal given by Eq. (12.22), what happens if the 
local oscillator signal is of the form 

Vl =* V cos Q) c t 

What does this imply in terms of phase synchronization for the receiver? 

12.5 Show that synchronous detection can be used for SSB signal detection. What must be 
^the phase relation between the carrier and local oscillator signal? 



12.6 Determine the sampling rate required to measure the period of a sine wave using the 
successive zero crossings to estimate the half-cycle period of the signal. The maximum 
signal frequency is 1000 Hz, and the maximum tolerable error is 1 Hz. What is the 
required rate if five consecutive zero crossings are used to estimate the period? 

12.7 Verify Eq. (12.30). 

12.8 Calculate the conversion loss of the simple double-balanced mixer shown in 
Fig. 12.10. The diode on resistance is much less than the load resistance Ri. What 
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yalue of Ri is required for maximum power transfer if the circuit employs a 1:1 trans- 
former? 

12.9 If a 2: 1 voltage transformer is used on the input of the double-balanced mixer shown 
in Fig. PI 2.9, what is the optimum value of R L , in terms of R sy for maximum power 
transfer? 




FIGURE P12.9 

Double-balanced mixer circuit. 



12.10 Show that an amplitude-modulated wave consisting of one sideband plus a carrier 
component can be demodulated with envelope detection, provided the carrier ampli- 
tude is sufficiently large. 

12.11 Calculate the conversion loss of the single-balanced mixer shown in Fig. 12.3 for the 
condition R L = 2 R s and for the case R s =2 R L . 

12.12 Determine the output voltage of the circuit shown in Fig. PI 2. 12. Compare the per- 
formance of this circuit with that of the circuit illustrated in Fig. 12.10. 





FIGURE P12.12 

Mixer with balanced load. 

12.13 Verify that the differential output of the balanced discriminator illustrated in Fig. 1 2.40 
is 2KAa>, provided one tuned circuit is tuned to w c + Aw and the other is tuned to 
oj c — Aw. 
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12.14 Design a demodulator for QAM signals using phase-locked-loop techniques. Describe 
the system in block diagram form. 

12.15 Design a (FSK) 4 demodulator using PLL techniques. Include circuitry to indicate 
which signal is present at the input. 

12.16 A system is to measure the period of a sine wave. Describe how the sampling rate can 
be reduced if single-point data interpolation midway between the sampling points is 
used. 

12.17 Describe a block diagram for QPSK detection. 

12.18 Calculate the common-mode voltage swing of the double-balanced modulator shown 
in Fig. 12.52 as a function of the input signal V 2 . 

*12.19 Design a class A power amplifier using MRF 177 transistors to deliver 20 W to a 50 
ohm load. Calculate the maximum transistor dissipation, peak output voltage and 
peak output current of each transistor and compare with the values obtained from the 
simulation. Determine the bandwidth of the amplifier. 
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Motorola NPN Transistor P2N2222A 



Amplifier Transistors 

NPN Silicon 

COLLECTOR 

1 

3 

EMITTER 

MAXIMUM RATINGS 



THERMAL CHARACTERISTICS 




OFF CHARACTERISTICS 



Collector- Emitter Breakdown Voltage 
(1C = 10 mAdc, Iq = 0) 


V(BR)CEO 


40 


— 


Vdc 


Collector- Base Breakdown Voltage 
(1C * 10 |iAdc, If 5 = 0} _.t 


V(BR)CBO 


75 


— 


Vdc 


Emitter- Base Breakdown Voltage 
(lg« to pAde, l C *0) 


V(BR)EBO 


6.0 


— 


Vdc 


Collector Cutoff Cunent 
(V CE = 60 Vdc, V EB ( 0 ff) = 3.0 Vdc) 


'CEX 


— 


10 


nAdc 


Collector Cutoff Current 
(V C B = 60 Vdc. Ie = 0) 

(V C B = 60 Vdc, t E = 0, T A = 150°C) 


'CBQ 





0.01 

to 


liAdc 


Emitter Cutoff Current 
(V E B = 3.0Vdc,lc = 0) 


'EBO 


— 


10 


nAdc 


Collector Cutoff Current 
tV C E = 10V) 


'CEO 


— 


10 


nAdc 


Base Cutoff Current 
(Vce “ 60 Vdc, VEB(off) = 30 vdc ) 


'BEX 




20 


nAdc 



Rating 


Symbol 


Value 


Unit 


Collector- Emitter Voltage 


VCEO 


40 


Vdc 


Collector- Base Voltage 


VcBO 


75 


Vdc 


Emitter-Base Voltage 


VebO 


6.0 


Vdc 


Collector Current — Continuous 


'c 


600 


mAdc 


Total Oevtce Dissipation ® T A = 25°C 


Pd 


625 


mW 


Derate above 25°C 




5.0 


mW/°C 


Total Device Dissipation ® Tq = 25°C 


Pd 


1.5 


Watts 


Derate above 25°C 




12 


mW/°C 


Operating and Storage Junction 


Tj.Tstg 


-55to+150 


•c 


Temperature Range 







P2N2222A 
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P2N2222A 



ELECTRICAL CHARACTERISTICS (T A = 25°C unless otherwise noted) (Continued) 



1 


Characteristic 


| Symbol | 


mm 


[ Max 1 


[ Unit | 


ON CHARACTERISTICS 













DC Current Gain 


hfe 






— 


(1C = 0.1 mAdc, Vce = 10 Vdc) 




35 


— 




(Iq = 1.0 mAdc, Vce = 10 Vdc) 




50 


— 




(1C - 10 mAdc, Vce = 10 Vdc) 




75 


— 




(l C - 10 mAdc, Vce = 10 VdC, Ta “ -55°C) 




35 


— 




(I C - 150 mAdc, V C E - 10 Vdc)(T) 




100 


300 




(l C = 150 mAdc, V C E = 1 0 Vdc)0> 




50 


— 




(l c = 500 mAdc, V C E * 10 Vdc)<1) 




AO 


— 




Collector- Emitter Saturation Voltage! 1) 


VcE(sat) 






Vdc 


(l c = 150 mAdc, l a = 15 mAdc) 






0.3 




(Iq = 500 mAdc, l B = 50 mAdc) 






1.0 




Base -Emitter Saturation Voltage! 1 ) 


v BE(sat) 






Vdc 


(l c = 150 mAdc, l B - 15 mAdc) 




0.6 


1.2 




(I C = 500 mAdc, l B = 50 mAdc) 






2.0 





SMALL-SIGNAL CHARACTERISTICS 



Current-Gain — Bandwidth Product! 2 ) 

(lc = 20 mAdc, Vce = 20 Vdc, 1 = 1 00 MHz) 




300 


— 


MHz 


Output Capacitance 


^obo 


— 


8.0 


pF 


(Vqb *• 1° Vdc, l E = 0,f » 1.0 MHz) 










Input Capacitance 


C(tx) 


— 


25 


PF 


(Veb = 0.5 Vdc, lc - 0, 1 « 1 .0 MHz) 










Input Impedance 


hie 






kO 


(l C = 1 .0 mAdc, V C e = 10 Vdc, f - 1.0 kHz) 




2.0 


8.0 




(lc =10 mAdc, Vce = 1 0 Vdc, f= 1.0 kHz) 




0.25 


1.25 




Voltage Feedback Ratio 


h fa 






X10-4 


(lc = 1 .0 mAdc, Vce = 1 0 V(fc . 1 = 1-0 kHz) 






8.0 




(l c = 10 mAdc, V C e = 1 0 Vdc, f = 1 .0 kHz) 






4.0 




Small-Signal Currant Gain „ 


hfe 








(lc - 1.0 mAdc, Vce = 10 Vdc, f = 1.0 kH 2 ) 




50 


300 




(I C = 10 mAdc. V C E - 10 Vdc, f = 1 0 kHz) 




75 


375 




Output Admittance 


hoe 






pmhoe 


(Iq - 1.0 mAdc, Vce = 10 v dc, < = 1-0 kHz) 




5.0 


35 




(I C = -10 mAdc, V CE . 1 0 Vdc, f » 1 .0 kHz) 




25 


200 




Collector Base Time Constant 


rb'C c 


— 


150 


ps 


(l E = 20 mAdc, V CB = 20 Vdc, f = 31.8 MHz) 










Noise Figure 


n f 


— 




dB 


(l c = 100 pAric, V C e - 10 Vdc. Rs - 1-0 kll, f = 1.0 kHz) 











SWITCHING CHARACTERISTICS 



Delay Time 


(V C C = 30 Vdc, V B E(off) ” - 2.0 Vdc, 

IC “ 150 mAdc, l B i - 16 mAdc) (Figure 1) 


Id 


- 


10 


ns 


Rise Time 


V 


- 


25 


ns j 


Storage Time 


(Vce - 30 Vdc, l C = 150 mAdc, 
l B 1 = l B 2 - 15 mAdc) (Figure 2) 




- 


225 


ns 


Fall Time 


tf 


- 


60 


ns 



1 . Pulse Test Pulse Width * 3Ck> ns, Duty Cycle s 2.0%. 

2. fy Is defined as the frequency at which lhf a l extrapolates to unity. 













































































Vce, COUECTOR-EMITTiA VOLTAGE (VaTS) h FE , DC CURRENT GAIN 
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SWITCHING TIME EQUIVALENT TEST CIRCUITS 



P2N2222/ 




— *!!•— 1.0 to 100 n*, 

♦16 V / DUTY CYCLE - 2.0% 



Cs' < 10 pF 



-dr Scope rise time < 4 ns 

Total shunt capacitance of last Jig. 
connectors, and oscilloscope. 




Cg* < 10 pF 



Figure t. Tum-On Time 



Figure 2. Turn-Off Time 





n 1 I I I I 1 III I II Ml 1 1 1 F I I I l-H-l | I — l_l 1 llllli 1 1 I t I I 

0.005 0.01 0.02 0.03 0.05 0.1 0.2 0.3 0.5 1.0 2.0 3.0 5.0 10 20 30 50 

^ IB, BASE CURRENT (mA) 

Figure 4. Collector Saturation Region 
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5.0 7.0 10 20 30 50 70 100 200 300 500 



>c. COLLECTOR CURRENT (mA) 

Figure 5. TUrn-On Time 




0.01 0.02 0.0S 0.1 02 0.5 1.0 2.0 50 10 20 50 100 



f, FREQUENCY (kHz) 

Figure 7. Frequency Effects 




Figure 6. Turn-Off Time 




" Rs, SOURCE RESISTANCE (OHMS) 

Figure 8. Source Resistance Effects 




Rgure 9. Capacitances 



Figure 10. Current-Gain Bandwidth Product 




V, VOLTAGE (VOLTS) 
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o ni l Mum i i m i imi i i i m mn u 1 1 mm 
0.1 02 0.5 1.0 2.0 5.0 10 20 50 100 200 500 1.0 k 

l C , COLLECTOR CURRENT (mA) 




0.1 02 05 1.0 2.0 5.0 10 20 50 100 200 500 

l c , COLLECTOR CURRENT (mA) 



Figure 11 . “On" Voltages 



Figure 12. Temperature Coefficients 



U310 JFET Siliconix 



n-channel JFETs 

designed for . . . 



VHF Amplifiers 

Front End High Sensitivity 
Amplifiers 

Oscillators 

Mixers 



BENEFITS 

• Industry Standard 

• High Power Gain 

18 dB at 105 MHz, Common-Gate 
11 dB at 450 MHz, Common-Gate 
e Low Noise 

2.7 dB Noise Figure at 450 MHz 

• Wide Dynamic Range 

Greater than 100 dB 

• 75 il Input Match Common Gate 



ABSOLUTE MAXIMUM RATINGS <25°C) 



Gate-Orain or Gate-Source Voltage -25 V 

Gate Current 20 mA 

Total Power Dissipation at Ta * 25®C 500 mW 

Power Derating to 1 50° C 4.0 mW/°C 

Storage Temperature Range -85 to + 200*0 

Lead Temperature 

( 1H6" from case for 10 seconds/ 300*0 



TO-82 

Sop Sections 




V2SX vmvW o^vhtnVm tvmrtl 



Ow o M wik 



eaEatzae maaca c m eict 1 

MNIEEIHBHQB^ 




Vq8«-1SV, 

V QS*° 1 T a - 12*“C 



v GS(off) Gata-$ou«a Cutoff VoUag 



Saturation Drain Currant 



nA, Vqj -0 



VQg-IOV. l D - 1 r%A 



Vjjg- IOV.Vqs-0 



■ 10 mA. Vq^ * 0 



ConwnorvGan F o n war d 
TnmconOuctanca INpta 1) 



CommoMsata Output 



Vm-iov. 

l 0 -10mA 




IBKBOnHIII 



vea-iov 

Vos* 10 V 



«s 


Common-Gall F onward 
T'anacOnductOK* 


«o» 


Corn morv- Gar* Output 
Conductanea 


Oae 


Common-Gal* Power 
Gain (Nora 1) 


Nf 


Main Filjur* 



— 


■■■■■■■■ 




— 


BB USB Hi MBS IB 

rrMTTTjnnB 


mmho 




E!^^HHid]^B^B^£3Hi 




nnHnuHinHl 



t-iooH. 

Iq - tO mA 



Vqj- 10 V. 
4q - 10mA 



IESKQHESKSHIKSB]I 




NOTH; 

1 . Cult, mi dur.oon <1m 

2 Own IQp^J meeaured .1 optimum input non* r 






























Motorola MRF177 RF Power FET 



The RF MOSFET Line 

RF Power 

Field Effect Transistors 

N-Channel Enhancement Mode MOSFETs 

Designed for broadband commercial and military applications up to 400 MHz 
frequency range. Primarily used as drivers or output amplifiers in push-pull 
configurations. Can be used in manual gain control, ALC and modulation 
circuits. 



MRF177 

MRF177M 



Typical Performance af 400 MHz, 28 V: 

Output Power — 100 W 
Gain — 12 dB 
Efficiency — 60% 

Low Thermal Resistance 
Low Crss — lO.pF Typ ® Vqs = 28 Volts 
Ruggedness Tested at Rated Output Power 
Nitride Passivated Die for Enhanced Reliability 
Excellent Thermal Stability; Suited for Class A 
Operation 

Circuit board photomaster available upon request by 
contacting RF Tactical Marketing in Phoenix, AZ. 



CASE 744A-01 
[ 1 



100 W, 28 V, 400 MHz 
N-CHANNEL 
BROADBAND 
RF POWER MOSFET* 



6 >- 
5,8 > — 
7 >- 






T<2 



K f. 4 






K 3 



I I 

CASE 390 B— 01 
! 1 




MAXIMUM RATINGS 



I I 




CASE 744A-01 , STYLE 2 
MRF177 




CASE 3 BOB-OI, STYLE 1 
MRF177M 



Rating 


Symbol 


Value 


Unit 


Drain-Source Voltage 


VdSS 


65 


Vdc 


Drain-Gate Voltage (Rgs w 1.0 MO) 


VdGR 


65 


Vdc 


Gate-Source Voltage r ■ 


Vgs 


±40 


Vdc 


Drain Currant — Continuous , 


'd 


16 


Adc 


Total Da*lc& Dissipation a Tq = 25°C (1) 


Pd 


270 


Watts 


Derate above 2S°C 




1.54 


W/°C 


Storage Temperature Range 


T stg 


-65 to +150 




Operating Temperature Range 


Tj 


200 


* c 



THERMAL CHARACTERISTICS 



Characteristic 


Symbol 


Max 


Unit 


Thermal Resistance, Junction-to-Case 


FOJC 


0.65 


°c/w 



NOTE: 

1 . Total device dissipation rating applies only when the device is operated as an RF push-pull amplifier, 



NOTE — CAUTION — MOS devices are susceptible to damage from electrostatic charge. Reasonable precautions in handling and 
packaging MOS devices should be observed. 
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ELECTRICAL CHARACTERISTICS (Tc ® 25°C unless otherwise noted) 

| Characteristic (2) | Symbol | Min j Typ | Max | Unit ] 

OFF CHARACTERISTICS 




TYPICAL INPUT/OUTPUT DEVICE IMPEDANCES 
MRF177 



Series Equivalent Input Impedance 
(Vdd = 20 V, Ido = 200 mA, P out = 100 W, t * 400 MHz) 


Zjn 


— 


2.35 + (0.4 


— 


Ohms 


Series Equivalent Output Impedance 
(V DD = 2BV, Idq» 200 mA, P out = 1 00 W, f = 400 MHz) 


Zout 


— 


3.2- jl.38 


— 


Ohms 



MRF177M 



Series Equivalent Input Impedance 
(Vqd - 20 V, Idq - 200 mA, Pqui 100 W, f = 400 MHz) 


Zin 


— 


2.64 + J1.64 


— 


Ohms 


Series Equivalent Output Impedance 
(V D0 - 20 V, Idq - 200 mA. Pout - 100 W, f - 400 MHz) 


j- Zout 


— 


3.15 + |0.05 


— 


Ohms 



NOTES: 

1 . Note each transistor chip measured separately 

2. Both transistor chips operating In push-pull amplifier 

3. RF functional specification is the same for MRF177 & MRF177M 













































































C oss , CAPACITANCE (pF) . OUTPUT POWER (WATTS) , OUTPUT POWER (WATTS) 



544 



Appendix 3: Motorola MRF177 RF Power FET 



TYPICAL CHARACTERISTICS 




Pin, INPUT POWER (WATTS) 



Figure 1. Output Power versus Input Power 




VoD, SUPPLY VOLTAGE (VOLTS) 



Figure 3. Output Power versus Supply Voltage 




Pin, NPUT POWER (WATTS) 

Figure 2. Output Power versus Input Power 




Figure 4. Output Power versus Gste Voltage 




Figure 5. Capacitance versus Drain Voltage 



Figure 6. DC Safe Operating Area 
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Vod = 2BV 




MICROSTRIP DETAIL 
0.15" 

0.45' 




0.325' 0J25' 



0.325' 0.325' 




Cl, CM 


1-10 pF JOHANSON OR EQUfVALENT 


D1 


1 N5347B, 20 Vdc 


C2, C3, C5, C8, CIO, C11 


270 pFATC 100 MIL CHIP CAP 


LI 


1-TURN NO. 18.0.2ST, 2-HOLE FERRITE BEAD 


C4.C9 


1-20 pF 


L2 


8-1& TURNS NO. IB, CLOSE WOUND .375' CHA. 


C7 


36 pF CHIP CAP 


R1, R4.R5 


10 kO 9 1/2 W RESISTOR 


ce 


10 pF CHIP CAP 


R2 


10 kft 10 TURN RESISTOR 


C13, C14 


0.1 nFD 9 50 Vdc 


R3 


2.0 kQtflffiW RESISTOR 


CIS. CIS 


10 pFD 9 50 Vdc 


T1 


1-1/2 T, 50 Q COAX, .034' EM. ON DUAL 0.5" FERRITE CORE 


C16 


500 pF BUTTON 


T2 


2.0" 25 n COAX. .075" DIA. 


C17 


1000 pF UNCASED MICA 


T3 


2,1" 10 a COAX. .075' DIA. 






T4 


4.0" 500 COAX. .0885' DIA. 






BOARD 


.0625", Cu-Clad, Teflon R berg lass, e r = 2.55 



Figure 7. Teat Circuit Electrical Schematic — MRF177 
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VDo = 2eV 




MICROSTRIP DETAIL 



0225” 




0225 ” 



0.300” 

0.300" 



0225” 





0.225' 



0300” 



C1.C12 


1-10 pF JOHANSON OR EQUIVALENT 


D1 


1N53479. 20 Vdc MOTOROLA ZENER 


C2, C3.C6.C8, CIO, C11 


270 pFATC 100 MIL CHIP CAP 


LI 


1-TURN NO. 18, 025”, 2-HOLE FERRITE BEAD 


C4.C9 


1-20 pF 


L2 


8-1/2 TURNS NO. 18, CLOSE WOUND .375" OIA. 


07 


36 pF CHIP CAP 


R1, R4,R5 


10 kn« 1/2 W RESISTOR 


C8 


10 pF CHIP CAP 


R2 


10 kO, 10 TURN RESISTOR 


C13.C14 


0.1 pFD 9 50 Vdc 


F» 


20 U19 1/2 W RESISTOR 


C15.C18 


IOjiFD • 50 Vdc 


T1 


1-1/2 T, 50 Q COAX, .034' DIA. ON DUAL 0.S* FERRITE CORE 


C16 


500 pF BUTTON 


T2 


20" 25 £1 COAX, .075" DIA 


Cl 7 


1000 pF UNCASED MICA 


T3 


21" 10Q COAX, .075' DIA. 






T4 


4.0" 50 n COAX, .0865' DIA. 






BOARD 


.0625", £u-C led, Teflon Ffc&rglass, c r « 255 



Figure 8. Test Fixture Electrics) Schematic — MRF1 77M 
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VDD'KV 




0.35' 0.4" 



C1.C12 


1-10 pF JOHAN SON OR EQUIVALENT 


01 


1N5347B, 20 Vdc MOTOROLA ZENER 


02, 03, 05,08,010,011 


270pFATC 100 MIL CHIP CAP 


LI 


1-TURN NO. 18, 0.25", 2-HOLE FERRITE BEAD 


C4,C9 


1-20 pF 


L2 


8-1/2 TURNS NO. 18. CLOSE WOUND .375" OtA 


07 


43 pF CHIP CAP 


L3 


4-TURNS NO. 22. 1/8" DIA., 0,25' LONG 


08 


10 pF CHIP CAP 


Rt, R4, R5 


10 kne 1/2 W RESISTOR 


C13.C14 


0.1 pFD O 50 Vdc 


R2 


10 kfl, 10 TURN RESISTOR 


C15 


500 pF BUTTON 


H3 


2.0 1/2 W RESISTOR 


C16 


1000 pF UNCASED MICA 


T1 


1-1/2 T, 580 COAX. .034" DIA ON DUAL 05' FERRITE CORE 


C17 


10 pFD 9 50 Vdc 


T2 


2.0* 25 (1 COAX, .075" DIA. 






T3 


2.1' 10Q COAX, .075" DIA 






T4 


4.0" 50 O COAX, .0865" DIA 






BOARD 


.0625', Cu-ClBd, Men Ffcwgtew, e, > 2.55 



Figure 9. Broadband Amplifier Schematic — MRF177M 
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Comlinear CLC 430 Current 



Feedback Op-amp 

Comlinear CLC430 

General Purpose 100MHz Op Amp with Disable 



General Description 

The ComlinearCLC430 is a low-cost, wideband monolithic amplifier 
for general purpose applications. The CLC430 utilizes Comlinear's 
patented currentfeedback circuit topology to provide an op amp with 
a slew rate of 2000V/ps, 100MHz unity-gain bandwidth and 
fast output disable function. Like all current feedback op amps, 
the CLC430 allows the frequency response to be optimized (or 
adjusted) by the selection of the feedback resistor. For demanding 
video applications, the O.ldB bandwidth to 20MHz and differential 
gain/phase of 0.03%/0.05 o make the CLC430 the preferred 
component for broadcast quality NTSC and PAL video systems. 

The large voltage swing (28V P p), continuous output current (85mA) 
and slew rate (2000V/ps) provide high-fidelity signal conditioning for 
applications such as CCDs, transmission lines and low impedance 
circuits. Even driving loads of 100n, the CLC430 provides very low 
2nd and 3rd harmonic distortion at 1 MHz (-76/-82dBc). 

Video distribution, multimedia and general purpose applications will 
benefit from the CLC430’s wide bandwidth and disable feature. 
Power is reduced and the output becomes a high impedance when 
disabled. The wide gain range of the CLC430 makes this general 
purpose op amp an improved solution for circuits such as active 
filters, differential-to-single-ended drivers, DAC transimpedance 
amplifiers and MOSFET drivers. 



Features 

■ O.ldB gain flatness to 20MHz (A v =+2) 

■ 100MHz bandwidth (Ay=+1) 

■ 2000V/ps slew rate 

■ 0.03%/0.05° differential gain/phase 

■ ±5V, ±1 SV or single supplies 

■ 100ns disable to high-impedance output 

■ Wide gain range 

■ Low cost 

Applications 

■ Video distribution 

■ CCD clock driver 

■ Multimedia systems 

■ DAC output buffers 

■ Imaging systems 



Unity-Gain Fraquancy Raaponsa 




Typical Application 

CCD Clock Driver 




CCOCkH* Dilw 
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■D24i£l&21E23I^^HI 



FREQUENCY DOMAIN RESPONSE 

unity-gain bandwidth < 1 

small-signal bandwidth V ow < 1 

v^< 1 

0.1 dB bandwidth V ow < 1 



large-signal bandwidth 
gain flatness 
peaking 
rolloff 

linear phase deviation 
differential gain 

differential phase 



TIME DOMAIN RESPONSE 

rise and fall time 

settling time to 0.05% 

overshoot 

slew rate 



v«<i.ov w 

V M < 1.0V* 

V M < 1.0V* 

V„< 1.0V* 

V„u< 1.0 V* 

V oul = 10 V* 
Vou,<1.0V pp 
DC to 10MHz 
DC to 20MHz 
DC to 20MHz 
4.43MHz, R l =150il 
4.43MHz, R,=150ii 
4.43MHz, R t =150fi 
4 43MHz, Rt=150n 



2V step 
10V step 
2V step 
2V step 
20V step 



DISTORTION AND NOISE RESPONSE 



2 nd harmonic distortion 1V*,1Wtz, R,=500 

3 rt harmonic distortion IV*, 1MHz, R L =500 

input voltage noise >1 MHz 

non-inverting input current noise >1 MHz 
Inverting input asrent noise >1Wfz 



DC PERFORMANCE 

input offset voltage 
average drift 

input bias current non-inverting 

average drift 

input bias current inverting 

average drift 

power-supply rejection ratio DC 

corn own- mode rejection ratio DC 

supply current R L = » 

disabled Rl= " 



SWITCHING PERFORMANCE 

turn on time 

turn off time ( 

off isolation 

high input voltage > 

low input voltage ' 



MISCELLANEOUS PERFORMANCE 

Non-inverting input resistance 
Non-inverting input capacitance 
input voltage range common mode 

common mode 

output voltage range ' Rl= “ 

Rl= » 

output current 



Min/m*rafirigs era based on product characterization and simutallon. Individual parameters are tested as noted. Outgoing quality levels are 
deUhnlned from tested parameters. 



Absolute- Maximum Ratings 



supply voltage 
short circuit current 
common-mode input voltage 
maximum junction temperature 
storage temperature 
lead temperature {soldering 1 0 sec) 



±16. 5V 
{notel) 
±V« 
+200-C 
-65°Cto+150"C 
+300*0 



Notes 



A) J -level: specie 1 00% tested at +25°C, sample tested at +85*0. 
L-level: spec is 1 00% wafer probed at 25°C. 

B) J-tevel: spec is sample tested at 25*C. 

1) Outputis short circuit protededto ground, however maximum 
reliability Is obtained if output current does not exceed 1 26mA. 

2) To>50dB attenuation 9 10MHz. 
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CLC430 Typical Performance (v f . r . a„ = +2 v/v: r ( = 604 sj; = ioou; unless noted) 



Hofi-brywting Fraquaney Raaponsa 



invartlng Fraquaney Raaponaa 



Fraquaney Raaponaa va Load 
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CLC430 Typical Performan Ce (V cc = ±15V: A v = +2V/V; R, =604<>; R L = lOO'l; unless noted) 
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Ordunng Information 



Model r 
CLC430AJP 
CLC430AJE 
CLC430ALC 
CLC430A8B 
CLC430A8L-2 
CLC430AMC 
CLC430A8D 



Temperature Range 
~40°C to +85X 
-40°C to +65°C 
-40°C to +85°C 
-55°C to +125”C 
-55°C to +125°C 
■55°C to +125"C 
-55°C to +125°C 



Description 
8-pin PDIP 
8-pin SOIC 
dice 

8-pinCERDIP, MIL-STD-883 
20-pin LCC,MIL-STD-883 
dice, MIL-STD-883 
8-pin sideb razed ceramic DIP, 
MIL-STD 833. Level B 



-9 ■» -3 0 3 6 9 12 15 IS 21 

Pout (dBm) et the Load 



Customer Design Applications Support 

National Semiconductor is committed to design 
excellence. For sales, literature and technical 
support call the National Semiconductor 
Customer Response Group at 1-800-272-9959 
or lax 1-800-737-7018. 



DESC SMD number 5962-92030. 
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Appendix 4: Comlinear CLC 430 Current Feedback Op-amp 



General Design Considerations 

The CLC430 is a general purpose current-feedback 
amplifier for use in a variety of small- and large-signal 
applications. Use the feedback resistor to fine tune the 
gain flatness and -3dB bandwidth for any gain setting. 
Comlinear provides information for the performance at a 
gain of +2 for small and large signal bandwidths. The 
plots show feedback resistor values for selected gains. 

Gain 

Use the following equations to set the CLC430's non- 
inverting or inverting gain: 

Non -Inverting Gain = 1+=^- 
R g 
R, 

Inverting Gain = - 

Choose the resistor values for non-inverting or inverting 
gain by the following steps. 




Fig. 0 Component Identification 

1 ) Select the recomme nded feedback resistor R f (refe r 
to plot in the plot section entitled Rf vs Gain). 

2) Choose the value of R g to set gain. 

3) Select R s to set the circuit output impedance. 

4) Select R irv for input impedance and input bias. 

High Gains 

Current feedback closed-loop bandwidth is independent 
of gain-bandwidth-product for small gain changes. For 
larger gain changes the optimum feedback register R, is 
derived by the following: 

R t =72412- 6012 (A v ) 

As gain is increased, the feedback resistor allows band- 
width to be held constant over a wide gain range. For a 
more complete explanation referto application note OA-25 
Stability Analysis of Current-Feedback Amplifiers. 

Resistors have varying. para$itlcs that affect circuit per- 
formance in highspeed design. For best results, use 
leaded metal-film resistors oreurface mount resistors. A 
SPICfir rhodel for the CLC430 is available to simulate 
overall circuit performance. 

Enable / Disable Function 

The CLC430 amplifier features an enable/disable func- 
tion that changes the output and inverting input from low 
to high impedance. The pin 8 enable/disable logic levels 



are as follows: 



V cc 


±15V 


±5V 


Enable 


>12.7V 


>2.7V 


Disable 


<10.0V 


<0.8V 



The amplifier is enabled with pin 8 left open due to the 
2kl2 pull-up resistor, shown in Fig. 1. 




Fig. 1 Pin 8 Equivalent Disable Circuit 
Open-collector or CMOS interfaces are recommended to 
drive pin 8. The tum-on and off time depends on the 
speed of the digital interface. 

The equivalent output impedance when disabled is shown 
in Fig. 2. With R g connected to ground, the sum of Rf and 
R g dominates and reduces the disabled output imped- 
ance. To raise the output impedance in the disabled 
state, connect the CLC430 as a unity-gain voltage fol- 
lower by removing Rg. Current-feedback op-amps need 
the recommended Rf in a unity-gain follower circuit. For 
high density circuit layouts consider usin g the dual CLC431 
(with disable) or the dual CLC432 (without disable). 




Fig. 2 Equivalent Disabled Output Impedance 

2 nd and 3 rd Harmonic Distortion 

To meet low distortion requirements, recognize the effect 
of the feedback resistor. Increasing the feedback resis- 
tor will decrease the loop gain and increase distortion. 
Decreasing the load impedance increases 3 rd harmonic 
distortion more than 2 nd . 

Differential Gain and Differential Phase 

The CLC430 has low DG and DP errors for video 
applications. Add an external pulldown resistor to the 
CLC430's output to improve DG and DP as seen in Fig.3. 
A 60412 R P will improve DG and DP to 0.01% and 0.02®. 
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Add Re to 
Improve 




Fig. 3 Improved DG and DP Video Amplifier 

Printed Circuit Layout 

To get the best amplifier performance careful placement 
of the amplifier, components and printed circuit traces 
must be observed. Place the 0.1 pF ceramic decoupling 
capacitors less than 0.1" (3mm) from the power supply 
pins. Place the 6.8pF tantalum capacitors less than 
0.75" (20mm) from the power supply pins. Shorten traces 
between the inverting pin and components to less than 
0.25" (6mm). Clear ground plane 0.1 " (3mm) away from 
pads and traces that connect to the inverting, non- 
inverting and output pins. Do not place ground or power 
plane beneath the op-amp package. Comlinear provides 
literature and evaluation boards 730013 DIP or 730027 
SOIC illustrating the recommended op-amp layout. 

Applications Circuits 



loop to Isolate the outputs as shown In Fig. 5. To match 
the mux output impedance to a transmission line, add a 
resistor (RJ in series with the output. 



Rf Hf 




Fig. 5 Output Connection 

Automatic Gain Control 

Current-feedback amplifiers can implement very fast 
automatic-gain control circuits. The circuit shown in Fig. 
6 shows an AGC circuit using the CLC430, a half-wave 
rectifier, an integrator and a FET. The CLC430 current- 
feedback amplifier maintains constant bandwidth and 
linear phase over AGC's gain range. This circuit effec- 
tively controls the output level for continuous signals. 



Level Shifting 

The circuit shown in Fig. 4 implements level shifting by 
AC coupling the Input signal and summing a DC voltage. 
The resistor R in and the capacitor C set the high-pass 
break frequency. The amplifierclosed-loop bandwidth is 
fixed by the selection of R { . The DC and AC gains for 
circuit of Fig. 4 are different. The AC gain is set by the 
ratio of R f and R_. And the DC gain is set by the parallel 
combination of R g and R 2 . 





r r, Y 




' R f 1 


1+ 

k. 


[r 0 nr 2 J 


-V I"dc 





Fig. 6 AGC Circuit 





Multiplexing 

Multiple signal switching is easily handled with the dis- 
able function of the CLC430 . Board trace capacitance at 
the output pin will affect the frequency response and 
switching transients. To lessen the effects of output 
capacitance place a resistor (R 0 ) within the feedback 



The bandwidth of the CLC430 AGC is limited by R ( , 
the feedback resistor. The FET gate voltage is limited 
to a range of: 

-25 < V g <-l 

R of 7 50tl and Cl of 1 .OpF gives a useful R^ range of 
approximately 150 to 2K ohms. Scaling the integrator 
gain or adding attenuation before the diode D accom- 
modates large signal swings. Determine the overall 
gain by: 

Rg '•'RdS 

The integrator sets the loop time constant. 
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Burr Brown 3554 1.7 GHz op 
amp 8 pages 




Wideband - Fast-Settling 
OPERATIONAL AMPLIFIER 



FEATURES 

• SLEW RATE. lOGOVjisw 

• FAST SETTUNG. IWraec. mai |to ±.05%| 

• GAIN-BANDWIDTH PROOUCT. 1.7GHz 

• FULL DIFFERENTIAL INPUT 



APPLICATIONS 

• PULSE AMPLIFIERS 

• TEST EQUIPMENT 

• WAVEFORM GENERATORS 

• FAST D/A~CONVERTERS 



DESCRIPTION 

The 3534 is a full differential input, wideband 
operational amplifier. It is designed specifically for 
the amplification or conditioning of wideband data 
signals and fast pulses. It features an unbeatable 
combination of gain-bandwidth product, settling 
time and slew rate. It uses hybrid construction. On 
the beryllia substrate are matched input FETs, thin- 
lilm resistors and high speed silicon dice. Active laser 
trimming and complete testing provide superior 
performance at a very moderate price. 

The 3554 has a slew rate of lOOOV/pscc and wijl 
output ±I0V and ± 100mA. When used as a fast 



settling amplifier, the 35S4 will settle to ±0.05% of 
the final value within I50nsec. A single external 
compensation capacitor allows the user to optimize 
the bandwidth, slew rate or settling time in the 
particular application. 

The 3554 is reliable and rugged and addresses almost 
any application when speed and bandwidth are 
serious considerations. It is particularly a good 
choice for use in fast settling circuits, fast D/A 
conveners, multiplexer buffers, comparators, 
waveform generators, integrators, and fast current 
_ amplifiers. It is available in several grades to allow 
selection of just the performance required. 
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Srtttin^Timi Test Circuit Schematic 



View from Component Side. 

Shaded area it the pattern side conductor. 




NOTKS; 

1. These circuit! are optimised Tor driving large capacitive loads {to 470pF). 

2. The 3954 is stable at gains uf greater rhnn 15 {C^ lOOpK) without any frequency compensation. 

3. 45nstc is optimum. Very fast rrte times { IO«20niec} may saturate the input stage causing lev* Mem 
optimum settling time performance. 

* Indicates component that may he eliminated when large capacitive loads lire not being driven by the dvvnc 







